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Preface 
 
This book is part of the Analog Circuit Design series, and comprises three 
chapters, each discussing a very relevant topic that receives a lot of attention 
in analog circuit design at this moment:  
 

1. High-Speed AD Converters 
2. Automotive Electronics: EMC issues  
3. Ultra-Low Power Wireless 

 
The book contains eighteen tutorial papers, six per chapter. These papers are 
written by six experts in each field, reflecting their presentations held at the 
15th workshop on Advances in Analog Circuit Design (AACD), Maastricht, 
The Netherlands, April 2006. The workshop was organised by Neil Bird of 
Philips Research The Netherlands, and the program committee consisted of 
Arthur van Roermund from Eindhoven University of Technology, The 
Netherlands; Herman Casier of AMI Semiconductor Belgium, and Michiel 
Steyaert from Katholieke Universiteit Leuven, Belgium; who are also the 
editors of this book. 

This book is number 15 in the successful series of Analog Circuit 
Design, providing valuable information and excellent overviews of analog 
circuit design and related CAD, mainly in the fields of basic analog modules, 
mixed-signal electronics, AD and DA converters, RF systems, and 
automotive electronics. For the previous books in the series, see next page. 

Analog Circuit Design is an essential reference source for analog circuit 
designers and researchers wishing to keep abreast with the latest 
developments in the field. The tutorial coverage also makes it suitable for use 
in an advanced design course. 

We hope that also this book will provide a valuable contribution to our 
Analog Circuit Design community. 
 

 
 
 
 
 
 

vii 

Arthur van Roermund 



 
The series on Analog Circuit Design covers the topics of previous workshops 
on Advanced Analog Circuit Design (AACD), as listed in the following 
table: 
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2003 Graz (Austria) Fractional-N Synthesizers 
Design for Robustness 
Line and Bus drivers 

2002 Spa (Belgium) Structured Mixed-Mode Design  
Multi-Bit Sigma-Delta Converters 
Short-Range RF Circuits 

2001 Noordwijk 
(The Netherlands) 

Scalable Analog Circuits  
High-Speed D/A Converters 
RF Power Amplifiers 

2000 Munich (Germany) High-Speed A/D Converters 
Mixed-Signal Design 
PLLs and Synthesizers 

1999 Nice (France) XDSL and other Communication  
Systems RF-MOST Models and  
Behavioural Modelling Integrated  
Filters and Oscillators 

1998 Copenhagen (Denmark) 1-Volt Electronics Mixed-Mode  
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Sensor Interfaces 
Communication Circuits 

1992 Scheveningen 
(The Netherlands) 

OpAmps 
ADC  
Analog CAD  
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The first chapter of this book is on High-Speed AD Converters. It addresses 
both generic high-speed design issues and specific design examples. ‘High-
speed’ can be interpreted in two ways. It can mean in absolute sense the most 
high-speed converters, like addressed in the first two papers. However, it can 
also have a meaning in relative sense: those converters where the speed is 
dictated by the application, but where the dynamic properties dominate the 
performance. Depending on the application specifications, several 
architectures come into the picture. The next four papers address design 
techniques and design examples, for different type of architectures, that shift 
the speed barriers towards higher values by alleviating the analog 
requirements, by correction and calibration in the digital domain, or by 
giving a better understanding and modeling, thus paving the way to more 
optimized designs.  

The first two papers address design aspects of really high-speed ADCs, 
with 22GS/s and 20GS/s design examples; these papers include a more 
general and tutorial like review. The first one, of Peter Schvan, addresses a 
time-interleaved flash converter, operating at 22GS/s with 5 bit resolution, 
made in a bipolar technology. Sources of degradation at high speed are 
discussed before the design is elaborated. Bipolar has for several reasons 
been the technology of choice for very high-speed converters up till shortly. 
The next paper, of Ken Poulton, addresses the Bipolar/CMOS trends and the 
shift in the last five years to CMOS. The pipelined converter slices of the 
time-interleaved architecture are made in full-CMOS; a separate SiGe chip 
comprises the only function left for bipolar in this design: the buffering.  

As suggested earlier, time-interleaved flash and time-interleaved 
pipelines are not the only architectures that are considered nowadays. Other 
architectures like successive approximation converters (SAR), subranging 
converters, time-inteleaved folding converters, and sub-harmonic limit-cycle 
sigma-delta (SLC-SDM) conversion will be addressed too, in the next 
papers.  

Dieter Draxelmayr, in his paper, demonstrates similarities and 
differences between pipelined, algorithmic, and SAR converters. He 
addresses the various algorithmic and circuit level adaptations that can 
improve speed, and the calibration methods that can improve the accuracy 
while alleviating the requirements on the building blocks and technology. 

The next paper, from Frank van der Goes, presents again a different 
architecture: the two-step subranging ADC. He addresses the design of a 
family of converters ranging from 8 bit to 10 bit at sampling rates from 
50MS/s up to 200MS/s.  
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Robert Taft focuses on various ways of offset calibration and applies it 
to a 2x interleaving 8bit folding interpolating flash ADC operating at 
1.6GS/s, where he solves the offset problem with a one-time foreground 
calibration. 

Finally, we have a paper on the sigma-delta type of converters. These 
converters have several beneficial properties, but the main drawback is the 
limited bandwidth due to the required oversampling ratio. In this paper it is 
shown that also this speed boundary can be shifted, by a better understanding 
and modeling of the non-linear loop, especially by understanding the limit 
cycles. By using a new mode of operation, Subharmonic Limit-Cycle SDMs 
are obtained that achieve significantly improved performance.  
 
 
Arthur van Roermund 

I:Part  High-Speed AD Converters



 
22GS/s ADCs – IMPLEMENTATION CHOICES AND 

PERFORMACE TRADE-OFFS  
 

Peter Schvan 
Nortel, Ottawa, Canada  

 
Abstract 

 
Implementation options for very high speed ADCs are discussed by first 
reviewing performance limiting mechanisms then comparing the 
various architectures and building blocks typically used in these 
converters.  Results for a 5b 22GS/s ADC are presented.  

 
 

1. Introduction 
 
Analog to digital converters are typically classified according to the input 
frequency range they are intended to operate in and the resolution they 
achieve over that frequency range. Since operating at increasing input 
frequencies require different design approaches it is possible to identify 
regions of operation that are addressed with a certain class of ADCs. For 
each class of ADC architectures and performance targets the designer faces a 
set of unique issues. Here I would like to review the challenges when 
designing for the highest operating frequency. I will review available 
architectures and circuit options and describe a particular implementation of 
a 22GS/s converter. 

Applications for such high speed converters include data acquisition 
systems, semiconductor test equipments, radar and fiber optic transmission 
systems and other telecommunication applications. Many of these 
applications will pose additional requirements that will set limits to such 
secondary parameters as power dissipation size and BER. In particular 
economical consideration and the availability of limited board area make it 
desirable to integrate one or more ADCs with subsequent digital signal 
processing imposing limits on power dissipation and even on the type of 
technology available for the designer.  
 

2. Sources of Performance Degradation 
 

Before discussing suitable architectures for very high speed ADCs it is 
instructive to review the sources of fundamental limitations on ADC 
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performance. Fig. 1 shows maximum achievable resolution when 
considering the impact of thermal noise, clock jitter and decision ambiguity. 
The effective number of bit, ENOB, was calculated using the well know 
relationship ENOB=(SNR-1.76)/6.02 where SNR is calculated for the 
different noise sources. The input-referred thermal noise voltage is: 
 

Vthermal= inFRkT ffe4                                                     (1) 
 
where k is the Boltzmann’s constant, T is temperature and Reff is the effective 
thermal resistance, and Fin is the maximum input frequency. Here a 
pessimistically large Reff of 1Kohm was used to represent all sources of 
thermal and shot noise at the input of the converter integrated up to the input 
frequency.   
 While thermal noise is unlikely to ever become a concern at frequencies 
above 1GHz it is inaccurate sampling that is typically considered as the most 
important cause of performance degradation. Clock jitter causes the ADC not 
to sample the input signal at precisely equal time intervals. Noise voltage as 
a result of clock jitter is: 
 

Vjitter= 2 jitterinAF τπ                                          (2) 
 

Here τjitter represents the rms clock jitter and A is the full scale input 
amplitude. The graph shows the resolution limits for 0.5 and 1ps rms values. 
If clock jitter is not reduced below 1ps resolution is limited to 6 bits for a 
4GHz input signal. Another consequence of increasing sampling rate is that 
not enough time is available for the comparator to produce the necessary 
logic levels for the encoder circuit. When a comparator makes an ambiguous 
decision it can be treated as an additive noise. This noise can be 
approximated [1] as: 
 

Vambiguity= G
AVL

3
2







 −

latchinF
exp

τ8
1

                                   (3) 

 

Here VL is the required logic level, G is the DC gain of the comparator 
and τlatch is the regeneration time constant of the latch in the comparator. 
Assuming that the ADC is operating at Nyquist rate the time available for the 
latch to produce an output is 1/4Fin. The time constant τlatch can be 
approximated with the empirical formula τlatch =2.5/πFt where for this 
calculation Ft is assumed to be 150GHz. This time constant can be 
effectively increased by increasing the number of latches in the comparator. 
The graph shows the impact of the decision ambiguity related noise for 
single and double latch comparators. Although the model describing the 
latching process is highly simplified these results demonstrate that above 10 
GHz decision ambiguity could become the resolution limiting mechanism. 

P.  Schvan  
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Fig.1. Performance limitation due to various sources of noise. 

 
Apart from these sources of noise that add to quantization noise we also have 
to consider the impact of harmonic distortion when evaluating the 
performance of an ADC. The most important source of non-linear behavior 
prior to the decision process is signal dependent delay that leads to timing 
skew between the input signal and the sampling clock.  
 

2. Very High Speed ADC Architectures 
 
With currently available semiconductor technologies high speed device 
performance limits gate delay and settling time so that for sampling rates of 
several GS/s no multi step ADC architecture can be used restricting 
designers to the well known flash converter approach. While folding 
converters are similar to flash converters they place further limitation on the 
maximum input bandwidth. The only architecture that relaxes the demand on 
device speed is the time-interleaved converter. As shown in Fig. 2 the input 
data is sub-sampled with a series of N S/H circuits using phase shifted 
clocks, acting as an analog de-multiplexer, so that subsequent A to D 
conversion can take place in parallel using lower speed converters operating 
at 1/N of the target sampling rate.  

In practical implementations it turns out that the open-loop generation of 
multi-phase clocks is not possible with the phase accuracy required for very 
high input frequencies. Therefore it requires a sophisticated phase adjustment 
feedback circuitry that involves processing the generated digital output to 
detect any phase mismatch so that it could be corrected continuously as long 
as it takes place at low speed. Similarly the large number of S/Hs and sub 

22GS/s ADCs Implementation Choices –
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ADCs in a practical implementation inevitable leads to gain and offset 
mismatch between the different parallel channels which, if uncorrected, lead 
to harmonic distortion. This again can be overcome with an appropriate 
feedback algorithm that compensates for these variations to achieve the 
desired performance. Time-interleaved ADC [2] achieved 20GS/s sampling 
rate producing 4.6 ENOB for 6GHz input at the expense of relatively high 
power dissipation required for the DSP. The following discussion will 
concentrate on flash type architectures. 

Fig.2. Time-interleave ADC architecture. 

4. Critical Building Blocks 
 

The circuit blocks that determine to a large extent the performance of an 
ADC include the S/H circuit, comparator and error correction scheme used. 
Next we will discuss some of the issues related to the selection of these 
blocks. 
 

4.1 Sample and Hold Circuits 
 
In a flash ADC the input signal is connected to a number of comparators 
which then make decisions on the signal level in parallel. It is usually 
beneficial to place a S/H circuit in front of these comparators to eliminate 
timing or rapidly changing signal related distortion. Examples for such S/H 

P.  Schvan  
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circuits are shown in Fig. 3. S/H can be classified based on the type of device 
they employ to perform switching, accordingly we can talk about MOS, 
bipolar or diode based architectures. 

Fig.3. S/H circuit examples (a) MOS switch, (b) diode bridge, (c) switched emitter follower. 
 

While MOS based S/H circuits require the lowest complexity they suffer 
from channel charge injection, clock feedthrough, input dependent sampling 
instance and high on resistance. While clock feedthrough can be mitigated 
with compensation techniques it limits the ratio between the size of the 
switching transistor and hold capacitor, Chold. Voltage dependence can be 
reduced by bootstrapping, although that becomes difficult at high speed or by 
limiting the common mode and swing of the input signal. On resistance, 
however sets a maximum limit on the sampling rate of MOS switches. For 
practical applications on resistance, Ron, is limited to about 200ohm for a 
hold capacitance, of 100fF. That sets a minimum settling time of 5RonChold to 
100ps, assuming 5bit accuracy, which implies a maximum sampling rate of 
5GS/s. Published CMOS S/H circuits have remained well below that level 
[3,4] around 1GS/s. Unfortunately shrinking CMOS technologies don’t offer 
much relief since shorter gate length and thinner gate oxide with un-scaleable 
turn-on threshold voltage drastically limits the maximum voltage that can be 
applied to the switch and also the achievable input dynamic range. 
Importantly, however, in time-interleaved ADC where while sampling 
precision is important, clock cycle time is increased making MOS switches a 
viable option.  

If a bipolar transistor is available switched emitter follower can achieve 
higher sampling rate. Here the main factors that affect the signal accuracy at 
high sampling rates are input buffer nonlinearity and signal dependent switch 
bias current. The performance limitation of the switched emitter follower 
results from the track-mode distortion when the bias current modulates its 
base emitter voltage by charging and discharging the hold capacitor. While 
an InP DHBT version of the T/H requiring 5.2V supply demonstrated 5b, 

22GS/s ADCs Implementation Choices –
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12GS/s performance [5] a SiGe bipolar implementation including the 
subsequent flash ADC achieved only 2.8b for 5GHz input and 10GS/s 
sampling rate [6].    

The performance of S/H using a diode bridge has been analyzed in [7]. 
Sampling rate of 4GS/s with 6b accuracy was demonstrated [8] while using 
an experimental SiGe technology (Ft=375GHz) even a 40GS/s sampling rate 
for a 3b converter was reported [9]. Although a diode bridge has the potential 
to operate at very high sampling rates high speed Schottky diodes are rarely 
available making it an impractical choice.  
 

4.2 Comparator 
 
Since it appears that S/H operating around 20GS/s sampling rate is difficult 
to implement at best or may not even be possible with mainstream Si 
technologies currently available the remaining option is a flash converter 
without S/H.  

Conceptually it should be easier to make a decision on the signal level at 
a given instance rather than to hold its precise value at the sampling instance. 
When no S/H is used the input and reference signals are directly connected to 
a set of parallel comparators which usually includes input amplifier and a 
decision circuit in the form of latch.  In this type of flash ADC there is an 
increased demand placed on the input stage of the comparator. It should 
minimize loading on the input signal for maximum bandwidth, produce the 
difference between a set of reference values and the input signal, while 
preventing the input to couple to the reference network, it should also isolate 
the digital switching transients or “kickback” of the latches from the input 
and finally produce the zero transition to the decision block with a delay that 
is independent of the input signal.  

Figure. 4 shows an input buffer where reference levels are provided in 
form of a differential current input [10]. The difference between input signal 
and reference signal is produced by emitter followers whose outputs are level 
shifted using the differential reference currents. The distortion that would 
result from varying emitter follower current and associated Vbe drop is 
compensated by the voltage to current converter where the opposite Vbe 
variation takes place. This design also provides a high level of isolation 
between the input and the resistive ladder compared to implementations 
where the input of the comparator is directly connected to the reference 
ladder. Bipolar design also guaranties very low offset in the order of 1-2mV 
that is negligible compared to typical LSB values.  

The amplifier after the level shifter input stage is a modified Cherry-
Hooper design [11]. The delay of the zero transition is the result of the 
limiting characteristics of the amplifier coupled with limited bandwidth. This 
delay dependence was investigated in [12]. It was demonstrated that third 
order distortion that results from the nonlinear characteristics of the amplifier 

P.  Schvan  
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depends on the ratio between the full scale input of the ADC and the output 
linear range of the amplifier, and also on the ratio between the bandwidth 
and input frequency. This design can provide both high bandwidth and large 
output linear range.  

Fig.4. Pre-amplifier with differential current reference. 

In high speed ADC the bit error rate (BER) is an important design 
criterion. As mentioned earlier errors occur as a result of metastability when 
in case of a small input signal at start of the latching process there is no 
sufficient time available for the flip-flop to produce the minimum required 
logic level for the encoding logic. While metastability depends primarily on 
the time constant, τlatch, of the latch it can be mitigated by including more 
latches in the decision circuit which effectively increases the time available 
for producing a valid logic level at the expense of increased power 
dissipation. Since 2N decision circuits are required, where N is the number of 
bits, this represents the largest contribution to the total power dissipation of 
the ADC.  

4.3 Error Correction 
 
Comparators in a flash converter generate what is commonly known as a 
“thermometer code”. Due to extreme clock skew or other noise it is possible 
that these outputs produce an “illegal” combination of values or bubble. 
Standard method of guarding against it relies on a voting circuit that can 
verify the validity of the output and correct bubble errors [13]. Unfortunately 
these logic circuits require two consecutive logic operations that can not be 
performed at 22GHz clock rate without excessive power dissipation. Gray 
coding has the property to fail benignly in the presence of bubbles or even 
some of the invalid logic states that results from metastability. Gray 

22GS/s ADCs Implementation Choices –
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encoding ensures that a metastable output is passed on as a single unsettled 
bit so that only N latches are required (instead of 2N-1) to further reduce error 
probability. 

Since the usual ROM based encoding schemes is too slow for high 
conversion rates an analog summing approach [14] can be employed to 
perform the thermometer to Gray code conversion. The digital outputs of the 
comparators are converted to differential currents that are summed with 
alternating polarity. Gray code LSB is obtained by adding every second 
output 1, 3, 5 …31, in case of a 5 bit converter, the second LSB from outputs 
2, 6 …30, and so on while the MSB is from output 16. The speed of this 
conversion is limited by the capacitance of the summing node associated 
with generating the LSB output due to the large number of interconnects. 
Finally, the binary output can be generated using exclusive OR gates after 
retiming the Gray code outputs. 
 

5. A 5b 22GS/s ADC Example 

The 22GS/s 5b ADC reported in [15] uses comparator and error correction 
scheme described above. The ADC has a fully differential architecture for 
noise rejection shown in Fig. 5.  

Fig.5. Architecture of the 22GS/s 5b ADC. 

P.  Schvan  
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To achieve sufficiently high input bandwidth and minimize the length of 
input bus and therefore minimize clock skew it is advantageous reduce the 
number of amplifiers connected to that buss. Inputs to the comparators 
generating the LSB are produced through interpolation between the outputs 
of the amplifiers as shown in Fig. 5. 
The ADC described here has been fabricated in a 0.13µm SiGe BiCMOS 
technology with 150GHz Ft bipolar transistors. MOS devices were only used 
in the bias circuits and for implementing the summing nodes for Grey code 
generation. 
 

5.1 Experimental Results 
 
To simplify testing a 6bit DAC [16] and linear output buffer with combined 
35dB SFDR at 8GHz are integrated with the ADC allowing the 
reconstruction of the output signal. This test circuit is flip chip mounted 
directly onto a circuit board together with a linear AGC amplifier that 
generates the differential input for the ADC. The reconstructed outputs are 
fed into a sampling scope and a spectrum analyzer. 

Fig.6. Measured INL and DNL at 22GS/s with 1GHz input signal. 

INL and DNL were tested using standard code density measurement at 
22GS/s sampling rate while driving the ADC with a full scale 1GHz sine 
wave input. Fig. 6 shows that both DNL and INL are below 0.5 LSB. 

A typical output spectrum of the reconstructed signal is shown in Fig. 7. 
The spectrum is analyzed after correcting it for the sin(x)/x roll-off of the 
DAC and RF signal loss in the cables and connectors. The highest spur is the 
third harmonics of the input signal at -35 dB. For flash converters without 
S/H the main sources of SNRD degradation are clock jitter or skew and 
distortion caused by signal dependent delay and finite aperture time. 

22GS/s ADCs Implementation Choices –
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Fig.7. Frequency spectrum at 1GHz input and 22GS/s sampling rate. 

Fig.8. Measured SNDR and SFDR as a function of input frequency. 

Figure 8 shows the measured SNRD and SFDR values for a series of 
input frequencies. These SNRD results indicate that ENOB stays above 4 up 
to 6GHz then drops to 3.5 at 7GHz input frequencies respectively. Clock 
jitter, that includes variation in propagation delay between data and clock 
signals, becomes noticeable between 4-5GHz. For input frequencies above 
6GHz spurs related harmonics dominate SNRD as indicated by the parallel 
decline of SNRD with SFDR. 

P.  Schvan  
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Bit error rate is measured by observing the reconstructed output on a 
sampling oscilloscope in accumulation mode that allows the counting of 
samples outside of the expected range. Fig. 9 shows the bit error rate for 
different sampling frequencies for a 1GHz input signal. Error rate increases 
with sampling frequency reaching 10-4 at 22GS/s which is within the 
acceptable range for the intended application. BER performance could be 
improved by reducing metastability of the comparators by adding latches to 
the decision circuit. 

Figure 10 shows the die photograph of the ADC. Power dissipation is 
3W operating from a 3.3V supply. The layout is designed to ensure that both 
the data and clock reach the different comparators simultaneously. The 
comparators were arranged in a U shape around the input data distribution 
network to minimize clock and data propagation delay. 

This is the first 5b 22GS/s ADC with sufficiently reduced power 
dissipation to be suitable for integration with a DSP for dispersion 
compensation in fiber optic transmission systems.  
 

22GS/s ADCs Implementation Choices –



14 

 
 

Fig.10. Die photograph of the 5b 22GS/s ADC. 
 

 
6. Conclusions 

 
Options for implementing ADCs with very high sampling rate have been 
reviewed. It was found that with current mainstream semiconductor 
technologies the two promising approaches are time-interleaved architecture 
or flash converter without S/H circuit. It was demonstrated that such a flash 
converter can achieve 22GS/s sampling rate and ENOB of 4 up to 6 GHz 
input frequency while consuming 3W. 
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Abstract 
 
Architectures for ADCs at 1 Gigasample/second (1 GSa/s) and beyond 
now include flash, folding and interpolating as well as the time 
interleaving of slower unit converters such as pipeline and even 
successive approximation ADCs. In addition, CMOS is taking over in 
this former bastion of bipolar technology. We describe the issues 
common to all architectures: bandwidth, power, I/O, data storage, and 
cost.  We examine these issues in detail for the time-interleaved 
approach as exemplified by two 8-bit ADCs operating at 4 GSa/s and 
20 GSa/s, implemented in CMOS. 

 
 

1. Introduction 
 

Before 2001, analog-to-digital converters (ADCs) at rates over 1 
gigasample/second (1 GSa/s) were mainly used in digital oscilloscopes. The 
architectures used were flash and folding-and-interpolating, some of them 
time-interleaved up to 4 ways. Sample rates went up to 4 or 5 GSa/s; the 
technologies were bipolar and power and cost were high. 

The last five years have seen a huge change in ADCs used at 1 GSa/s 
and beyond.  On the application side, increasing disk drive data rates has 
created the initial need for cheap, relatively low-power 6-bit ADCs in the 
gigasample region. More recently, future high-bandwidth communications 
applications (both wireless and wireline) are driving interest in ADCs with 
sample rates near 1 GSa/s with power compatible with battery operation. 

In technology, the last five years have seen a wave of mostly-CMOS 
converters. This is enabled by the increasing speed of CMOS processes, and 
required for integration of ADCs into larger CMOS chips for cost-reduction 
reasons. The surprising development is the use of CMOS and pipeline 
architectures even for non-embedded applications, up to the fastest 8-bit 
ADCs. This has been enabled by the development of massively time-
interleaved architectures. 

The issues that are specific to, or more critical in, gigasample ADCs 
include  
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• Wide bandwidth with low distortion and noise. The analog 
performance of an ADC (e.g., BW, SNDR, SFDR) depends most 
strongly on the front-end sampling of the input signal. The dynamic 
range required depends on the application. 

• High sample rate with low metastable error rate. Flash and folding 
ADCs can make their metastable rates arbitrarily low simply by 
adding more pipelining after their comparators (at the expense of 
power), but this is more difficult to resolve for multi-stage 
converters. Applications with a lot of memory or peak detection can 
drive the need for metastable error rates as low as 10-17. 

• Power dissipation. Gigasample ADCs are usually close to (or 
beyond) the knee in the power curve where power must be increased 
much more than linearly to increase the sample rate. Even converters 
with low absolute power may be near this point. 

• Interleave overhead.  While time interleaving allows one to increase 
sample rate, it brings along its own issues: 

o Generation of multiple clocks with sub-picosecond time 
alignment 

o Gain and offset alignment 
o Physical distribution of analog signals and clocks 

These add both power and complexity. 
• I/O or sample memory. Driving the samples off-chip, or storing them 

on-chip can take as much power as the ADC itself. 
These issues will be illustrated in the rest of the paper. 
 

2. 20th-Century Technologies for Gigasample ADCs 
 
Most gigasample ADCs before 2001 shared several characteristics: 

• Bipolar IC technology. Briefly stated, the idea was that to go fast, 
you should use the fastest technology. In the late 90’s, 25-GHz 
bipolar technology could hit 1.5 GSa/s [1] and 2 GSa/s [2] and 50-
GHz GaAs HBT technology reached 4 GSa/s [3]. 8-bit CMOS ADCs 
were still in the 100-MSa/s range. 6-bit CMOS ADCs were 
technology-limited to 500 MSa/s. 

Secondly, bipolar transistor accuracy (e.g., offset in a diff pair) is 
about 10 times better than in CMOS technology. These two 
characteristics made bipolar the “obvious” choice for gigasample 
ADCs. 

• Emphasis on low complexity. In most bipolar processes, the number 
of transistors that can be fabricated with high yield is very low 
compared to CMOS. In addition, a relatively large current (on the 
order of 1 mA) is required to achieve the full fT of the transistor, 
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which leads to a practical limit of around 3000 full-speed transistors 
on a 10-W chip. 

• Front-end track-and-hold (T/H). It is difficult to maintain low 
distortion at high input frequencies through the analog preprocessing 
in a folding ADC. The multiple parallel comparators inherent in both 
flash and folding architectures provide another avenue for high-
frequency errors due to sample-time mismatches. The usual solution 
was to include a front-end T/H, but bipolar track and hold circuits 
such as diode bridge samplers or switched emitter followers are very 
power hungry. 

• Parallel PECL outputs. Most designs limited data rates on their 
parallel output ports to 1-2 GHz by adding demultiplexing circuits 
and increasing the number of outputs by 2-4x. These are also power-
hungry. 

• High Power.  The above-mentioned bipolar ADCs were all over 5 W 
well before microprocessors forced the development of many of 
today’s heat-dissipation technologies. 

• Custom packaging. While [1] is in a BGA package, earlier ADCs 
used custom ceramic packages to handle the bandwidth, I/O and 
power-dissipation requirements. Many used multi-chip assemblies 
[2] [4]. 

 
A package photo of such an ADC [2] is shown is.Figure 1. The core was a 7-
bit bipolar folding and interpolating ADC, operating at 2 GSa/s. Two cores 
were on one chip, time-interleaved to get 4 GSa/s and voltage-interleaved to 
reach 8 bits. Two chips were time-interleaved to reach 8 GSa/s in an 
oscilloscope product. The chip included a preamp and a bipolar diode-bridge 
T/H for each ADC core, which dissipated nearly as much power as the ADC 
cores. The total power was 13 W. 

To reduce the power required to communicate parallel data to the 
memory, the custom CMOS memory chip was placed next to the ADC and 
connected with chip-to-chip wirebonding. 

 
3. Trends and Tools 

 

3.1.  Trends  
 
Several trends have driven a different approach to gigasample ADCs in the 
last 5 years. The first is in IC technology. For over two decades, CMOS 
technology has been following Moore’s Law and the ITRS roadmap with 
amazing success and predictability. Progress in CMOS has been steady 
because the demand and rewards for digital circuits with smaller features 
have been so clear and the market has been growing at a huge rate. CMOS 
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gate lengths have shrunk 33x in the last 25 years: from 3 um in 1980 to 90 
nm, and gate delays have decreased by about the same amount.  

Fig. 1. Custom thick-film hybrid package with custom bipolar ADC and custom 
CMOS memory chip. 

 
Bipolar technology, by contrast, has moved in bigger steps, but much 

less frequently, because its shrinking share of the semiconductor market 
makes it harder to finance process development.  Bipolar and BiCMOS 
technology has also been driven more by niche markets, such as CPUs (a 
mirage of the 90’s) and RF circuits in the last 5 years. Silicon and SiGe 
bipolar fTs have changed by about 40x, from 5 GHz in 1980, to 200 GHz 
now, but each period of stagnation has caused designers to consider other 
technologies. One of those periods was in the mid-90s. 

A second aspect of technology scaling is the increasing level of 
integration required for lowest-cost solutions. This leads to the desire to 
integrate ADCs with other (mostly digital CMOS) circuits to reduce chip 
count and cost.  Since CMOS wafers are much less expensive than BiCMOS, 
there is a strong motivation to move the ADCs into CMOS.   

Even for chips that are standalone ADCs, the much lower cost of CMOS 
wafers and the dramatically lower power of CMOS logic makes CMOS 
ADCs attractive if the fundamental design problems around speed and 
accuracy can be overcome. The accuracy problems of CMOS were overcome 
very nicely in the late 80s by the use of switched-capacitor circuits and 
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sigma-delta ADC architectures, but neither of these lent themselves to 
gigasample speeds. But they at least made it clear that CMOS could be used 
for some ADCs and other analog circuits.  

Another trend is in ADC architectures: adding more calibration and 
digital corrections to augment the analog circuit performance of known ADC 
architectures.  This both drives the need for more logic on the ADC chip and 
alleviates the need for the accuracy in the transistors. 
 

3.2.  Power Efficiency Figure of Merit 
 

In order to compare different ADC approaches, the ADC power figure of 
merit (FOM) was developed (and first reported at AACD in 1992 in [5]): 
  

FOM = P / ( 2ENOB  FS-NYQ ) 
 

where FS-NYQ is the minimum of FS and 2*RBW, the BW where the SNDR 
has dropped by 0.5 bit from the low-frequency value. Smaller values indicate 
more power-efficient and accurate ADCs. The values for Nyquist (non-
oversampled) ADCs reported at ISSCC through 1998 were 5-1000 
pJ/conversion-level; reported values have dropped steadily since then to a 
best value of 0.16 pJ/conv-level in 2006. 

It’s important to keep in mind the inconsistencies in the numbers used to 
compute FOM. The largest is whether digital power, especially I/O, is 
included.  This may not affect low-speed ADCs very much, but can change 
the FOM by a factor of 2 for gigasample ADCs. Other circuits such as input 
buffering and T/H circuits may be key to performance but not included in 
FOM calculations.  

But beyond those errors, there is typically a 10:1 range in FOM results 
reported in a given year, based on the goals of the IC. Some papers may be 
focused on demonstrating a new architectural twist or calibration method 
rather than power and accuracy. Many designs are aimed at hitting a specific 
sample rate and accuracy with the technology available, which may lead to 
“inefficient” implementations as measured by the FOM. 

When designing a new converter, FOM results can be useful in trying to 
compare different architectures and extrapolating from published accuracy 
levels to the desired level.   

One key pitfall in this process is that for ADCs limited by thermal noise, 
scaling for higher or lower SNR does not result in a constant FOM. In this 
case, power scales as the square of resolution 2ENOB, not linearly as implied 
by the FOM.  The reason to keep using this FOM is that when we look over 
the whole range of ADCs (from 3 bits to 20) this FOM provides a more 
nearly resolution-independent value than one that scales with a constant 
FOM. This is consistent with the observation that different architectures 
work better at different sample rate points. 
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4. Two 21st-Century Gigasample ADCs 
 
Based on the 20th century ADC technologies, it seemed silly to consider 
using CMOS to build scope ADCs at 4 GSa/s and beyond. But the trends and 
cost differences were compelling enough to stimulate us to investigate. 

Our first target for a CMOS ADC was for 8 bits at 4 GSa/s, aimed at 
replacing the above bipolar ADC with a lower-power and lower-cost CMOS 
ADC. We took the time-interleaved approach to an extreme: we would use 
many independent ADC “slices” operating in round-robin fashion to reach 
the desired sample rate. We settled on a number of new design principles: 

• Choose the core ADC architecture primarily for power 
efficiency of the unit converter rather than raw speed 

• Time-interleave as many slices as needed 
• Let currents and device sizes be optimized for SNR rather than 

matching 
• Use calibration to recover the necessary accuracy 

These principles were chosen to take advantage to the strength of CMOS: 
lots of transistors, low costs for digital logic. 

After the success of the 4-GSa/s ADC [6], we extended this approach to 
20 GSa/s, creating what is still the fastest 8-bit ADC in any technology [7]. 

 
4.1.   ADC Slice Architecture 

 
The selection criteria for the unit ADC slice included: 

• Power efficient (low FOM) 
• Area efficient (low area/sample_rate) 
• High sample rate (to minimize the overall complexity) 
• Very low metastable error rate (conflicts with high sample rate) 
• Scalability to future processes (especially for VDD scaling) 

It quickly became apparent that pipeline ADCs were attractive at the 8-bit 
level. However, the typical switched-capacitor approach was both slow and 
the necessary capacitors were area-intensive. 

Instead, we selected a current-mode pipeline. The simplified schematic is 
shown in Fig. 2.  The basic circuit is a current mirror with a sampling switch 
between diode and mirror devices. The signal is carried in the current values 
rather than the voltages. This has several advantages: open-loop operation for 
high speed; current mirrors are more linear than other MOS open-loop 
amplifiers; no linear capacitors required; simplicity for small area and low 
power. Although the previous literature showed current-mode pipelines in 
the 10 MSa/s range, we determined that a simple design could operate at 125 
MSa/s in 0.35-um CMOS. 
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Fig. 2. Simplified Schematic of the Current-Mode Amplifier in the Pipeline. 

 
When designed to meet the SNR needs of an 8-bit ADC, we had a small, 

low-power stage with very poor gain accuracy, far, far short of being able to 
achieve the required 8-bit gain accuracy in the first pipeline stage. We 
introduced redundancy with a reduced-radix architecture, resolving 1 bit per 
stage. (Note that many pipeline designs introduce redundancy with a 1.5-bit-
per-stage design with stage gains of 2.00. This reduces the accuracy required 
of the comparators, but does not relax the gain accuracy required of the 
amplifier.) The nominal radix we chose was 1.6 to guarantee high yields with 
a large number of pipelines on a die.  This in turn called for 12 pipeline 
stages to reach a resolution of 256 levels. 

The resulting pipeline requires three additional circuits to make a 
complete slice: 1) an input T/H, 2) an input transconductor stage to convert 
the input voltage samples into current and 3) a digital radix converter to 
convert 12-bits of radix-1.6 data to 8 bits of binary.  

During the calibration process, the effective gain of each stage is 
extracted, which leads to the coefficients to be loaded into the radix 
converter. In this approach, we extract the fabricated stage gains with (at 
least) 8-bit accuracy instead of having to control them to that accuracy. 
 

4.2.  Input T/H 
 
Time interleaving can get us to an arbitrarily large sample rate, but tends to 
reduce analog bandwidth and accuracy somewhat. The input T/H is the key 
to analog performance, limiting the bandwidth, linearity and SNR of the 
whole system.  

Fortunately, CMOS has one truly fast circuit: a series-FET sampling 
switch (Fig. 3). There are several conditions required to get the highest 
bandwidth from this sampler: there can be only one NMOS device in the 
signal path; the signal swing is small; the input common mode is near 
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ground; the clock has the fastest-possible falling edge; the circuit is 
differential; and CHOLD is composed only of circuit parasitics. 
 

Fig. 3. Simplified Schematic of the Input T/H. 

In 0.35 um technology, we got a 2 GHz bandwidth with –50 dBc HD3; 
in 0.18 um, we got a 7 GHz bandwidth with –50 dBc HD3. 
 
 

4.3.   T/H Architecture 
 
There are several basic approaches to front-end T/Hs: single-T/H, tree 
structures, and time-interleaved T/Hs (one per slice, each directly connected 
to the input). The single-T/H and tree approaches have the key advantage 
that sample timing is set by a single T/H clock. However, they tend to be 
limited by the loading after the first T/H to small interleave factors.  

Multiple interleaved T/Hs makes the T/H-to-ADC-slice connection very 
simple and relatively easy to lay out, but creates very demanding input 
distribution and timing alignment problems. The alignment accuracy 
required can be calculated by considering the apparent voltage error created 
by a small timing error in sampling the fastest-slewing input signal. As a rule 
of thumb, for a 1 GHz input signal, 1 ps rms of jitter and clock misalignment 
will limit performance to 7 effective bits. 

For the 4-way interleaving in [4] we chose a tree structure and we 
implemented the T/H tree in a faster technology (GaAs MESFET) than the 
ADC. For the high interleave factors we chose for the CMOS ADCs, 
interleaved samplers was the only feasible approach. In the 4-GSa/s ADC, 
we were able to simply drive all the interleaved samplers directly from the 
100-ohm differential input to the chip. For the 20-GSa/s ADC, driving 4 pF 
at 5 GHz was not feasible from 100 ohms, so we added a SiGe input buffer 
chip to drive the T/H capacitance with a low impedance. 

For the 4-GSa/s ADC, we used 32 slices, for the 20-GSa/s ADC, 80 
slices. For the 20-GSa/s ADC, our goal was 5 effective bits at 5 GHz input 
signal which required better than 600 fs rms timing error including both 
clock jitter and residual misalignment. The uncalibrated alignment we 
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achieved with careful design of parallel paths had around 10 ps rms 
misalignment, mostly due to random device fabrication mismatches in the 
clock paths. The calibration step adjusts digitally-controlled delay elements 
in each clock path. 

 
4.4.   T/H Clock Architecture 

 
The chosen interleaved T/H architecture for the 4-GSa/s ADC requires the 
generation of 32 clocks at 125 MHz, each delayed by 250 ps from the 
previous. We targeted 1 ps rms for jitter and 1 ps rms for misalignment. 

The simple way to generate these clocks would be a delay-locked-loop 
(DLL) with 16 stages of 250-ps delays (using both edges of the 16 stages to 
the 32 clocks). But the power required to reach 1 ps rms jitter with 16 stages 
would have been much larger than the total chip power budget. This is 
because power scales inversely with jitter squared as well as the 
accumulation of jitter down the delay chain.  

The clocking architecture we use is shown in Figure 4. To generate the 
the 250-ps delays between adjacent clocks, we use a 4-stage DLL at 500 
MHz, which reduces the power requirement by 16x. To get the 32 clocks at 
125 MHz, we divide each 500 MHz phase by 4. 

To get the required timing alignment, we introduce digitally-controlled 
delays in two places: 1) after the DLL and 2) after the divide-by-4 stages. 
The combination gives us a total delay-adjust range of around 100 ps and 
resolution of 250 fs. 

 

 
 

Fig. 4. Clock Generator. 
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4.5.   Calibration 
 
The overall block diagram of the 4-GSa/s ADC is shown in Fig. 5 with the 
calibrations highlighted.     
 

 
 

Fig. 5.  Block Diagram Showing Calibrations. 
 

All calibrations are done with special calibration signals switched into 
the input of the ADC. The calibrations are all digitally controlled, but we use 
a mix of analog and digital circuits to insert them into the signal path. The 
left-most calibration is the timing alignment, which uses digital values to 
adjust the timing of the clocks. The next one is the slice-to-slice alignment of 
gain and offset; this uses digital values to control per-slice gain and offset 
DACs. The third is the bit-weight values loaded into the Radix Converter. 
These may be thought of as the stage gains in each stage of each pipeline 
converter. The last is an external lookup table, which is used in some 
applications. This primarily corrects the minor third harmonic distortion 
created in the V/I stages in front of each current-mode ADC. 

All of the calibration values must be calculated by software external to 
the ADC; we use the general-purpose CPU already present in an 
oscilloscope. However, once calibrated, the chip performs all the corrections 
except the optional lookup table in hardware in real time. 

It has already been described how the use of calibration allows the use of 
less-accurate, and thus, smaller and lower-power circuits.  In addition, the 
use of calibration relaxes the need to characterize and compensate for 
second- and third-order effects on gain accuracy, reducing design time.  The 
use of iterative calibration allows the use of simple correction DACs with 
relatively poor gain control and linearity. 
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4.6.   20-GSa/s ADC 
 
At 4 GSa/s, we sent the data out in LVDS in 4 parallel 8-bit words at 1 
GByte/s for each word. For the next step to 20 GSa/s, we did not want to 
increase this to 20 words (320 pins), nor did we want to increase the word 
rate due to the difficulty of maintaining clock and data alignment.  So we 
decided to put 1 MByte of sample memory on the ADC chip. The resulting 
chip is seen in Figure 6. It is evident that the memory dominates the chip. 
The SiGe chip to buffer the input capacitance is seen at the top; chip-to-chip 
wirebonding is used for the analog interface between the two chips. 
 

4.7.   Performance 
 
The primary measure of performance for oscilloscope ADCs is signal to 
noise plus distortion ratio (SNDR), measured in dB or effective bits. In Fig. 7 
we plot the performance of the previous bipolar 4-GSa/s ADC along with the 
4- and 20-GSa/s CMOS ADCs. Despite operating at 1/3 the power, the 
CMOS 4-GSa/s ADC is more accurate than the bipolar one by about 0.5 
effective bits. 

The gain of the 20-GSa/s ADC is seen in the lower graph; it is flat out to 
5 GHz. The accuracy decreases inversely to input frequency at the high end; 
this is due mainly to the jitter in this ADC’s sampling clocks, totaling 600 fs 
rms. 
 

 
 

Fig. 6. 20-GSa/s ADC Multi-chip Module Photo. 
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Fig. 7.  ADC Effective Bits and Gain vs. Input Frequncy. 
 
 

4.8.   Power 
 
The power breakdown of the two chips is shown in Table 1.  The core ADC 
slices were chosen for power efficiency and provided good FOM values for 
their process generation.  

However, the overall power FOM of the chips is around 10 times worse. 
This is due to several factors. On the analog side, the interleaved clock 
generator increases the power by about 150 mW. The power required for the 
full-speed outputs or on-chip memory nearly doubles the chip power. The 
choice of sample rate at 3-4x the input bandwidth provides high-fidelity 
waveforms, but further reduces the FOM compared to the simple Nyquist 
requirement of 2x the bandwidth. Finally, extending the bandwidth into the 
jitter-limited region (as seen in Fig. 7) increases the sample rate needed to 5-
10 times the resolution bandwidth. These all contribute to better performance 
for oscilloscope products, but combine to make a very poor-looking whole-
chip FOM. 
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Table 1. Power Breakdown and Figure of Merit of the CMOS ADCs. 
 
 4 GSa/s CMOS 20 GSa/s CMOS 
Input Buffer Chip - 1.0 W 
Pipeline ADC core 1.3 W 3.4 
T/H + V/I 0.6 0.6 
Radix Converters 0.45 0.6 
DLL  0.15 0.13 
Outputs 1.7 - 
Memory - 4.2 
Total 4.2 W 10.0 W 
Slice FOM 4.5 pJ/conv-level 2.3 pJ/conv-level 
Chip FOM 41 pJ/conv-level 27 pJ/conv-level 

5. Other 21st-Century ADCs  
 

5.1.  Architectures 
 
The 2006 International Solid State Circuits Conference included many 
papers demonstrating the arrival of CMOS in the gigasample range.  A 4-bit 
flash converter at 1.25 GSa/s [8] achieved a record FOM value because its 
low resolution can tolerate the bad threshold matching of CMOS 
comparators with no calibration. 

The conference also showed several examples of new architectures 
arriving in the gigasample arena. One paper [9] showed a 6-bit subranging 
ADC, probably the first of that architecture to operate directly at 1 GSa/s. 
Another [10] described a 1-GSa/s ADC using 4-way time interleaving of 
pipeline ADCs to reach 11 bits. A third paper of note [11] described the 
interleaving of two 6-bit successive approximation converters to reach 600 
MSa/s.  Although not yet a gigasample ADC, it seems likely that with 4-way 
interleaving, we could see one of the slowest of all Nyquist ADC 
architectures used to go faster than 1 GSa/s.  

And of course, all of these ADCs were implemented in 130-nm or 90-nm 
CMOS. The only BiCMOS ADC [12] was a 5-bit flash at 22 GSa/s. 
 

5.2.   Power Figure of Merit 
 
A plot of power figure of merit vs. ADC input BW is shown in Fig. 8 for 
papers at ISSCC from 1998 through 2005 [13]. We observe a region in the 
lower right with no data points.  This is not due to a fundamental limit, but 
rather many practical considerations that make it difficult to achieve a low 
FOM along with very high bandwidth: input buffering, clock generation, 
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signal distribution, jitter and I/O power.  These are the same factors that 
cause our massively-interleaved ADCs to have reasonable FOMs for single 
ADC slices, but high FOM values for the whole chip. 

The fact that this is not a fundamental limit is shown by the addition of 
points for ISSCC 2006 in Fig. 9. Many of these points are pushing into this 
formerly-empty region. 

Fig. 8.  FOM vs. ADC Input BW for ISSCC papers 1998 though 2005. 

Fig. 9. Power Figure of Merit including 2006. 
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6. Summary 
 
The turn of the millennium saw several major changes in gigasample ADCs. 
Most notable among these are: an increasing number of applications for such 
ADCs, an increased use of time interleaving enabling the use of slower ADC 
architectures as building blocks, and the march of CMOS into this formerly 
bipolar domain.  
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CONCEPTS AND IMPROVEMENTS IN PIPELINE 

AND SAR ADCS 
 

Dieter Draxelmayr, Peter Bogner 
 
 

Abstract 
 
In this paper we want to review the development of pipelined and SAR 
ADCs from basic concepts to novel techniques. We will demonstrate 
that there are quite a lot of similarities and that there are a few major 
discrepancies. Based on this we draw comparisons and point out 
specific strengths and weaknesses of the individual architectures. 

 
 

1. Introduction 
 
Pipeline A/D-converters have received considerable attention over the last 
couple of years. At every ISSCC we were able to find several papers on this 
topic demonstrating a great deal of research interest and - of course - 
demonstrating step by step improvements of the underlying basic concepts. 
The main reason for this most probably is the capability of combining high 
performance in speed and resolution with low power consumption. Today 
already several authors have demonstrated a Figure of Merit (FoM) of less 
than 1pJ/conv. step. There exist several different FoM definitions. The FoM 
used for this is given by 

 

BW
PFOM enob *2*2

=   (1) 

 
(enob =̂   effective number of bits, 
BW =̂   effective resolution bandwidth, 
P =̂   dissipated power) 

 
One reason for the good performance is the use of binary search. Binary 

search is also known in software as a very efficient method to find a certain 
item. In electronics we use it to find a specific code corresponding to some 
input voltage. There are also other concepts which exploit binary search for 
A/D-conversion: Successive Approximation (mostly referred to as SAR, 
where the “R” stands for “Register”), and cyclic A/D-converters. SAR 
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converters may also demonstrate very good performance, whereas cyclic 
converters fall a little bit behind, although the underlying principle seems to 
be very convincing and quite straightforward. Therefore in the remainder of 
this text we will concentrate on Pipeline and SAR, demonstrating the 
similarities and pointing out the differences. 

 

2. Fundamentals: The Power of Binary Search 
 

Figure 1 shows a basic diagram of a SAR converter. The input signal (if not 
static) is sampled and held by a Sample-and-Hold (SH) circuit. A Digital-to- 

ANALOG
IN

D/A

DIGITAL
OUTComparator

Logic

 
 

Fig. 1. Tracking Converter, SA converter. 
 
 

Analog converter (DAC) produces an intermediate voltage that is 
compared to the sampled (and held) voltage. If these two voltages are equal, 
obviously the digital code at the DAC input corresponds to the input voltage. 
We can try several algorithms to find the appropriate input code and the 
binary SA-algorithm is a very popular one. Fig. 2 shows a widely used 
implementation. It is known as charge-redistribution ADC [1]. During the 
first phase the switch Sc is closed and the switches SMSB to SLSB are set to 
“input voltage”. Next Sc is opened, which defines the sampling point of the 
input signal. Then the trapped charge is redistributed by setting the 
individual switches SMSB to SLSB either to the positive or to the negative 
reference voltage. 
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Fig. 2. Charge-redistribution ADC: Redistribution. 
 
 
One can show that we have found an equilibrium state (where the 

voltage at Vx is the same as at the time of sampling) if 

 
( )

Ctot
CidiVrefmVrefp

Vin ∑−
=

**)(
      (3) 

 

Where Vin is the input voltage at the sampling time 
Vrefp –Vrefm is the difference between the positive and the negative 
reference voltages 
Di is the individual bit in the corresponding output code 
Ci is the individual capacitor associated with the capacitive array 
Ctot is the sum of all capacitors that have sampled the input voltage at the 
sampling time (the point in time where the switch Sc is opened). 

This also explains why we have an extra C (operated by SLSB’) in the 
array, because otherwise we would have got a gain error of 1 LSB. The 
calculations in the figure give an example for an input voltage that refers to 
code 11. It can be seen that the gain error in such a structure can be made 
quite small. Although the static offset is cancelled there still remains a 
dynamic part coming from charge injection and parasitic couplings. 
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Therefore the dominant error terms are given by offset and non-linearity 
(caused by element mismatch). 

Fundamentally, there are three speed-limiting blocks in this circuit: the 
comparator, the logic (SAR) and the capacitive network. 

The speed of the logic can be improved by optimizing the SAR towards 
minimum delay. 

The speed of the capacitive network is given by the RC time constants. 
Fundamentally the capacitor size is limited by kT/C-noise, for practical 
purposes in many cases matching is the limiting factor. However, we can of 
course increase the size of the switches. Pushing this too hard tends to 
increase the power consumption. For the logic this is obvious (bigger load 
gives bigger dynamic power dissipation), but this is even more significant for 
the analog power consumption, because in order to ensure fast settling of the 
capacitive network we also have to dimension the reference drivers 
accordingly. 

Finally we also have to work on the speed of the comparator. There are 
two well-known techniques to increase that: Reset switches (in order to 
insure a fast settling to the equilibrium state after a decision has been taken) 

 shows an example of the latter. 

Fig. 3. Design Example: Comparator. 
 
 
This is a fully differential structure where the input signal is capacitively 

coupled to a differential stage. In a basic implementation these capacitors are 

diode as a load which at the same time prohibits the signals a2 and a2q from 
going too low. In addition these two signals are clamped against each other 
by the two anti-parallel MOS-diodes in the center of the drawing. The circuit 
is completed by source-follower output stages, sampling switches (operated 
by ocs2) and power down transistors. 

and clamping. Fig. 3

laid out in a capacitive array as shown in Fig. 2. We can see a current-starved 
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To some extent we can consider a SAR converter as a basic version of a 
sub-ranging converter because we successively narrow down our search 
interval. This can be seen as a disadvantage because we have to keep high 
accuracy until the very last moment. Therefore it is reasonable to try to 
expand (amplify) the residual search interval to full scale again after each 
decision step. This is also known as algorithmic A/D-conversion. It operates 
according to the following steps: 

1. Decide, whether your search value is in the upper or lower half of your 

2. If upper half: subtract half of the interval size. 
3. Amplify the remainder by 2. 
4. Store the result as new input and restart with step 1. 
Using this algorithm we can determine an arbitrary number of bits, just 

limited by the number of cycles we are going to run. A direct implementation 
of this can be found in a so-called cyclic ADC. 

 

OUT
(Shift register)

Uref

Uref

Uin

+ -

S/H x2

 
Fig. 4. Cyclic Converter. 

 
 
At first sight this looks very attractive, because we can get an arbitrary 

number of bits using quite simple hardware: an OP-amp, a comparator 
(which could even make use of the existing OP-amp), a few capacitors and 
switches are sufficient. However, there are also stringent drawbacks: The 
capacitors again have to be sized at least according to kT/C-noise. This 
means that we must use quite large capacitors although for any decision 
following the MSB decision this would not be required. From a fundamental 
viewpoint this makes the design more power-hungry than it needs to be. 

In order to solve this we should expand the algorithm into cycles that use 
dedicated hardware for each cycle. This can be dimensioned in a way that 
allows scaling in successive stages. At the same time all of the stages can 
operate in parallel thus producing a completely converted word on every 
clock cycle. This principle is known as Pipeline ADC. 5 shows a basic 
implementation: 

the first decision). 
search interval. This gives the setting of the corresponding bit (MSB for  
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Fig. 5. Pipelined Converter. 

 
 
Each stage (realizing a “cycle”) is composed of a sampler, a comparator, 

a conditional subtractor and an amplifier with a gain of 2 (or 2n in case of a 
multibit design). 

The main difference to the SAR ADC is the presence of an operational 
amplifier (Op-amp) used in an accurate amplifier circuit. This amplifier is 
usually built in a feedback mode to achieve high accuracy. A feedback 
circuit is always slower and more problematic than an open loop structure 
(stability, settling behavior, …). Nevertheless, due to the pipelining all stages 
work in parallel and therefore we get a high conversion throughput. This 
speed advantage is the main reason for choosing a pipelined architecture for 
certain applications but it has the drawback of requiring an accurate 
amplification stage. 

As already mentioned a pipelined ADC also contains a DAC as a 
building block. In the minimum implementation of 1 bit per stage the DAC is 
simply one capacitor switched to the negative or positive reference. For the 
pipelined ADC we also have the option to resolve more than one bit per 
stage. Fig. 6 shows one stage of this generalized pipelined ADC including an 
input sample and hold, a flash ADC (comparator), the DAC, the subtractor 
and the amplifier. In a switched capacitor implementation the circuit can be 
simplified by combining the SH and the DAC together with the subtractor 
and the amplifier to generate the so called Multiplying DAC (MDAC) shown 
in Fig. 7a and 7b. Figure 7a shows the MDAC in sampling mode, so the 
circuit acts like a standard sampling block. 7b shows the MDAC in  
multiplying mode whereby the capacitors are switched to the positive or 
negative reference depending on the decision of the flash ADC. It is 
interesting to see that this implementation is very similar to the charge-
redistribution SAR. In both cases we have a binary network which acts at the 
same time as a sample and hold capacitor. After charge redistribution we get 
the new residue; in the case of the SAR we just determine the sign, in the 
case of a pipeline we amplify. The real implementation of the pipelined ADC 
is now reduced to two building blocks: the MDAC and the flash ADC     
(Fig. 8).  
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The heart of the pipeline ADC is the MDAC, which has the most 
significant influence on the performance of the ADC.  
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Fig. 6. Block diagram of a pipelined stage. 
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Fig. 7a. Switched capacitor implementation of the MDAC in sampling mode. 
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Fig. 7b. Switched capacitor implementation of the MDAC in amplifying mode. 
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Fig. 8. Real implementation of a pipelined ADC. 
 

3. Increasing the Speed 
 

Although transistor level optimization is crucial in order to achieve high 
performance, it is foremost the choice of architecture which allows another 
step further. In case that the signal statistics are known there have been 
several proposals to speed up the process. If, for example, the input signal is 
very slow we can apply search algorithms which start in the vicinity of the 
previous sample. The simplest algorithm just looks at the difference between 
the input signal and the DAC signal and either increments or decrements a 
counter to adjust the DAC value by one LSB. This is known as “delta” or 
“tracking” conversion. Of course this only works well with slow input 
signals. There are also modifications of this like adaptive step-size control 
which try to overcome the most stringent restriction: the slow slew rate. 

A different and more general approach is to examine the probability 
distribution of the signal. If you know, for example, that generally your input 
signal is small, then you can start with smaller search intervals at small 
codes. Of course the gain in conversion speed at small signals goes at the 
expense of an even bigger loss in speed if the assumption proves to be 
wrong. Nevertheless, statistically speaking this will speed up the total 
conversion process. A more detailed discussion can be found, e.g., in [2]. 

A more general approach to speed up the conversion process takes into 
account the properties of real circuitry: One can observe that at the speed 
limit the conversion of certain codes leads to greater error than the 
conversion of others. The reason for this is insufficient settling. During a 
binary search the DAC signal is stepped and a large step leading to a DAC 
signal in close vicinity to the input signal takes more time to do an accurate 
decision than a smaller step or a DAC signal that is quite far off from the 
input signal. There are two approaches to combat this: One can try to use 
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self-timed circuitry (an example can be found in [3]) or one can allow for 
some errors and that are corrected later in the conversion process. A quite 
straightforward implementation of the latter idea is to run several regular 
conversions and then to insert one or more “correction cycles” in order to 
eventually correct inaccurate decisions. Of course this only makes sense if 
the error was small, i.e. when only a few correction cycles are sufficient to 
derive a correct result. However, this is not a major restriction, as the 
primary source of error occurs at signals that have not finished settling. 

Another method for correction of such errors is described in [4]. The 
paper presents the usage of a non-binary number base for coding. If the 
number base is smaller than 2 this leads to redundancy or code overlaps, 
since the sum of remaining smaller bits is always larger than the respective 
bit under test. This requires more conversion steps than in the binary case. 
However, it can run significantly faster yielding an overall gain in speed. For 
a hardware implementation 3 modifications of the basic SAR ADC are 
required: A non-binary network, a modified SAR and a code translator, since 
the output of the SAR will be non-binary. Fortunately these modifications 
can be carried out with only moderate effort. A non-binary network is 
relatively simple to implement. The major drawback is that it results in 
reduced matching. This is not a major issue if trimming is carried out 
anyway and there is also a self-calibration procedure available [5] (discussed 
in next chapter). It is also found that it is quite simple to modify the SAR if 
an appropriate number base is chosen. In a binary SAR a single “1” as “bit 
under test” is shifted through the SAR. If, for example, the coding “1.85” is 
taken, as in [4, 5], a value of “10001” must be shifted through, since this 
gives symmetrical code overlap in both directions (for example, in this case 
10001000… is the midpoint between 10000000… and 01111111…). 
Therefore, the only modification required is to shift two “1s” instead of one. 
Finally, this non-binary code must be translated into a binary one. A straight-
forward approach for this translation could be via a simple ROM (or PROM, 
in the case of trimming). However, for longer code-words it saves effort if 
the binary representation of all the “bits” in the non-binary code-word resides 
in a memory. The conversion can be carried out by simply summing all the 
binary representations of the “bits” that have been set to 1 during the 
conversion process. Figure 9 shows a possible implementation of such a 
decoder. As can be seen the additions can commence during the conversion 
process, which requires a relatively simple arithmetic unit. 
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Fig. 9. Code translation logic. 

 
The principle presented in [6] avoids some of the difficulties mentioned 

in the previous section. The paper describes the use of binary coding for a 
non-binary search. The only modification in this case is the usage of a 
somewhat more elaborate search machine, which still requires very little 
silicon area, especially in deep submicron processes. The general concept is 
that the next search interval is not defined by bisection, but by an increase in 
the search interval. This again allows for some settling errors and thus 
provides code-correction capabilities at the expense of more conversion 
cycles. Nonetheless, as demonstrated in [6] this can result in a significant 
increase in overall conversion speed. 

In pipelined ADCs we similar principles are used. Redundancy is used in 
the comparators, which means that there are always more comparators in the 
flash ADC than necessary. This allows for errors in the flash ADC and 
relaxes heavily the design effort at the expense of increased circuit 
complexity. It also makes the design faster. As already mentioned, the 
simplest implementation of a pipeline stage is a single capacitor switched to 
the negative respective to the positive reference. For this decision one 
comparator is required. But this comparator must be very precise as a minor 
error could cause an overdrive in the amplifying stage. This can be avoided 
by using an additional comparator which leads to three comparison regions: 
switch the capacitor to the negative or the positive reference or to ground. 
This is the well known 1.5bit architecture, currently the most frequently used 
architecture [7].  

The main speed limiting factor is the MDAC. In addition to the problems 
of the SA-converter which also exist in the pipelined ADC (settling, 
matching, …) an accurate settling of the amplifier is necessary. We find 
static and dynamic limitations. The main effect of the dynamic settling error 
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is a limitation of the sampling speed. This parameter can be influenced by 
the OP-amp current and the technology used. 

The feedback circuitry in the MDAC mainly determines the conversion 
speed. To increase the speed the loop can be opened and an open loop 
amplifier can be used instead. This raises the problem of a poorly defined 
inter-stage gain. Such an architecture is used in [8] and is a very promising 
technique for nanometer technologies where very low open loop gains are 
observed. In this work the amplifier topology is a relatively simple 
differential amplifier. The open loop structure requires additional calibration 
techniques to overcome the inter-stage gain error. 

 

4. Saving Power 
 

Generally any technique that helps to make a design faster is also a potential 
candidate for saving power. For example, for a given speed a non-binary SA-
converter places less stringent requirements on the comparator. This means, 
that the comparator can be run at lower current levels to achieve the same net 
speed. In pipelined converters there are even more options available. 

The most power hungry part there is the MDAC. Here the most efficient 
and simplest way to save power is via stage scaling. That is that later stages 
are designed with smaller capacitors and less OP-amp current due to relaxed 
accuracy requirements.  

Also the dedicated input sample and hold can be eliminated. This 
function can be taken over by the sample and hold present in the first stage. 
This saves much power at the cost of introducing several design problems. 
Firstly the sample and hold in the first stage causes inter-symbol interference 
because of the charging of the input sample capacitors to the reference 
voltage during the amplification phase of the first stage. This charging 
depends on the input signal (quantized input signal) and is visible at the input 
during the sampling phase. This can be solved by additional circuitry [12]. 
Additionally this save of the dedicated input sample and hold can cause 
mismatch between the input flash ADC and the first stage, which can lead to 
incorrect flash ADC decisions and to an overdrive of the first stage.  

As discussed above, the 1.5bit architecture entails minimal hardware 
effort and is very robust and is therefore very often chosen. This architecture 
has an inter-stage gain of 2 (effective resolution of 1 bit per stage) and uses 2 
comparators in the flash ADC (1.5bit). Many current implementations are 
made with a resolution of more than one bit per stage. These so called multi-
bit architectures have the advantage of allowing the pipeline to be shortened, 
which means that fewer stages are necessary for a dedicated resolution of the 
ADC. Fewer stages need fewer OP-amps and at the same time allow a 
greater relaxation of accuracy requirements in the subsequent stages. The 
OP-amp is the most power hungry part of a pipelined ADC and therefore 

Concepts and Improvements in Pipeline and SAR ADCs 



44 

power consumption can be reduced by using a multi-bit architecture at the 
expense of increased design complexity. The 14bit ADC in [13] shows the 
advantage of power saving due to a multi-bit input stage. This 14bit ADC is 
optimized by using an inter-stage gain of 8 (effective resolution of 3bit) in 
the first stage. For simple implementation the subsequent stages are 
implemented by a standard 1.5bit pipeline chain. The second stage is scaled 
down by a factor of 4, which gives a huge net power saving. This ADC 
reaches a very good FoM of 1.08pJ/conversion cycle at a supply voltage of 
3V. 

In a pipelined ADC the OP-amp is idle during the sampling phase (if 
correlated double sampling is not implemented). Theoretically, it could be 
switched off during this phase. However, a full power down of the OP-amp 
is not usually feasible as the power up phase would require too much time. 
However, it has been shown that the output stage of a 2-stage OP-amp can be 
switched off [14].  

Another property of the pipeline ADC is the alternate processing of 
subsequent stages. This means that one stage carries out amplification while 
the other samples and vice versa. This can be taken advantage of to exchange 
one OP-amp between two subsequent stages. This design technique is also 
called OP-amp sharing and is a very effective method to save power [15]. 
The power saving can be a significant portion of the whole design. The 
drawback is a big increase in circuit complexity. Many switches must be 
added and the layout requires long interconnect lines. The added switches 
introduce a series resistance, which degrades the settling behavior of the 
pipelined stage. Additionally the OP-amp is not reset and the residual signal 
may hamper the accuracy of subsequent cycles. 

Newer technologies with smaller device sizes generally have less 
parasitics and faster transistors. Literature shows that implementations in 
newer technologies usually possess a better FoM than implementations in 
older technologies. ADC’s in 0.8um and older CMOS Technologies have a 
FoM much higher than 10pJ/conversion cycle ([9] from 1996 has 25pJ). 
Newer Designs in nanometer technologies achieve FoM’s close to and below 
1pJ/conversion cycle ([10] and [11]). The designs presented in these papers 
have a supply voltage of 1.8V at a technology size of 0.18um and 1.2V at 
90nm respectively (results in 0.56 pJ/conversion cycle). This huge 
improvement in power saving is a combination of newer design techniques 
and the advantage of the new technology. 

 

5. Matching Considerations 
 

So far we have discussed several approaches to speed up the conversion 
process. Of course for high speed operation it is favorable to keep the 
capacitance values as small as possible (mainly dictated by kT/C-noise). 
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However, this approach usually yields insufficient matching. Basically there 
are different architectures yielding different linearity properties. A binary 
structured approach leads to the well-known saw-tooth characteristic in the 
INL plot. A unit-source approach gives very good DNL and has a smoother 
INL characteristic. Figure 10 shows a comparison of INL curves using the 
same unit elements. In both cases a linear error distribution in the unit 

the smaller elements form the MSB, the larger ones form the LSBs) whereas 

large elements) is assumed. If one does not worry about this type of INL but 
good DNL is of greater importance, then the second approach is better. The 
only drawback of this is that it requires more hardware effort since individual 
steering for each individual element is required. The binary approach is 
simpler, but at the cost of problems in INL and DNL. Numerous ways to 
improve the linearity can be found in current literature. In case of a constant 
gradient (strictly linear error distribution) a symmetrical switching scheme 
helps. The idea is to bring together pairs of elements with the same error 
magnitude but opposite sign. So in a thermometer decoded array an element 
with an associated error is first activated and then the next activated element 
is placed on the opposite side of the array.  
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Under the assumption of a linear error distribution this will then have the 

This approach only works in the case of a linear error distribution. For 
different error distributions one has to go for different switching schemes. 
Since the error distribution in many cases is not very well known quite a 
number of switching schemes have been published in literature. 

Since there is a tradeoff between INL and effort between a thermometer 
decoded array and a binary decoded array, a hybrid approach known as 
segmented decoding is also frequently used. MSBs are activated by a 
thermometer decoder, LSBs are done in a binary way. 

 

elements has been assumed. In Fig. 10a they are grouped in a binary form (all 

in Fig. 10b a thermometer coding (again starting with small elements going to 

Fig. . Binary. 10a 10b 10 c.

same error with the opposite sign. Fig. 10c shows the array used in Fig. 10a 
and Fig. 10b, but now the switch coding is implemented in a symmetrical way. 
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6. Calibration Techniques 
 

Finally a point is reached where all these measures are insufficient. In order 
to further improve linearity trimming could be carried out. A detailed 
investigation of this will not be presented in the context of this paper. Instead 
we want to have a closer look into several self-calibration techniques. In 
terms of self-calibration different approaches can be distinguished: e.g. 
foreground versus background, analog versus digital. In the following section 
several examples of these techniques will be presented. 

Self-calibration of binary structures is based on the fact that each bit has 
to have the same size as the sum of all smaller bits. In other words: If a high-
to-low transition is set on the MSB and a low-to-high transition on all the 
other bits ideally a zero reaction should be observed at the output. This can 
be easily tested and therefore individual bits can be adjusted until a perfectly 
binary weighted structure is obtained. This can be readily implemented, as 
done e.g. in the CS5014 (14 bit self-calibrating A/D-converter), but leads to 
the observation that each single bit has to be equipped with a number of 
auxiliary elements. A more compact self-calibration technique has been 
published in [16]. Here only a single array is required to correct for linearity 
errors at the expense of a somewhat more complex digital circuit. The 
correction methods shown so far all work in the analog domain, i.e. the 
analog values are made as close to ideal as possible. 

[17] presents a different approach: Corrections are not carried in the 
analog domain, but in the digital domain. This means, that the equivalent 
code for each bit is stored in a memory and that the final output code is 
assembled as a sum of equivalent codes coming from memory. For binary 
structures this approach has the problem that missing codes cannot be 
corrected. For a non-binary (redundant) coding scheme however this works 
quite well. In [5] we have shown that it is even possible to do self-calibration 
for this type of non-binary structures. The approach used in [5] works as 
follows: Each bit can be represented as a fraction (smaller than 1) of the sum 
of all other bits. In other words: In order to get a zero reaction on the output a 
FS-step has to be applied at the bit under investigation and a somewhat 
smaller step, opposite direction, at all the smaller bits. Knowing the size of 
the smaller step means to know the size of the ratio. That smaller step can be 
digitized with the aid of the (still non-perfect) ADC. The interesting 
observation now is that this leads to a set of equations that can be solved 
yielding correct values for each bit. 

The methods described so far are all foreground calibration methods. 
This means that the conversion process must be halted in order to do the 
calibration. [18] presents a method that tries to carry this out in the 
background. The idea is that, the test if two capacitors are equal can be done 
in a quite short amount of time (much shorter that a complete conversion 
cycle). So at the end of each conversion some time is reserved to do such a 

D. Draxelmayr and P. Bogner 



47 

measurement. This somewhat slows down the total conversion rate but 
allows for a continuous calibration, since the necessary digital calculations 
can be easily done in parallel to the normal conversion process. 

It has taken some time until the idea of self-calibration has found its way 
also into pipeline converters but for linearity improvements calibration is a 
smart and beneficial method.  

The static amplification in the MDAC is defined by  

0

1
1

ACi
Cf

V

+
=

    (4) 

To keep the gain well defined the open loop gain of the amplifier should 
be very high. This leads to very complex OP-amp architectures using 
cascodes with regulation amplifiers and other power hungry elements. The 
requirement of the high open loop gain is a big challenge, especially in new 
technologies. The modern CMOS processes are trimmed for high speed 
digital applications which also enables high speed (high sampling rate) 
analog designs, but do not offer good current sources. That means that the 
amplifier gain is very limited even with cascoding tricks. In a 65nm CMOS 
technology, a simple two stage miller amplifier without cascodes typically 
has a gain of less than 30dB. It is nearly impossible to shift the gain up to 60 
to 70 dB which would be necessary to build an ADC with an accuracy 
greater than 10bit. This problem could be solved by trimming or by 
calibration means, as shown later. 

Figure 11 shows the residue plot of a 1.5bit architecture in an ideal case 
(black) and in presence of an inter-stage gain error (red). 

Ideal Gain

Vin 

Dout 

Gain Error : gain > 2 

Vin 

Vres 

 
 

Fig. 11. Residuum and Digital output with interstage gain error. 
 
The second major error is the DAC error, which is caused by mismatch 

of the DAC capacitors. The root and the remedy is the same as in the SAR as 
already discussed before. Figure 12 shows the effect to the residuum in the 
pipeline ADC in a 1.5bit architecture. 
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Ideal ADC
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Fig. 12. Residuum and Digital output with DAC errors. 
 
 
Both errors can be observed in the INL and DNL, as in the SAR. To 

enhance the linearity many calibration methods have been developed. Initial 
calibration methods in pipeline ADC’s were very straightforward: 
compensate the error source in the analog domain. The design of [19], 
implemented in 1991, used a calibration in the analog domain with the aid of 
trimming capacitors for the DAC and the gain errors. For the calibration 
phase the normal operation of the ADC was interrupted, which is possible in 
certain applications (in this case a video application). The calibration 
sequence was implemented exactly as the method discussed for the SAR 
ADC. But it is obvious that an interruption of the normal operation is not 
possible in every application. 

Nowadays, the trend for calibration is digital calibration. Such 
architectures exploit the possibilities in high speed CMOS technologies, 
which are perfectly suited for huge digital parts. The calibration is usually 
based on a correlation method and makes use of a calibration sequence that is 
fed into the ADC. A very straight forward method is described in [20]. It 
disconnects the input of the ADC and feeds in a calibration signal generated 
by an accurate sigma delta DAC. The ADC is fully calibrated for all non 
idealities in the digital domain.  

A more enhanced method is background calibration. The ADC still 
works in a normal mode and performs the calibration transparently to the 
user. Several methods have been investigated in recent years since these are 
also most promising for future technologies. No interruption is necessary and 
therefore these ADCs can be used for any application. Most of the 

calibrated. This can be extended to any stage, but of course the first stage has 
the most stringent accuracy requirements.  

 

architectures have the same block diagram as shown in Fig. 13. A pseudo-
random sequence is used as a calibration signal. In Fig. 13 only stage1 is 
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signal chain with the aid of an extended MDAC of stage 1. The inter-stage 
gain error and the DAC errors can be calculated with a correlation method 
and subtracted. [21] and [22] present a quite similar architecture. In these 
works dynamic element matching in the DAC is used to measure the errors 
and subtract them at the output. [23 to 25] also present methods to implement 
digital background calibrations. We expect further interesting developments 
to occur in this area in the near future. 

 

7. Comparisons 
 

Although pipeline-, cyclic- and SA-converters use binary search as the 
fundamental operating principle, their circuit implementations are quite 
different. From the algorithmic point of view the pipelined and the cyclic 

pipelined converter operates at n bits (n … number of stages) in parallel, 
whereas the cyclic converter can handle only one bit per cycle, it also can be 

cycle. The capacitors have to be scaled (at least) according to the kT/C- 
requirements for the full resolution. Since there is only a single stage, the 
LSBs also have to be handled using these big capacitors. This seems to be a 
major drawback with respect to the pipelined converter, since here usually a 
scaling of the individual stages can be carried out.  

From the above, it can be seen that the pipelined converter can be 
expected to be not only faster, but also more power efficient than the cyclic 
converter. Therefore, the following section will compare the pipelined 

Figure 13 shows the architecture used in [12]. The signal is fed into the 

Fig. 13. Typical architecture for digital background calibration. 

In order to do a fair comparison, we should compare similar things. 

converter are very similar: both of them use a compare /  conditional subtract / 

observed that the cyclic converter has to handle quite large capacitors in each 

amplify-by-two mechanism for each bit. Except for the fact that the 
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converter with the SAR. Also the SAR converter has the drawback that 
scaling at subsequent stages can not be carried out, since there are no 
subsequent stages. However, comparing a charge-redistribution ADC with a 
pipelined converter reveals that the (analog-related) hardware of the SAR is 
much simpler. It consists of just a single capacitive network (sized the same 
way as the sampling capacitor in the pipelined converter) some switches and 
a comparator. The requirements for the comparator are more stringent in the 
SAR case, since the full resolution is needed. This is also true for the basic 
pipelined architecture, but by using some redundancy (e.g. using the 
1.5b/stage architecture) these requirements can be relaxed significantly. 
Using redundancy in the SAR does not really help in this context, since there 
is no amplification between successive decisions. 

A major difference between pipeline and SAR is the amplifier. Usually 
this is the most power-hungry building block in a pipelined converter, it is 
nonexistent in the SAR. So the main point of comparison is between the 
comparator within the SAR and the amplifier within the pipeline. Of course 
the power efficiency of a comparator can be much higher than the power 
efficiency of an amplifier, since in the latter case power is lost due to the 
stability requirements. On the other hand, full amplifier performance is only 
required for the first pipeline stage, whereas there is no scaling option for the 
comparator in a SAR. This could mean that for high resolutions the pipelined 
converter is more favorable than for low resolutions. In new technologies 
this picture may change because it is much easier to build high-resolution 
comparators than to build high-gain operational amplifiers, which is in favor 
of the SAR. There are some attempts to design simpler amplifiers. This 
involves calibrating away gain-related conversion errors. [8, 25] even take 
into account some nonlinear effects (more power efficient open loop 
amplifiers tend to introduce nonlinearity). Although this is very interesting to 
further increase power efficiency, in our opinion these techniques can not be 
called mature.  

In the comparisons done so far the energy consumption had to be 
normalized towards an average bit cycle (or, to compare a pipelined cycle 
with a complete SAR conversion, since both of them deliver a full output 
word).  

For making a more direct comparison a pipelined converter has to be 
compared to an array of time-interleaved SA-converters. The design 
described in [26] also delivers a full output word each clock cycle. The 
design in [3] goes even one step further: It combines redundancy and self-
timing within a time-interleaved converter architecture. Both of the 
abovementioned papers show extremely good figures of merit far below 
1pJ/conv. step. However, at the same time they are to some extent 
incomplete, since there are some remaining artifacts due to the time-
interleaved nature and (in [3]) the code translation into binary is also 
missing. In addition, these are 6 bit converters whereas the resolution of 
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pipelined converters is usually higher. To our knowledge there are no recent 
demonstrations of higher resolution time-interleaved SAR-converters 
available. Since the demonstrated figures-of-merit of the abovementioned 
SAR converters are extremely attractive we look forward to see some more 
research in this area. 

 

8. Conclusions 
 

Comparisons between SAR and pipelined ADCs have been made. Many 
similarities can be found. The attractiveness of a SAR approach mainly lies 
in the very simple analog circuitry required, whereas the attractiveness of a 
pipelined ADC lies in its compactness at high sampling rates. Therefore, for 
higher sampling frequencies pipeline ADC’s will still be used in future 
designs. However, for nanometer technologies ADCs with higher resolution 
(>8bit) should be implemented with some form of calibration. The 
alternative, a time-interleave SAR array, may be simple in terms of circuitry 
but suffers from mismatch issues and would benefit greatly from some form 
of calibration. We expect to see further research on this topic in the future. 
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Abstract

This paper presents a two-step subranging ADC architecture based on
interpolation, averaging, offset compensation and pipelining techniques.
Application of these techniques results in fast and power-efficient con-
verters with an accuracy between 8b and 12b.

1. Introduction

Area and power are important parameters for analog-to-digital converters
(ADCs) integrated on large digital ICs. This is especially true if several ADCs
have to be implemented on the same die. These embedded ADCs necessarily
have to be designed in state-of-the-art digital CMOS processes, and therefore,
have to work at low supply voltages, while special process options, such as
low-threshold devices, are often not available.

The ADCs presented in this paper have an 8b to 12b resolution and clock
speeds of 75MS/s and up. Several ADC architectures are capable of achiev-
ing these specifications, e.g. flash ADCs [1], pipeline ADCs [2–4], folding
ADCs [5–9] and subranging ADCs [10–12]. However, when small die area,
low-power and low-voltage operation are of primary importance, the two-step
subranging architecture has proven to be a very suitable choice. A key advan-
tage of this architecture is that the two-step approach allows for an area and
power efficient design. Additionally, it can use simple differential-pair ampli-
fiers, which are very well fit for low-voltage operation.

The basic architecture of the two-step subranging ADC, comprising a coarse
ADC (CADC) and a fine ADC (FADC), is explained in Sec. 2. Sec. 3 discusses
one of the key elements in this design, the voltage subtractor. The timing of
this subranging ADC is explained in Sec. 4. Techniques that are used to ob-
tain a low-power and low-area ADC are discussed in Sec. 5. Sec. 6 explains

53 

© 2006 Springer.  

SUBRANGING ADCs

A.H.M. van Roermund et al. (eds.), Analog Circuit Design, 53–71. 



T/H

switch
matrix

e
n
c
o
d
e
r

r
e
f
e
r
e
n
c
e

l
a
d
d
e
r

coarse ADC

fine ADC

Fig. 1. Two-step subranging ADC architecture.

2. ADC Architecture

The ADCs presented in this paper use a two-step subranging architecture [13–
16], shown in Fig. 1, comprising two flash ADCs, a reference ladder, a switch
matrix and an encoder. The subranging ADC is preceded by an on-chip track-
and-hold (T/H). Each conversion cycle, the CADC first performs a rough quan-
tization of the ADC input voltage. The switch matrix then connects the FADC
to the appropriate subrange of the reference ladder, determined by the CADC.
The FADC compares the ADC input voltage against the selected reference
voltages and quantizes the input voltage at full resolution. The digital encoder
combines the CADC and FADC thermometer output code data into the final
digital output code. Note that both the CADC and the FADC use the same
reference ladder and the same T/H output signal. This guarantees matching
of input and reference voltages between the two ADCs and saves chip area. A
clock generator produces a non-overlapping two-phase clock, used to clock the
switches inside the T/H and the ADC. The two clock phases are denoted by φ1

and φ2, respectively.
A minimum number of comparators is obtained when using both a N/2 bits

CADC and a N/2 bits FADC, where N is the number of ADC bits. However,
this requires the errors made by the CADC to be smaller than one least signifi-
cant bit (LSB) of the FADC (LSBFADC).1 It is not possible to accomplish this
without excessive power consumption inside the CADC. It is, therefore, com-

1Note that this does not apply to the CADC quantization errors.

techniques to increase the maximum clock speed without increasing the power
consumption. Finally, experimental results of various ADCs, implemented in
0.13µm CMOS technologies, are presented in Sec. 7. The design will be based
on an 8b converter, but similar design strategies can be applied for 10b and 12b
ADC’s.
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Fig. 2. Switched Capacitor Voltage Subtractor.

mon practice to use some amount of over-range [13–15, 17–19], which allows
the FADC to correct for errors of the CADC. If the CADC errors are smaller
than the over-range, the overall ADC performance is only determined by the
accuracy of the FADC and not by the CADC performance.

Over-range can be obtained by either increasing the number of bits in the
CADC or in the FADC. An important restriction of the CADC is that its la-
tency has to be low, because the CADC decision has to be available before the
FADC can start to convert the input signal. In the FADC, latency is less im-
portant and pipelining techniques can be used to decrease power consumption.
Therefore, we preferred to increase the number of bits in the FADC, resulting
in a 4b CADC and 5b FADC. For the 10b and 12b ADC, the allocation for the
CADC/FADC is 5b/6b and 6b/7b respectively.

3. Voltage Subtraction

As discussed in Sec. 2, both the CADC and FADC compare the T/H output
voltage VT/H to a set of reference voltages. The CADC uses reference volt-
ages that are covering the full input signal range and the FADC uses a set of
reference voltages that are close to the input signal. A subtraction circuit is
used to perform this comparison. The subtractor that is used in this subranging
ADC is based on Switched Capacitor (SC) circuits. The basic principle of a
SC circuit is shown in Fig. 2.

During the first phase (φ1), the voltage VT/H is sampled on capacitor C.
During the next phase (φ2), the amplifier amplifies the voltage difference Vref−
VT/H. Bottom-plate sampling is used to improve the accuracy. An array of
these SC circuits is applied in both the input of the FADC and CADC.

Besides the voltage subtraction, this circuit serves other purposes as well.
First, the SC circuit allows an elegant timing between the T/H, CADC and
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4. Timing

A crucial point in the design of a subranging ADC is the timing between the
CADC and the FADC, especially when a T/H drives the ADC. This is because
the T/H output voltage is only available during Hold mode, which is half of the
time. The FADC needs to wait for the digital output of the CADC to become
available before it can start to convert the input signal. When the processing of
both the CADC and FADC has to take place during Hold mode, they both are
only active during part of the Hold mode. This is not very efficient and results
in a low maximum clock frequency. A more efficient timing uses the fact that
the SC circuit in Fig. 2, besides subtraction, also delays the T/H output voltage
by half a clock cycle. This property can be used to delay the signal for only the
FADC, allowing half a clock latency for the CADC.

Delaying only the input for the FADC and not for the CADC can easily be
implemented by operating the SC circuit at the input of the CADC and FADC
out of phase. In this way, both the CADC and FADC are connected to the T/H
during Hold mode. The CADC is now in amplify mode while the FADC is
in sampling mode. During Track mode, both ADC’s operate in the opposite
phase. This timing is shown in Fig. 3. Note that only the clock signal for the
switch at the input of the amplifiers is different.

Since the FADC is a flash converter, the array of SC circuits acts as a dis-
tributed T/H. Usually, a distributed T/H have difficulties in accurately tracking
of a signal. However, this T/H operates on a non-moving signal (the main T/H
is in Hold mode) and high tracking accuracies can easily be obtained.

5. Low-Power Low-Area Techniques

This section describes techniques that are applied in the FADC and CADC in
order to reduce power and area. Pipelining offset compensation, averaging and
interpolation are being applied for this purpose. Before these techniques will
be discussed, the unit amplifier cell will be considered. Both the CADC and
FADC are flash converters and they consist of arrays of unit amplifier cells.
This cell consists of a cascoded differential-pair with resistive loads, as shown
in Fig. 4. A fully differential implementation is used to achieve low sensitivity
to substrate noise and to achieve sufficient power supply rejection. The gain of
the amplifier is set by noise and speed and is designed to be 4.

FADC. This will be discussed in Sec. 4. Secondly, the input capacitors allow
the independent optimization of the T/H common-mode output voltage and the
common-mode input voltages of the CADC/FADC.
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5.1. Pipelining

In ADCs comprising cascaded arrays of amplifiers, pipelining is often used to
improve conversion speed [7,10,14,20]. In effect, conversion latency is traded
against amplifier speed, and hence, power consumption.

The pipelining is enabled by inserting capacitors between the arrays of am-
plifiers. The 8b converter uses 3 arrays of amplifiers in cascade. This is mainly
to overcome the offset of the comparators. The functional block diagram of
the FADC is shown in Fig. 5. The amplifier arrays, denoted by A, B and C, are
followed by an array of comparators. The 10b and 12b converter use 4 and 5
arrays of amplifiers in cascade.

The inter-stage capacitors that are used for pipelining are also used for
auto-zeroing purposes, as will be discussed in Sec. 5.2..

5.2. Offset Compensation

Offset compensation to all diff-pairs is applied. As a consequence, small de-
vices can be used in these amplifiers, allowing the use of lower bias currents,
which helps to reduce the power consumption of the FADC. Two different im-
plementations are applied. These are shown in Fig. 6.

The circuit in Fig. 6a uses a closed-loop technique. The offset is stored
on the capacitors during the reset phase (switches S1 are closed). In contrast,
the circuit in Fig. 6b is an open-loop auto-zero technique [13, 21]. Here, the
offset of the amplifier is stored on the output capacitors C3 during the reset
phase. The reset switches are implemented by the differential switch S3 and
the common-mode switches S2. Although the common-mode switches also
perform differential resetting, the differential switch is more effective.

Accurate offset compensation of the open-loop technique requires a good
linearity of the amplifier and can therefore only be used in the front-end of the
ADC where the signals are still small. The closed-loop technique doesn’t have
this linearity problem. Obviously, since the last amplifier array is not followed
by capacitors, the closed-loop technique has to be applied here.
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5.3. Averaging

Averaging is widely used in flash, folding and subranging ADCs [8, 9, 14, 22–
25] to improve ADC performance. In an array of amplifiers, the contributions
of random mismatch and noise to the output signals of neighboring amplifiers
are mostly uncorrelated. Hence, when averaging the outputs of several ampli-
fiers, the average output signal has a higher signal-to-noise ratio (SNR) than
the individual output signals.

Although this subranging ADC design already implements offset compen-
sation, averaging still has a beneficial influence on the performance. First of all,
averaging helps to decrease the influence of noise generated in the amplifiers
and switches. Secondly, the switches, required for auto-zeroing and pipelining,
introduce random mismatches themselves, which cannot be auto-zeroed. Av-
eraging decreases this charge-injection mismatch. As a result, amplifier bias
levels and capacitor sizes can be reduced, which reduces both power consump-
tion and chip area.

The capacitors already present between array A, B and C can be reused to
implement 2× capacitive averaging. As shown in Fig. 7, the input capacitors of
row B and C are split into two equal halves, connecting to two different input
voltages Vin,0 and Vin,1. When the amplifier is in reset-mode, the capacitors
are charged to Vin,0 and Vin,1, respectively. During amplify-mode, the charges
on the capacitors are redistributed and an output voltage Vout results that is
proportional to the average value of Vin,0 and Vin,1, i.e., Vout ∼ 1

2(Vin,0+Vin,1).
Of all three amplifier arrays, the amplifiers in the first array are most impor-

tant with respect to the ADC performance. Therefore, it would be beneficial
if, e.g., 4× averaging of these amplifiers could be achieved, instead of the 2×
provided by the circuit shown in Fig. 7.
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Fig. 7. Implementation of 2× capacitive averaging.

Normally, the optimal averaging window should be based on the shape of
the gm curve of the involved amplifiers. Since the input signals are still small,
the best approximation of the gm curve is a straight line and this results in a
rectangular ‘averaging window’.

The most efficient way to obtain this is by using the distributed averaging
shown in Fig. 8. Although using only 2 capacitors at each differential-pair
input, instead of 4, 4× averaging of the A amplifiers is achieved. This is
accomplished by ‘skipping’ one A amplifier when connecting the two inputs
of an amplifier in B to the outputs of two amplifiers in A. The black-colored
amplifiers demonstrate that this topology can indeed achieve 4× averaging of
the A amplifiers. Suppose the FADC input signal, after quantization, is located
halfway between the inputs of amplifiers A1 and A2, then the ‘zero-crossing’
at the output of C1 is determined by amplifiers, A0, A1, A2 and A3 in array A,
amplifiers B1 and B2 in array B and amplifier C1 in array C. It can be easily
derived that all amplifiers within the averaging window of array A are equally
weighted. The same applies to row B.

5.4. Interpolation

Interpolation is generally used to reduce the number of amplifiers required in
an ADC [5–11,15,16,19,24,26,27], thus decreasing layout complexity, which
is imperative for achieving small die area and low-power operation. Moreover,
interpolation reduces the number of reference voltages required, so less sig-
nals have to be routed in the layout. This helps to achieve a small area, and,
because of less parasitic capacitance, it also reduces the power consumption of
the ADC. Additionally, in subranging ADCs, interpolation reduces the num-
ber of switches required in the switch matrix [15]. Since the switch matrix
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Fig. 8. Distributed averaging topology, providing 4× and 2× averaging of the
amplifiers in array A and B, respectively.

represents a significant capacitive load to the T/H and the reference ladder, in-
terpolation indirectly helps to reduce the power consumption of the T/H and
the reference ladder.

The ADC uses 2 different interpolation techniques, one based on splitting
of capacitors and one based on splitting of differential-pairs. The last one is
active interpolation.

A 2× capacitive interpolation technique is shown in Fig. 9, where the input
capacitors in row A are reused to implement 2× capacitive interpolation. Each
original capacitor CA is replaced by two capacitors with half the size. Note
the circuit similarity between 2× interpolation and the averaging shown in
Figure 7.

The active interpolation is shown in Fig. 10. By combining the output cur-
rents of two differential-pairs, with input voltages Vin,0 and Vin,1, respectively,
an output voltage Vout is obtained that is proportional to the average of Vin,0

and Vin,1, i.e., Vout ∼ 1
2(Vin,0 + Vin,1).

In this design, a total of 4× active interpolation is used. The first 2× active
interpolation is implemented in the amplifiers of row B. Since it is difficult to
implement active interpolation in row C, because of the closed-loop auto-zero
method used in that array, the second 2× is implemented in the differential-
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Fig. 9. Implementation of 2× capacitive interpolation.
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Fig. 10. Simplified schematic of a differential-pair amplifier providing 2× in-
terpolation.
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Fig. 11. Block diagram of the FADC.

pair input stage of the FADC comparators. This brings the total number of
amplifiers in each array to 9, 17 and 17, respectively. This is shown in Fig.
11. A 4× capacitive interpolation at the input of array A results in a total of
16× interpolation and this results in only 3 output wires of the switch matrix.
The amount of interpolation in the FADC for the 10b and 12b ADC is 32× and
64× respectively.

6. Speed Improvements

The finite on-resistance of switches S2 and S3, shown in Fig. 6b, is a major
problem at high sampling rates. This is illustrated in Fig. 12. During clock
phase φ1, amplifier A is in reset-mode and samples VT/H. The current Icharge

charging the input capacitor gives rise to a non-zero voltage Vε at the input of
A that settles exponentially down to zero. This error voltage is amplified by
amplifier A and spread out in time, because of the finite speed of A. Because
the FADC uses pipelining, amplifier B is in amplify-mode and therefore fur-
ther amplifies the error voltage. As a consequence, the error ripples through
the complete FADC. Eventually, all error voltages settle to zero, but they con-
siderably limit the maximum conversion speed of the FADC.
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Fig. 12. Effect of finite on-resistance of the reset switches at high conversion
rates.

Figure 13 shows an implementation of the reset switches in row A and B
that significantly improves the pipelining operation in the FADC at high con-
version rates. In reset-mode, when all switches are turned on, the on-resistance
of switches M4, M5, M6 and M7 is equal. Switches M4 and M6 form a resis-
tive divider, the output of which is a common-mode voltage. The same applies
to M5 and M7. As a consequence, the differential-mode error voltage develop-
ing across the drain and source terminal of M2 is not transferred to the gates
of the differential-pair amplifier. In other words, the differential-mode transfer
function of these cross-coupled switches equals zero in reset-mode. During
amplify-mode, when only M4 and M7 are turned on, the differential-mode
transfer function equals one. The fact that the error voltage no longer ripples
through the complete FADC significantly improves the maximum conversion
rate of the ADC.

The cross-coupled switches introduce some additional noise and charge-
injection mismatch, which have only a small influence on the FADC perfor-
mance in this design.

7. Experimental Results

This section gives a full measurement overview of the 8b converter and key
numbers for 10b and 12b designs. The 8b ADC was fabricated in a 0.13µm
CMOS process. A die micrograph is shown in Fig. 14. The ADC occupies only
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Fig. 13. Implementation of the reset switches in array A and B of the FADC.

290µm × 316µm = 0.09mm2, including the on-chip T/H and clock generator
circuit.

The reference ladder is implemented as a 390µm long continuous strip of
poly silicon. In order to fit in the layout, the reference resistor had to be folded
at least once. For symmetry with respect to the 17 reference taps, it was folded
8 times. An additional benefit is that the routing of the reference voltages to the
CADC and switch matrix can be shorter, which reduces parasitic capacitance
[28].

Figure 15 shows the measured differential nonlinearity (DNL) and integral
nonlinearity (INL) curves of the ADC, measured at fclk = 125MS/s. The INL
is smaller than ±0.25b and the DNL smaller than ±0.15b.

Figure 16 shows a clock sweep using an 8MHz input signal. The ENOB
of the ADC equals 7.6b at 125MS/s, dropping half a bit to 7.1b at 220MS/s.
At 125MS/s, the SNR equals 7.7b and the total harmonic distortion (THD)
(including the 2nd through 10th harmonic) is 9.7b.

Figure 17 shows an input signal frequency sweep at 125MSample/s. The
effective resolution bandwidth (ERBW) exceeds 100MHz.

Figure 18 shows the ADC output spectrum. The spurious-free dynamic
range (SFDR) is 68dB.
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Fig. 14. Micrograph of the 8b ADC.

Fig. 15. Measured INL and DNL of the 8b ADC.
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Fig. 16. Measured ADC performance vs fclk at fin = 8MHz.
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Fig. 17. Measured ADC performance vs fin at fclk = 125MS/s.
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Table 1. Performance comparison for 8b converters.

Ref. Technology area [mm2] F [pJ/conv]

[10] 0.6µm 1.8 88
[7] 0.5µm 1.7 794
[2] 0.5µm 10 7934
[28] 0.35µm 0.8 529
[11] 0.35µm 0.9 30
[4] 0.18µm 1.8 2.5

This work. 0.13µm 0.09 0.54

tion is approximately equally divided between the T/H, the clock generator
and the ADC. The energy per conversion step is often used as a figure of
merit (FOM) F . It is defined as F = P /(2ENOB × 2ERBW), and, for this
design, equals 0.54pJ/conversion at 125MS/s. For comparison, Table 1 lists
the area and FOM of this design together with a number of recently published
8b Nyquist CMOS ADCs running at comparable sampling frequencies. This
shows that this design achieves best results for both area and FOM.

Key results of 8b, 10b and 12b ADC designs are listed in Table 2.

The total power consumption P equals 21mW, including T/H (6mW) and
clock generator, but excluding the digital output buffers. The power consump-
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Table 2. Performance summary of 8b, 10b and 12b designs.

Resolution 8b 10b 12b

Conversion rate 150MSample/s 150MSample/s 75MSample/s

Process 0.13µm CMOS 0.13µm CMOS 0.13µm CMOS

Power supplies 1.2V / 2.5V 1.2V / 2.5V 1.2V / 2.5V

ADC Power 15mW 90mW 135mW

T/H Power 6mW 30mW 90mW

ENOB 7.6b 9.2b 11b

SNR 7.7b 9.4b 11.2b

THD 9.7b 10.5b 12.0b

8. Conclusion

The subranging ADC architecture uses simple differential-pair amplifiers,which
makes it very suitable for low-voltage operation, required in state-of-the-art
CMOS processes. Several techniques, such as active interpolation, pipelining,
auto-zero offset compensation and distributed capacitive averaging, are applied
to obtain 8b-12b subranging ADCs.
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Abstract 
 

This paper describes how offset calibration can be used to enhance the 
speed-resolution performance of ADCs while maintaining low levels of 
power dissipation.  After selecting a high-speed ADC topology, we will 
justify the need for offset calibration and then present a brief overview 
of different ADC calibration topologies, indicating their relative merits 
and drawbacks.  We will then describe in more detail how one-time 
foreground calibration was used to achieve a 0.18 µm CMOS, 1.8V, 
1.6GS/s, 8b folding-interpolating ADC with 7.26 ENOB at Nyquist, 
which only dissipates 774 mW. 

 
 

1. Introduction 
 
The continuous improvement in high-speed CMOS Analog-to-Digital 
Conver-ters (ADCs), as measured by their increased resolution and speed for 
a given power budget, has been driven by process improvements, primarily 
by geometry scaling.  However, this trend of CMOS geometry scaling 
enabling the next level of ADC performance has greatly diminished, starting 
at about the 0.35 µm gate-length generation, primarily due to device 
mismatch improving only marginally coupled with the reduction of the 
power supply voltage with each successive deep-submicron technology.  
ADC performance advances will therefore come increasingly from design 
innovations, especially those which address the effects of offset stemming 
from device mismatch [1]. 

One of the most promising circuit techniques increasingly implemented 
in the past decade is that of offset calibration, which directly counteracts 
device mismatch.  In this paper, after selecting a high-speed ADC topology, 
we will justify the need for offset calibration, and give a brief overview of 
different ADC calibration topologies.  We will then describe in more detail 
why and how one-time foreground calibration was chosen to achieve a 0.18 
µm CMOS 1.8V, 1.6GS/s, 8b folding ADC with 7.26 ENOB at Nyquist.  
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2. High-speed ADC Architectures 
 
CMOS ADC converters resolve an input voltage by either parallel processing 
as in a flash-type converter, see Fig. 1, or sequential processing as in a 
successive-approximation-type converter. Parallel processing has the 
advantage of conversion speed, sequential processing the advantage of 
compactness and low power.  Other types of converters, such as subranging, 
multi-step, or pipeline, are hybrids, performing limited parallel processing 
sequentially. For high-speed ADCs, we limited ourselves to those which 
have no decision feed-back loops. 
 

 

point reference voltages VRT and VRB.  The comparators’ output thermometer code “0, 1, 1,” 
corresponds to a VIN between voltages VR3 and VR2.  Note that there is no over-range 
indication; the binary encoded output is “10”. 

 
Figure 2 gives an example of a decision feed-back loop in a subranging 

flash converter [2].  By using the 2-bit flash ADC of Fig. 1 for the two coarse 
bits in combination with the two fine bits obtained from the subranged 
conversion of Fig. 2, we obtain a 4-bit converter with only 6 comparators, 
compared to 15 comparators required for a single-stage flash converter.  In 
higher resolution ADCs, the number of comparators and amount of power 
saved due to subranging is substantially greater.  However, this architecture 
is slower—not because it requires two steps—the coarse and fine 
conversions could be done in parallel in a staggered fashion.  The problem is 
that the subranged conversion needs to decide to what part of the reference 
ladder to switch its comparators.  This information is provided by the coarse 
comparison, and thus a decision feedback-loop exists between the coarse 
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0

1

1

VIN

VR1 

VR2 

VR3 
VIN 

Fig. 1.  Schematic for a 2-bit flash converter, which uses a resistor ladder to subdivide end-
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Fig. 2. Schematic for the second comparison of a 4-bit subranging converter, showing the 
evaluation of the two LSBs.  The two MSBs “10” were obtained as shown in Fig. 1.  The 
MSBs are not subtracted from VIN.  Rather, the input voltage VIN is held, and the comparator 
reference inputs are switched onto the appropriate segment of the reference ladder.  The 
binary representation of the LSBs is “01”, which together with the MSBs “10” forms the 4-bit 
digital output code “1001”. 
 
 
and fine conversion steps of the converter.  We believe that any high-speed 
ADC architecture which relies on decision feed-back loops to resolve an 
input signal is disadvantaged compared to those that can run open loop, 
especially when Code-Error-Rates and meta-stability are considered.  
Therefore, subranging, multi-step, pipeline and successive-approximation 
ADCs were excluded for our program. 

Although the flash architecture has been used in the highest speed ADCs, 
it has the severe disadvantage that it requires 2N-1 comparators for N bits of 
resolution, which results in a substantial area and power penalty starting at 
the 8-bit level.  Furthermore, for 8 bits and higher resolutions, encoding the 
outputs of so many comparators presents an additional speed limitation.  
Fortunately, flash ADCs are not the only type without decision feed-back 
loops.  An ingenious architecture proposed by van de Plassche and van der 
Grift [3] is able to subrange without prior knowledge of the coarse 
conversion. Thus the coarse and fine conversions are done in parallel, 
without decision feed-back loops, rather than sequentially.  This type           
of ADC is now referred to as “folding,” and is nearly identical in architecture 
to flash, but in the preamplifier stages between the input voltage                
and comparators, outputs are joined together in such a way that a            
single comparator can be used to match an input to a number (k) of      
distinct reference voltages. The number of comparators required is only  
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Fig. 3.  Example of folding the outputs of an array of flash preamplifiers by 3.  With VIN near 
VR,1, amps 8 and 15 are fully saturated, their tail currents supplied by the cancellation 
currents on the “folding bus,” and they do not affect the output voltage. 

 
2N / k + k - 2, where k represents the order of folding. The additional k-2 
included in this sum arises from the coarse comparators required to resolve 
which fold the input signal was in, as described later.  Because of this large 
reduction in comparators, the folding architecture was chosen for this ADC.  
The principle of operation for “folding-by-3” is shown in Fig. 3. Here the 
number of preamplifiers of a flash converter is a multiple of three. These 
amplifiers are grouped such that the difference in the reference voltage of the 
top and middle amplifier and middle and bottom amplifier is equal, and the 
same for all of the groups of three.  Rather than each preamplifier driving 
one comparator, each group of three preamplifiers only drives one 
comparator, by connecting their outputs in parallel, but with the middle 
amplifier in reverse polarity.  This reverse connection of the middle amplifier 
results in each of the “zero-crossings” of the 3 preamplifiers forcing a zero-
crossing at the comparator, and thus being detectable.  Folding has one draw-
back, it is more sensitive to device offsets than flash.  Thus, ever since the 
elegant solution of folding migrated from bipolar (where it was originally 
conceived [3]) to CMOS technologies, it has been plagued by the higher 
mismatches of CMOS pairs. 
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3. Justification of ADC Offset Calibration 
 
Due to the simplicity of the flash converter, it will be used to now justify 
offset calibration.  The comparators of Fig. 1 are usually formed by a 
differential pair as part of a regenerative amplifier, whose inherent offset 
voltage, δVT, with standard deviation σδVT introduces an error in quantizing 
the input voltage.  If preceding preamplifiers exist, then this same argument 
applies to the differential pair of the preamplifiers.  The offset voltage δVT is 
usually dominated by the MOS threshold variation of each input device, 
which is determined by the statistical fluctuation of dopant atoms in the 
depletion region of the transistor.  The random position of the dopant atoms 
results from ion implantation and thermal annealing, and is given by a 
Poisson distribution.  I.e., it is not a manufacturing issue that can be solved 
by process evolution, short of placing and keeping the dopant atoms 
deterministically in the presence of thermal cycles, a prohibitive thought.  
Keyes [4] first quantified the effect this variation had on the standard 
deviation of the threshold voltage, σVT, of square geometry transistors: 

 (1) 

where q is the fundamental charge, COX the gate oxide capacitance per unit 
area, NA the well dopant concentration in the depletion region, Leff the 
effective channel length, Weff the effective channel width, and xD the 
MOSFET depletion depth.  This equation correlated very successfully with 
the measured VT fluctuations for near minimum NMOS devices in a 0.5 µm 
SRAM process [5]. 

More general models have been developed for arbitrary ratios of Weff / 
Leff, see [6,7].  These have a 1/2 power dependence on Leff  and Weff.  An 
especially useful form is given by Mizuno which replaces the depletion depth 
xD with the surface potential φB [7]: 
 

                   (2) 
 
where εS is the permittivity of silicon, εOX the permittivity of the gate oxide, 
tOX the thickness of the gate oxide, and all other variables as defined for the 
previous equation. Please note that the derivation given in the IEEE Trans. 
On Elec. Dev. by Mizuno is in error by a factor of 2, as is his final equation 
11.  A similar but simpler derivation given by Watt in [6] yields the same 
(corrected) result. 
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The surface potential is a very weak function of doping, with φB ~ 0.40 V 
at 300K for well dopant concentrations of 1017 cm-3.  Since φB varies less 
than 4% for an order of magnitude change in NA, we can treat it as a constant. 

Note that equation 2 describes the 1-sigma spread of VT.  When VT 
mismatch is measured, it is the difference between two identical 
distributions, resulting in a standard deviation σδVT which is root-2 times as 
large, assuming no correlation.  I.e.: 
 

(3) 
 
Evaluating all constants while combining equations 2 and 3 results in the 
expression: 

(4) 

Equation 4 shows that for same area transistors, process scaling will reduce 
σδVT only if the oxide thickness reduces faster than the fourth-root of the well 
doping.  For constant-supply scaling, this was not the case, and σδVT 
remained relatively flat.  However, the product σδVTCOX grew rapidly, so that 
for the same offset, a larger gate capacitance and therefore power dissipation 
resulted.  For process scaling including supply scaling which started below 
the 0.5 µm generation, σδVT improves marginally with process technology, 
since the well doping does not need to increase as dramatically with both 
supply and channel length reduced.  However, this small improvement is 
offset by the reduced signal swing resulting from the reduced headroom the 
scaled supply voltage creates.  Again, the σδVTCOX product still worsened. 

One way to take advantage of small-geometry processes to obtain both 
high resolution and high speed ADC converters is to increase the devices 
size for the offset-sensitive circuits, since this reduces the σδVT inversely with 
square-root of area, see equation 4.  However, the increased gate capacitance 
results in an unacceptable power penalty for high-speed ADCs.  Another 
approach is auto-zeroing, which although successful on intermediate speed 
converters, is not well suited for high-speed ADCs, due to the introduction of 
a phase for storing the offset, not to mention the need for auto-offset-storing 
elements such as capacitors, which bring extra devices and parasitics into the 
circuit.   

Another approach which indirectly addresses offsets is that of 
interleaving.  If N ADCs sample the input in turn, then each ADC has N 
times longer to resolve the input.  The increased effective conversion speed 
is countered by an N-fold increase in layout area, since each of the 
interleaved channels needs sufficiently large devices to have low offsets.  
However, this approach does allow auto-zeroing ADCs, which overcome 
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offsets, to be used.  In the case of interleaving auto-zeroing ADCs, though, 
each channel must have sufficiently large capacitors to maintain the 
commensurate device noise for the target SNR.  A further complication is 
driving multiple ADCs from a single source.  Not only does the loading of 
the source need to be carefully controlled, but so does the timing.  We do use 
interleaving-by-2 (N=2) for the ADC presented here, since this gives a speed 
benefit without too large an area penalty or too much complexity in timing.  
However, since we don’t use auto-zeroing to obtain the highest converter 
speed, we still needed to address device mismatch.  The most direct way to 
tackle the problem is to calibrate out the offsets, in a way that does not 
impede the analog circuits in any way, and does not add significantly to the 
power or area budget. 
 

4. ADC Calibration Topologies 
 

Various offset calibration topologies have been used, primarily on slower, 
higher resolution pipeline ADCs.  Both foreground calibration during which 
the converter cannot be used [8] and background calibration during which 
the ADC can continue resolving the input [9] have been demonstrated.  Other 
background techniques are applicable beyond their pipeline ADC 
implementation, and include introducing a small uncorrelated signal on the 
input, and driving the error term to zero [10]; having one redundant 
interleaved ADC, which can be swapped into the interleaved array, to allow 
each ADC channel to be calibrated [11]; and using a queue-based cascaded 
Track&Hold, which runs more slowly than the ADC, to allow periodic 
introduction of calibration vectors [12].  These latter two techniques are not 
suitable for this high-speed ADC. 

One other technique which has gained some acceptance is post-ADC 
linearity and timing improvements using DSP filtering/algorithms on the 
digital data.  The coefficients of the digital filter are typically set for a 
specific Nyquist zone during calibration at final test.  This approach is 
outside the scope of this work, but clearly has the draw-back that some types 
of ADC errors can not be corrected in the digital domain, and that the 
corrections require a continuously running DSP with its associated 
significant power dissipation. 

We use a one-time foreground offset cancellation technique, similar to 
the one demonstrated on a high-speed flash ADC converter [13].  However, 
in this work, the calibration is performed fully on chip, without the need for 
externally applied calibration vectors or even for the removal of the input 

been combined with folding, and further demonstrates how complementary 
these two approaches are.   

signal. We believe this work documents the first time  calibration has  
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Fig. 4.  Block diagram of this calibrated folding-interpolating ADC, showing only the 1st 
interleaved channel.  Offsets and nonlinearities arising from elements inside the shadowed 
blocks are fully compensated for by the calibration correction applied between fine amps 1 

 
 

5. Self-Calibrating Folding-Interpolating ADC 
Architecture 

 
A complete overview of the ADC from MUX’ed calibration vectors at the 
input buffer to the encoder outputs is given in Fig. 4.  After the 1st buffer 
which follows the input MUX, the Track&Hold, distributed fine Amps 1, 2, 
and 3, comparators, coarse comparators, encoder, and LVDS outputs are all 
interleaved by two, running at 800 MHz for this nominally 1.6 GS/s 
differential ADC.  In the absence of interleaving, this is the highest speed 
CMOS 8-bit single-channel ADC published to date. 

Note the large number of front-end blocks whose linearity or offsets are 
calibrated by a single correction point between preamplifiers 1 and 2.  They 
are indicated by shadowed boxes in Fig. 4.  We now describe in detail each 
of the major circuit blocks sequentially. 
 
 

5.1. Input MUX 
 

By applying the calibration vectors at the very beginning of the signal chain, 
the number of functional blocks whose offsets can be corrected are 
maximized.  However, this requires an on-chip analog input MUX with very 

and 2.  Fine Amps 1, 2, and 3 are each made of an array of 27 amplifiers.  
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low distortion at GHz input frequencies, to maintain good Nyquist 
performance.  This was achieved using a constant VGST NMOS pass-gate, 
shown in Fig. 5.  The gate-to-source voltage of pass-gate M0 is set by the 
combined on-voltage of M1 and M2. Since the body effects of transistors M0 
and M1 nearly cancel, and M2 with its well tied to its source has no body 
effect, this NMOS pass-gate posses a constant on-resistance and therefore 
very low distortion.  Furthermore, the constant on-resistance is achieved with 
very low power, since only a small bias current is required to maintain the 
bias voltage. The transient response is assured by capacitive coupling 
between the gate and source of M0.  Unlike the more conventional constant-
VGS sampling switch used in the Track&Hold, this pass-gate only switches at 
the start and end of calibration. 

 

 
 
Fig. 5. The high-bandwidth, low-distortion input-MUX gate is low power and has nearly 
constant-VGST (body effects of M1 and M0 nearly cancel, M2 has no body effect).  

 
5.2. Interleaved Track&Hold 

 
Because of the very high conversion speed, an open-loop topology was 
chosen for the Track&Hold.  The pseudo-differential architecture uses two 
separate but identical circuits for the positive and negative part of the 
differential input signal, one of which is shown in Fig. 6.  As depicted, the 
Track&Hold employs interleaving.  After a shared first buffer, the signal 
splits into two interleaved paths running at half the converter speed.  Each 
interleaved path is made up of a sampling switch, SS, the sampling cap, CS, 
and a second buffer. The first buffer reduces input signal loading and 
kickback noise, while the second buffer drives the first array of 
preamplifiers, which follows. 
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Fig. 6.  Interleaved Track&Hold and timing diagram. 
 

The most important advantage of interleaving-by-2 is that both the track 
time and the hold time of the Track&Hold are more than doubled (these 
times are more than doubled because the effective period doubles, but the 
switching time between track and hold does not—an appreciable effect at 
these conversion speeds!).  This greatly simplifies the design of the sampling 
switch and second buffer.  However, interleaving can greatly degrade the 
SNR because of mismatches between the two interleaved paths.  Timing 
mismatches, which become increasingly important at higher input 
frequencies, add to the SNR degradation due to gain and offset mismatches.  
Each of these sources of potential error was successfully addressed in this 
design.  Gain and offset for both interleaved channels are matched by sharing 
the same input buffer and including the Track&Hold in the calibration path.  
The sampling aperture offset between the two interleaved channels, tA, was 
minimized using a master sampling clock, samp, as shown in Fig. 7, and 
previously used in [14].  As seen, the sampling instant is determined by the 
falling edge of the full speed clock signal samp, which is common to the two 
interleaved sampling switches.  Local half speed signals, track1 and track2, 
provide the interleaving function between the two channels, but are not 
timing critical.  The resulting aperture offset tA was extracted as < 0.35 ps 
(peak-peak) at FS = 1 GS/s and FIN = 1.5 GHz for all nine parts examined, 
using the FS / 2 - FIN spur (PtA) with equation: 
 

PtA (dB) = 20 log10 (2π FIN tA,RMS)                             (5) 
 
where tA = tA,RMS x 2, see e.g. lower spectrum in Fig. 13.  Exacting layout 
using both step-and-repeat methodology, to reduce sensitivity to mask 
misalignment, and cell mirroring, to allow symmetric clock distributions, 
was made possible by creating mirror-invariant layout for the Track&Hold.  
As a result, the tA dependence on operating conditions showed that tA was 

S
Fs / 2), likely fed into the clocking through the power bussing.  
not limited by layout, but by F / 2 noise (e.g. , the LVDS drivers run at  
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Also shown, as part of Fig. 7, is a simplified schematic of the constant-
VGS switch used for sampling.  The track-phase boost capacitor, previously 

ON, is connected between gate and source of the sampling 
 

 
 
Fig. 7. Simplified constant-VGS switch for the 1st interleaved channel. Note that the sampling 
switch for the 2nd interleaved channel is identical but driven by hold2, generated by track2 
and samp.  The timing diagram shows the hold1 and hold2 rising edges determined by the 
samp falling edge.  
 
 

source voltage during the track phase.  This pseudo-differential architecture 
would achieve the required 8-bit linearity despite the switch not being 
compensated for the body effect (as the MUX pass-gate is), even without 
being placed inside the calibration path. 
 
 

5.3. Preamplifiers 
 
A combination of best design practices was used to reduce power as much as 
possible.  For example, to amplify a signal by a factor of 27, it is more 
efficient to cascade three amplifiers, each with a gain of 3, than to use just 
one single, high-gain amplifier. 

The preamplifiers following the Track&Hold serve three purposes:  1) 
To amplify the small voltage difference between the signal and reference to 
be much larger than the input-referred comparator offset, 2) To generate new 
crossing points through “interpolation,” which reduces the number of 
reference voltages the input signal needs to be compared to, and 3) To “fold” 
the crossing points onto a reduced number of shared wires, which reduces the 
number of required comparators. 

charged to V

switch, thus acting as a battery and providing an almost constant gate-to-
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5.4. Interpolation, Folding, and Averaging 
 
We briefly describe the well-known circuit techniques of interpolation, 
folding, and averaging, which are used extensively in the preamplification 
stages of the fine channel [3,15,16]. 

Interpolation allows the generation of intermediate voltages, so that the 
input voltage does not need to be compared to 255 distinct reference voltages 
at the front-end of a flash-like converter.  Each input to reference voltage 
comparison at the front end would require its own amplifier, consuming an 
unacceptable amount of power and area.  “Virtual” crossing points, which 
aren’t the result of the input crossing a physical reference voltage, are created 
through resistor interpolation at subsequent stages of amplification.  In this 

 

 
 

Fig. 8. The first preamplifiers are differential differencing amplifiers.  Their connection to the 
flash-like reference ladder is indicated.  

 

The first stage preamplifiers convert the pseudo-differential (ground-
referenced) Track&Hold output into a true differential signal for better 
supply rejection and processing ease. This is accomplished with differential 
differencing amplifiers, as shown in Fig. 8. The differential reference 
voltages are generated from a scaled version of a precise bandgap reference, 
mirrored across a single resistor ladder, and tapped at evenly spaced 
intervals. Important is that the reference signals are low enough impedance 
to settle transient spikes within one comparison period. Using a single 
reference ladder has the advantage that kickback from the differential pairs is 
cancelled to the first order, since each tap point is coupled to both polarities 
of the input signal through the gate-to-source capacitances of two amplifiers. 
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design, the second and third preamplifier stages generate three and four 
crossing points, respectively, for every one “powered” crossing point. 

Interpolation only reduces the required number of preamplifiers, but the 
comparators still consume significant power and area.  Likewise, a large 

logic.  In this design, a total folding order of nine is achieved by cascading 
two stages of folding-by-three, as in [16].  The existing second and third 
preamplifier arrays are available for this purpose.  In each of these arrays, 9 
X 3 differential pairs are joined at the load into nine amplifier triplets, each 
sharing a common load, whose outputs are interpolated and made available 
to the following stage.  The number of comparators is thus reduced by nine. 

Minimizing the folding order of one stage to 3 and using cascade folding 
has the advantage of reducing parasitic capacitance at the folding nodes, 
since fewer amplifier outputs are tied to the same bus.  Nonetheless, the large 
physical separation of the amplifiers tied to one folding bus results in a 
significant parasitic capacitance.  To mitigate the effects of this capacitance, 
we use a folded cascode output stage as shown in Fig. 9 (folded cascode is 
used in contrast to telescopic cascode, and is unrelated to the term folding 
used to describe this ADC architecture).  Although a folded cascode 
consumes extra power, in this case, the extra power is negligible, since it is 
shared between three amplifier differential pairs.  The low source impedance 
shields the capacitance of the folding bus from the high-impedance output, 
and reduces the voltage swing at the differential pair drains, thus reducing 
kickback to the previous stage. 
 

 
 
Fig. 9.  Preamp2 showing three amplifiers grouped onto a folding bus.  The folded-cascode 
load mitigates the effect of the large load at the amplifiers’ outputs.  
 
 

Some information is, of course, lost in the 9-to-1 mapping of folding, 
and so seven “coarse” comparators are used to locate which of the nine folds 
the input signal was in.  Since the coarse comparators work in parallel, there 
are no decision feedback loops, and high-speed throughput is possible. 

number of comparator outputs leads to increasingly complex digital encoding 
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Folding adds extra offset because the two saturated pairs not involved in 
a decision need to have their tail currents exactly cancelled or matched.  
Therefore, averaging is used to reduce the effects of these offsets, as 
described in [15].  The principle is to statistically reduce the influence of one 
amplifier’s offset by making each amplifier output the superposition of its 
own and its neighbor’s outputs, assuming that the neighbor’s offsets are 
uncorrelated.  Effective device noise, while not dominant in this design, is 
also reduced in the same way.  The more amplifiers that contribute to a 
single output, the greater the improvement.  Relatively low-valued resistors 
join neighboring amplifier outputs and, for preamplifiers 2 and 3, make use 
of the same resistors already used for interpolation.  

Each of the three preamplifier arrays incorporates averaging.  However, 
its benefit is strongest in the first amplifier stage, where more neighboring 
amplifiers remain unsaturated, thus increasing the number of amplifiers, 
which pull the “active” amplifier’s output towards the correct value.  Later 
amplifier stages, although benefiting less from averaging, benefit more from 
the input-referred offset being divided down by the gain of the earlier 
amplifier stages. 
 

5.5. Calibration 
 

After a start-up delay following power-on, twenty-seven calibration vectors 
from an on-chip linear reference resistor are MUXed to the input buffer 
during a user-transparent 29 µs calibration cycle, during which time the 
analog input signal is automatically disconnected from the converter input.  
As in the first preamplifier reference ladder, the calibration vectors are 
generated from a scaled version of the bandgap reference, mirrored across a 
large-area resistor, and tapped at precise intervals.  Offsets at each of the 
distributed and cascaded amplifier 1 and 2 pairs are corrected using a simple 
current DAC which adjusts the voltage across resistors placed in series 
between the output of each Amp 1 and the input of the following Amp 2 diff 
pair.  The series resistors are necessary to localize the offset correction going 
into the less-averaged Amp 2, while still correcting for offsets in the more-
averaged Amp 1. 

The DAC is shown in block form, “Calibration Correction Adjust” in 
Fig. 4.  The corrective current injection is shown as a single-ended signal in 
this block diagram, and correctly as a differential signal in Fig. 9.  Although 
the original intent was to calibrate the offsets of “fine” preamps 1 and 2, this 
architecture calibrates most of the critical analog blocks as shown in Fig. 4, 
where they are indicated with shadow boxes.  The linearity of the input 
MUX and 1st buffer are calibrated, as are the linearity, offset, and gain of the 
Track&Hold and 2nd buffer.  This latter calibration correction was crucial in 
enabling an interleaved architecture, as previously described.  Offsets in the 
fine reference ladder linearity and gain are calibrated, as are those in preamp 
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1, including its load and averaging resistors, and the series resistors 
introduced for applying the calibration correction itself. Finally, offsets in 
Amp 2, its load, its averaging, and its folding are calibrated.  The first offsets 
 

 
 

Fig. 10. During calibration, NC comparator outputs determine the ICAL1,2,.. adjustments for NA 
amp1’s, while VIN is stepped with a linear on-chip resistor.  The amplifier zero-crossings are 
folded onto comparator zero-crossings, resulting in a minimum NC = NA / k. Fine Amps 1,2, 
and 3 are each made of an array of 27 amplifiers. 

 
not calibrated are in the interpolation at the output of Amp 2, since they don’t 
map back uniquely to the calibration adjustments.  The offsets of Amp 3 and 
later blocks, although not calibrated, have a small contribution to the input-
referred offsets, due to the gain of the previous two stages of amplification. 

Many of the blocks in the calibration path already have at least 8 bits of 
linearity. Their pre-calibration accuracy reduces the required dynamic 
calibration range, simplifying the digital calibrator circuitry and correction 
DACs.  Furthermore, to ensure robustness, neither timing nor settling offsets 
are calibrated.  This leads to a very stable calibration over clock frequency 
and time.  I.e., a calibration performed with FS = 100 MS/s is fully valid even 
if the clock frequency is changed to FS = 1.8 GS/s.  Further, the key 
parameter calibrated, INL, measured repeatedly after a single power-up 
calibration, showed no significant drift over 50 hours of operation. 

During calibration, rather than interpreting the encoded output, a limited 
number of comparator outputs, NC, are examined directly, as indicated by the 
block “Calibration Correction Detect” of Fig. 4, which contains latches and 
combinational logic to adjust the correction DACs.  To simplify calibration 
of each of the distributed Amp 1 and 2 pairs, the number of these input 
amplifiers, NA, must be an integer multiple of the order of folding, k (k = 3 x 
3 = 9 in this ADC).  This maps the folded zero-crossings of the ADC transfer 
function back onto the Amp 1 and 2 zero-crossings, see Fig. 10.  Without 
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interpolation, this relation is mathematically necessarily true.  However,      
by maintaining it even in the presence of interpolation, the number                    
of comparators examined, NC, are minimized. The transfer-function  
 

 

 
 

Fig. 11.  Measured DNL and INL at 1.6 GS/s. 

 
zero-crossings are detected using comparator outputs already present for 
normal operation, avoiding additional analog circuitry.  The number of 
comparator outputs thus examined is NC = NA / k, assuming NA ≥ k.  If NA = 
k, then only a single comparator output is used, eliminating the inter-
comparator offset error during calibration.  In this design, NA = 27, and      
NC = 3. 
 
 

6. Experimental Results 
 
This calibrated-folding ADC is able to operate substantially above 1.6 GS/s.  
The test system limits the maximum conversion rate to 1.8 GS/s, where 7.5 
ENOB are achieved for a 50 MHz input.  However, since this is a Nyquist 
converter, we report all results here at 1.6 GS/s, at which conversion speed 
the Nyquist performance is not compromised. 

Figure 11 shows the Differential NonLinearity (DNL < ±0.15 LSB) and 
Integral NonLinearity (INL < ±0.35 LSB) at 1.6 GS/s, extracted with a 
9.3175 MHz sinewave input.  In addition, INL is plotted for one interleaved 
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channel with calibration disabled.  The uncalibrated INL curve is typically ≤ 
±4 LSB, but varies widely in shape between parts.  Fig. 12 plots ENOBs 
versus input frequency, maintaining nearly 7.0 ENOBs up to 1.1 GHz input.  
The near Nyquist performance for CMOS ADCs recently published at  
 

 

 
 
Fig. 12.  Measured ENOBs versus FIN at 1.6 GS/s.  The near Nyquist performance for CMOS 
ADCs recently published at ISSCC are also indicated [14,17-23]. 

 

 
 

Fig. 13.  Measured Spectrums at 1.6 GS/s for FIN = 97.7 MHz and 897.77 MHz. 
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ISSCC are also indicated [14,17-23].  Note that performance approaching 
this work has only been achieved in CMOS technologies using heavily 
interleaved pipeline ADCs, which then results in extensive timing calibration 
between the individual banks.  Furthermore, this previous work applied the 
calibration at the system level, with external calibration vectors required at 
the input. 
 

 
 

Fig. 14.  Measured 800 MHz Beat-Frequency test at 1.8V.  The converter samples a 810.7 
MHz, 0.70 VDIFF Squarewave at 810 MS/s.  The principle of the test is indicated below the 
plot.  

 
 

Fig. 15.  Measured 1.6 GS/s Beat-Frequency test at 1.8V.  The converter samples a 1.6026 
GHz signal at 1.6 GS/s.  The digital source showed deterministic jitter above 1.5 GHz.  
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INL and DNL can be misleading in determining an ADC’s performance, 
because they are based on an averaging or histogram measurement, and 
because they are usually performed at low input frequencies. A much more 
stringent test, besides the classical spectrum plot of Fig. 13, is the beat 
frequency test, in which the input and sampling frequency are almost 
identical, resulting in a low frequency reconstructed signal corresponding to 
the difference in or “beat between” FS and FIN. Fig. 14 shows the measured 
800 MHz beat-frequency test at 1.8V. The converter samples a 
 

 
 
Fig. 16.  Measured Pulse-Response at 1.8V and 1.6 GS/s.  VIN = 1 MHz, 0.70 Vp-p differential 
squarewave. 
 
 

 
 

Fig. 17.  Zoom-in of previous Pulse-Response at 1.8V and 1.6 GS/s. 
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810.7 MHz, 0.70 VDIFF Squarewave at 810 MS/s.  A graphical representation 
of the test principle is indicated in the lower part of the figure.  Fig. 15 
repeats the same test at 1.6 GS/s, to be consistent in reporting the ADCs 
performance at this higher conversion rate.  Since the third harmonic is 
substantially above the 1.75 GHz input bandwidth of the ADC, the resulting 
waveform looks nearly like a sinewave.  However, this stringent test showed 
less the performance limitations of the ADC, than the test equipment, which 
has an even-odd deterministic jitter above 1.5 GHz.  We documented that 
this performance degradation was indeed the digital pulse generator by 
replacing this source with a high-purity sinewave at the same 1.6 GHz input 
frequency, with substantially better results, as seen. 
 

 
 

Table I.  Performance Summary at 1.6 GS/s for single ADC. 

 
One final set of measurements, pulse responses, is presented in Figs. 16 

and 17. These are extremely important for test and measurement 
applications, where a settling tail would create an unacceptable baseline or 
gain wander.  No settling tails within the 8-bit resolution of the ADC were 
attributable to the converter, and we once again were limited by the accuracy 
of our test equipment.  The immediate transient response, however, is limited 
by the input bandwidth of the ADC. 

Table I shows a performance summary at 1.6 GS/s and 1.8 V.  All 
measurements presented in this paper are for a single ADC, although the 
128-pin Exposed Paddle QFP package houses a dual ADC, as indicated in 
the total die area.  Unlike most publications on GHz ADCs, these results are 
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with the outputs delivering the full undecimated data, using sixteen 800 MS/s 
LVDS output drivers.  The total power with an active input, including the 
LVDS drivers, is 936 mW, which has been substantially reduced from the 
1.4 W reported in our initial conference presentation [24].  The improvement 
was achieved by reducing the device sizes in analog blocks.  Compared to 
the earlier publication, the 100 MHz distortion and ENOB values were also 
improved.  Additional power savings by scaling the device sizes even further 
are possible due to the use of calibration. 

The -3dB input bandwidth of 1.75 GHz includes the socket, board, and 
balun, and is assumed to be higher for the ADC alone.  A zoom-in die photo 
of one ADC is shown in Fig. 18.  The large and accurate calibration 
reference generator is shown, as is the calibration control logic, and the 
individual calibration memory with adjustment current DACs.  The input 
MUX and Track&Hold are quite large, in part because metal-metal caps  
 

  
 

Fig. 18.  Die photo of single ADC showing on-chip calibrator and 2X interleaving. 

 
were used for the sampling capacitors and boost capacitors.  The amplifiers 
shown are those for the initial conference presentation, consistent with the 
higher power consumption.  The power and performance reported here 
corresponds to a smaller layout, where device and layout parasitics were 
substantially reduced.  For this die photo, metals 4 and 5 have been removed 
to show the underlying structure. 
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7. Conclusion 
 
We have demonstrated for the first time the significant performance 
enhancement calibration brings to folding-interpolating Analog-to-Digital 
Converters (ADCs).  Offset calibration and folding have proven very 
complementary techniques to enhance the performance of converters.  This 
resulted in a 1.8V ADC in 0.18um CMOS achieving a conversion rate 
exceeding 1.6 GS/s, since the amplifier device sizes were minimized to 
maximize speed, without the restriction of device matching.  At an FIN of 50 
MHz, 7.5 ENOBs were maintained up to 1.8 GS/s, the conversion speed 
limited only by the test system.  At 1.6 GS/s, the ADC achieved 0.15 LSB 
DNL, 0.35 LSB INL, 7.6 ENOB at 100 MHz input, and 7.26 ENOB at 
Nyquist.  The ADC uses 2X interleaving, with each bank running at 800 
MHz for this nominally 1.6 GS/s differential ADC.  In the absence of 
interleaving, this is the highest speed CMOS 8-bit single-channel ADC 
published to date.  At this speed, current consumption from a single 1.8V 
supply was 245 mA analog, 185 mA digital, and 90 mA for the LVDS 
drivers.   

The ac performance is approximately 1.5 ENOBs higher compared to the 
same circuit with calibration disabled. The use of best design practices to 
optimize the ADC linearity prior to introducing calibration resulted in this 
small required dynamic calibration range, simplifying the calibrator circuitry 
and resulting in stable continuous performance over time without 
recalibration. Therefore, the fully on-chip calibration is performed 
automatically, just one time at power-up. 
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Abstract 
 
In this paper a new mode of operation for Sigma-Delta Modulation 
(SDM) is proposed and applied to AD conversion. The proposed 
operation is identified as a sub-harmonic limit-cycle mode. It is shown, 
that in such sub-harmonic mode a more aggressive loop filter function 
can be applied that results in a better modulator performance. 
Moreover, most of the building blocks in the SDM loop operate at a 
frequency that is an integer fraction of the applied sampling frequency. 
That brings several very attractive advantages: a reduction of the 
required power consumption per converted bandwidth, immunity to 
excessive loop delays and to DAC waveform asymmetry, and a higher 
tolerance to clock imperfections. The proposed SDM ADC offers an 
alternative to low-speed low-performance low-cost and high-speed 
high-performance and high-cost implementations by introducing a new 
trade-off between limit cycle frequency and clock frequency. 

The limit cycle modes are studied via a graphical application of the 
Describing Function (DF) theory. A second order continuous time SDM 
with 5MHz conversion bandwidth and 1GHz sampling frequency is 
used as a test case for the evaluation of the performance of the proposed 
type of modulators. The modulator is implemented in a 1.8V, 0.18 
micron digital CMOS process. The theoretical discussion is validated 
with high level and transistor simulations, and measurements. 
 

1. Introduction 
 
Currently, multiple communication applications begin to utilize SDMs with 
large bandwidths (above 10MHz) and with high accuracy (better than 14bit). 
Despite the technology advances, those requirements pose a significant 
challenge for SDM. At the same time, the room for architectural and 
conceptual improvements of SDMs seams to be exhausted and the 
implementations are striving to achieve high performance mainly through an 
increase of cost and complexity. One of the main cost factors is the clock 
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speed. An increase in the sampling frequency requires an increase of the 
gain-bandwidth product of the building blocks, faster settling times and 
power hungry decimation filters. Alternatively, the performance can be 
improved via introduction of multi-bit quantizers or multi-stage (MASH) 
implementations. Those alternatives increase quite significantly the 
complexity of the design and again lead to an increase of area and power 
consumption.  

Here, we discuss in particular, high-order single-bit SDM designs. In 
Table I, several state of the art implementations are selected that realize 
single-loop single-bit SDMs. The designs are ordered in an increasing order 
L of the loop filter and an increasing signal bandwidth. The table illustrates 
ADCs that are designed for different frequency ranges, application areas and 
in different CMOS processes.  
 

Table 1. Comparison: evaluation vs. measurements. 

 
 
 
 
 
 
 
 
 
 
 
 
 
 
 

One of the goals of the table is to illustrate the difference in the ADC 
performance as evaluated analytically or simulated and the actual 
measurement results from some of the best-reported implementations. The 
analytical prediction for the achievable dynamic range (DR) is made with the 
help of the white noise model (WNM) of the quantizer in the SDM loop [9], 
[10]. The WNM treats the quantizer as a noise source with a white spectral 
distribution independent from the input signal. The WNM takes into account 
the loop filter characteristics, the applied OSR and the resolution of the 
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quantizer. For higher order loop filters the zeros in the loop filter 
characteristics are often optimized in order to assure maximum quantization 
noise suppression in a certain bandwidth.  

With the help of the WNM, the achievable dynamic range is evaluated 
with respect to the oversampling ratio (OSR) and the filter order. For full 
scale input signal the dynamic range [9] is given as: 

  
( ) 2 1

2

6 2 1 L

WNM L

L OSR
DR

π

++
=    (1) 

The difference between the WNM prediction and the measurements is given 
in column 8 of Table 1. The SDM implementations (with respect to L and 
OSR) from Table 1 are also evaluated with high-level simulations. A 
generally available tool [11] is used for the evaluation. The results are noted 
in column 9 and the difference with the measurements is given in column 10. 
Several observations from the data in Table I have to be pointed out: 
• The reported measurement results show a significant deviation from the 

estimation that can be made with the WNM. Moreover, the deviation 
increases with the increase of the order of the loop filter and the applied 
OSR. 

• In some cases, the ideal high-level simulations predict performance 
much closer to that of the implemented ADCs. However, the difference 
with the measurements varies a lot between the designs and is worse for 
high-speed applications.  

• The measured signal to noise and distortion ratio (SNDR), when given in 
the reference, is also included in the table in column 12. It shows that in 
practice there are implementation issues that further decrease the 
performance of the ADC with respect to the simulations. 

Based on the above observations, the following conclusions can be drawn: 
• The comparison: analytical model – simulation – measurement brings 

questions about the applicability of the WNM in modern SD design and 
respectively, about the level of understanding of the SDM operation.  

• The SDM design is put on rather heuristic background that relies on 
simulations. Despite their evident importance, the simulations may not 
include all important design parameters and may not always bring new 
insights in the SDM operation and behaviour.  

A step further in the conceptual understanding and theoretical description of 
the SDMs can be done if the modulators are treated as non-linear, closed-
loop, sampled systems. Undoubtfully, such an approach is supported by a 
known phenomenon in the SDM operation, defined generally as limit cycle 
behaviour. Here, we define as limit cycles the periodic modes that appear at 
the output bit-stream of single-bit SDMs. It is well known that those modes 
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can cause appearance of spurious tones in the signal band and can lead to a 
significant deterioration of the performance of the modulator in terms of 
SNDR and DR. However, the WNM of the quantizer in the SDM loop, 
cannot not predict those modes as they originate from the non-linear nature 
of the SDMs. Respectively, an analytical model on the SDM operation is 
required that is capable of describing the limit cycle behaviour.  

Though some recent studies [12] undertake a deep look in the limit cycle 
behaviour in SDM, the phenomenon is mainly studied heuristically via 
extensive simulations. This has resulted in SDMs parameterisation that 
follows simple “rules of the thumb” but without solid analytical background.  
The non-linear properties of the modulators and the phase-gain relation in the 
closed-loop are rarely studied analytically. That is why the WNM is unable 
to predict the appearance of limit cycles and their impact on the performance 
of the system.  

For the understanding and the description of the limit cycles, a ‘non-
linear look’ at SDM operation is required. In the 50ties and 60ties major 
developments in the treatment of closed loop non-linear systems were made 
in the context of automated control [13], [14] and [15]. Those works led to a 
generalized approach for the treatment of non-linear systems: the Describing 
Function (DF) representation of the non-linear element [16]. So far, in the 
context of SDM, those theories have received little attention. In this work, 
the DF theory is used for the modelling of the quantizer function and for the 
investigation of limit cycles modes in SDMs. 

The paper is structured as follows: Firstly, a limit cycle model of the 
SDM operation is introduced. The possibility for operation in a sub-
harmonic limit cycle mode is explained conceptually. Secondly, for the self-
consistency of the paper, the relevant DF fundamentals are summarized and 
put in the context of SDMs evaluation. Then the limit cycle behaviour is 
explained with the help of Asynchronous Sigma-Delta Modulators (ASDM). 
A graphical determination of the limit cycles is demonstrated in the gain-
phase plane with the help of the DF theory. Section 5 elaborates further on 
the limit cycle modes in synchronous SDMs. The impact of the extra loop 
delay and the hysteresis in the quantizer is incorporated in the analytical 
evaluation. Again, the limit cycles’ behaviour is established graphically. 
Section 6 discusses the advantages and disadvantages of the sub-harmonic 
limit cycle operation. A comparison with the standard SDM design is made 
and the benefits of the new mode of operation are discussed. Finally, in 
Section 7, the hardware implementations of an ASDM and a SDM operating 
at a sub-harmonic limit cycle are presented.  
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2. SDM: Limit Cycle Model  
 

A limit cycle model of SDM operation can be developed with the help of the 
system shown in Fig. 1. It is a closed-loop system built with a continuous 
time  linear  filtering  block ( )L jω  and a binary quantizer modelled with its 
transfer  function ( )N A  defined with respect to the amplitude A at its input. 
The sampling operation is embedded within the loop. The loop filter is of a 
second order and has a low-pass character. Here, the study is limited to a 
second order system because it is relatively simple and its properties can be 
easily visualized and interpreted.  

In the general SDM treatment, the sampling operation is performed 
before or within the quantizer. Moreover, in practically all reported SDM 
implementations the quantizer is an internally sampled circuit. The ideal 
quantizer is memoryless and its position with respect to the sampling 
operation is of no consequence for the loop operation. Here, to decouple the 
amplitude quantization from the sampling, the sampling is performed after 
the quantizer.  

Fig. 1. Block diagram of SDM. 

 
 

For the construction of the limit cycle model for SDM, firstly, the 
properties of the output bitstream in idle operation (x(t)=0) are considered. 
For an unbiased system the average value of the output signal should also be 
zero. Thus, under idle condition, due to the full symmetry of the loop and the 
presence of an integrator, the bitstream can consists only of N ones followed 
by N zeros. This requirement presupposes that the only oscillations that can 
exist in the loop are even integer multiples N  of  the sampling period sT  

( 2N k= , and k=1, 2...) [17]. 
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Fig. 2. Idle limit cycles: possible output waveforms. 

 

 In Fig. 2, three possible idle limit cycle modes are illustrated, 
respectively  with  frequencies 2sf , 4sf  and 8sf . All  of  them  can  be 
defined as sub-harmonic modes because they have a frequency that is an 
even integer fraction of the applied sampling frequency. Further in the paper, 
the conditions for operation in one limit cycle mode or another are elaborated 
in detail. Here, we state that, in contradiction with the general perception of 
the SDM operation,  the limit  cycle with frequency 2sf  is not  always  the 
only possible one. Moreover, it may not result in the best performance for 
the system. In fact the designer can choose the sub-harmonic mode and the 
frequency of operation of the SDM loop such that the best trade-off for the 
system performance can be made. Several notions are stated here and are 
going to be elaborated on further in the paper:  
• Every SDM operates at one or more limit cycles. In fact, the situation 

when only one limit cycle is possible in the system can be considered as 
a rare case. In most practical situations, at least two limit cycles are 
possible and the SDM state depends entirely on the instantaneous 
amplitude of the input signal. 

• The SDM will be considered stable when it is able to produce a bitstream 
representation of an arbitrary (for example, zero, DC, sinusoidal or 
Gaussian) input signal with magnitude within its dynamic range. This 
somewhat broad definition of stability is required in order to distinguish 
from instable modes that lead to a permanent clipping of the output to 
either +1 or –1, such that the SDM is not able to process the input signal. 
The above definition of stability identifies as stable also the SDMs that 
operate at a very low limit cycle frequency. This definition is needed 

sf

2
sf

4
sf

8
sf
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because quite often those modes are described as instable, only because 
their behaviour drastically deviates from the predictions of the WNM.  

In order to facilitate the interpretation of the applied approach, next, the basic 
concepts of the DF theory are presented. 
 
 

3. DF: Basic Definitions 
 

The describing functions build quasi-linear approximations of the non-linear 
element according to a certain linearization rule and with respect to 
preliminary defined input signals, for example sinusoids. The linearization 
rule implements a criterion for the evaluation of the approximation. The most 
common criterion used in practice is the minimum mean square difference 
between the approximated output and the actual output of the non-linear 
element. Different describing functions can be derived for the same non-
linear element with respect to different input signals. The basic and most 
often used DF is the sinusoidal input describing function (SIDF). It is 
derived under the assumption that there is a single harmonic component 
(pure sine) in front of the non-linear element. When applied to SDM in idle 
mode, that means that the signal in front of the quantizer is approximated 
with a single harmonic component with frequency of half the frequency of 
the applied clock signal. An assumption is made that in idle mode only the 
fundamental component of the limit cycle is propagated though the loop 
while its harmonics are very much suppressed. The validity of this 
assumption when the system uses higher order filters and oversampling 
ratios is in most cases evident. Here we aim qualitative evaluations and a 
possible small inaccuracy of the DF result is of a little consequence.  

The SIDF for a binary quantizer and a binary quantizer with hysteresis h 
for a sine input signal with amplitude A are given respectively as: 
 

  ( ) 4N A
Aπ

=                   (2) 

 

( ) ( )1
2

sin /
2

4 4 4, 1 j h Ah h N A j e        A>h
A A A A

ϕ
π π π

−− = − − = 
 

 (3) 

 

The quantizer output levels are normalized to +/-1 and j accounts for the 
phase rotation of the complex function (3). In fact the ideal quantizer can be 
seen as a special case of the quantizer with hysteresis, when h=0. 
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4. Evaluation of Limit Cycle Oscillations in ASDM 
 
The interpretation of limit cycle behaviour in SDM is significantly facilitated 
by a study of a system for which the limit cycle is an evident and inherent 
property. Such a system is the Asynchronous Sigma-Delta Modulator 
(ASDM). 
 

4.1.  ASDM Operation and Properties 
 
There are several reasons to start the study of limit cycle behaviour with a 
closer look at ASDM: 
• ASDM [18], [19] can have a very similar structure to that of a typical 

continuous time SDM. It is a closed-loop system (Fig. 3) built with a 
continuous  time  linear  filtering  block ( )L jω  and a binary quantizer 
modelled with its describing function ( )N A . 

Fig. 3. ASDM Block diagram. 

• The ASDM transforms the information in the amplitude of the input 
signal into time information in a binary output signal, without an 
external sampling signal. The amplitude-time transformation in the 
ASDM is done via an inherent periodic self-oscillation: a limit cycle. 
The limit cycle frequency wc can be regarded as a counterpart of the 
clock frequency in SDM and is defined [20] as the main ASDM design 
parameter that determines the spectral properties of the output signal and 
the quality of the amplitude-time transformation.  

A detailed description of the properties of the modulator can be found 
elsewhere [21]. Here we pay special attention to the determination of the 
limit cycle behaviour of the modulator. 

The possibility for self-oscillation in closed-loop linear systems is 
determined after an investigation of the phase-gain relation in the loop. A 
basic criterion can be used (most known as Barkhausen criterion) that states, 
that a closed-loop system is prone to self-oscillation at a frequency for which 
an integer multiple of 360 degrees of phase shift occurs and the gain is 1. In 
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the ASDM context such a criterion can be established with the help of the 
DF representation of the quantizer, because it allows application of linear 
theory. Undamped oscillations that are found in the linearized systems are 
then interpreted as limit cycle oscillations in the non-linear system. For 
consistency, the amplitude A of the limit cycle is defined and observed at a 
fixed position in the system, for example, for the signal i(t) in front of the 
non-linear element. The observation point is concluded from the fact that this 
is the point from the signal propagation path that exhibits continuous 
variations in amplitude with respect to the system parameters and the input 
signal v(t). The existence and the parameters of the limit cycle oscillation are 
established for zero input signal, v(t)=0. The system in Fig. 3 is described 
with the following set of equations: 

 

 
( ) ( ) ( )
( ) ( ) ( )

I j L j Y j
 
Y j N A I j

ω ω ω

ω ω

= −

=
   (4) 

 
The solution of (4) is given by the following equation: 
 

  ( ) ( )1 0c cN A L jω+ =     (5) 
 

Equation (5) can be used in several ways in the study of limit cycles’ 
properties. Firstly, it can be solved analytically for the determination of the 
limit cycle amplitude c A  and frequency cω

 

 
4.2.  Graphical Prediction of Limit Cycle Oscillations 

(ASDM) 
 

A  solution  of  (5)  can  be  found  if  the transfer characteristics of ( )L jω , 
parameterised with respect to frequency and of ( )1/ ,N A ϕ− , 
meterised with respect to amplitude A are plotted in the same co-ordinate 
system. Then the crossing points of the two characteristics determine the 
solutions of equation (5) and consequently the limit cycle points. For the 
purpose, magnitude-phase plots, polar or root-locus representations can be 
employed. Here a magnitude-phase plot is used. An example for a second 
order system with quantizer defined as in (3) and loop filter defined as in (6) 
is given in Fig. 4. After deriving the magnitude and the phase of (6), the 
solution of (5) is found graphically. 
 

para-

. Alternatively, a graphical  solu-
tion of the equation can be sought. 
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  ( ) ( )
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2

2
z p

p z

j
  L j

j

ω ω ω
ω

ω ω ω

+
=

+
    (6) 

 
The DC gain in (6) is normalized to 1 and for the second order system two 
coinciding poles and a zero are introduced. The solution of (5) is given by 
the crossing point of the linear and the non-linear transfer characteristics, as 
indicated on the picture. For the chosen test case only one limit cycle is 
possible. The limit cycle frequency can be altered via modifications of 

( )L jω and/or the quantizer. For example, the crossing point  can be 
changed via a modification of the zero position in ( )L jω  or  via 
modification of the hysteresis value. 
 

 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 

Fig. 4. Graphical determination of limit cycles in second order ASDM. 

 
This approach allows a simple and quick estimate of the limit cycle 

oscillations. Its main advantage can be seen not only in the establishment of 
the limit cycle parameters but also in the visualization of the trends and 
dependences in the system. The evaluation of the limit cycles is confined to 
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N A ϕ
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Limit Cycle  
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w 
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plotting the two complex functions ( )L jω  and ( )1/ ,N A ϕ− in  a  way 
that can give most insight in the system behaviour and trends.  

In practice,  if  the initial values of cA  cω  are  different  from  those 
determined from the crossing point, the loop mechanism would adjust them 
so that the limit cycle point is reached. In the described case, the DF is 
giving a very good prediction for the existence, frequency and amplitude of 
the limit cycle. 
 
 

5. Limit Cycles in SDM 
 
The SDM can be approached with the limit cycle model created for its 
asynchronous counterpart. The sampling operation is embedded within the 
loop, as shown in Fig. 1.  
 
 

5.1.  Graphical Evaluation of the Limit Cycle  
Modes in SDM 

 
In the context of SDM, we need to investigate the interaction between the 
sampling clock with frequency ws and the conditions for asynchronous limit 
cycle as established in the previous section for the ASDM. The limit cycle 
modes in a SDM can be established if the sampling operation is treated as a 
process that introduces phase delay in the loop. A phase shift is introduced 
that is dependant on the clock frequency ws. Again, firstly, the idle limit 
cycle modes are studied as those determine stable points in the system 
operation. The situation when the input signal could induce a limit cycle that 
does not exist in idle mode can be considered as a rare special case. 

The phase delay that is introduced in the loop depends on the particular 
sub-harmonic mode, such that per mode N, the delay, normalized to the 
period  of  the  sampling clock,  can have any value in the range ( )0 : 2 Nπ . 
The  limit  cycle  with frequency 2sω  will be called first  mode.  All  other 
limit cycles with lower frequencies are called sub-harmonic limit cycle 
modes and are referred to with their respective order N. For the analytical 
evaluation the sampling delay in the loop can be taken into account via a 
modification of the describing function of the quantizer. The new sampled 
describing  function  is  given as ( ), N, , sN A ϕ τ∗ , where  the  sampling  delay 
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for limit cycle mode N is , s Nτ . Limit cycle oscillations occur for sets of A, 
j, , s iτ  and w for which: 
 

  ( ), ( ) 1 , , s iL j N Aω ϕ τ∗= −    (7) 

 
The DF recognizes the signal in front of the quantizer only at the sampling 
instants. The frequencies, for which the sampling operation can add enough 
delay  into  the  loop such that the locus ( )-1 N A  is crossed,  correspond  to 
limit cycle modes. The idle limit cycle model is illustrated in Fig. 5. An ideal 
binary quantizer is used in the evaluation. The DF of such a quantizer (2) is 
dependent only on the sign of the driving signal and is a real function of the 
amplitude A, thus it is a straight line on the gain-phase plot. Furthermore, the 
DF assumes that the input to the quantizer is sinusoidal and only the 
fundamental component of the output signal is taken into account in the 
analysis. Thus for the idle case when no other signal components are 
propagated in the loop but the clock signal or its integer multiples, the DF is 
defined with respect to the idle oscillations in the loop.  

Fig. 5. Idle limit cycles in second order SDM. 

S. Ouzounov et al.



109 

The  delay  for each s Nω  frequency is shown as a line  originating  from 

the  discrete  points ( )sL j Nω  and  with  length equal to 2 Nπ .  For  our 

test  case,  two  limit  cycle modes are identified with frequencies 2sω  and 

4sω .  Limit  cycles with lower frequency are not possible because the total 
phase delay in the loop does not provide 360 degrees phase shift. The first 
limit cycle with frequency 2sω  is the only mode that  is  considered  in 
practice for the design of SDMs. The assumption that the loop always 
operates with 2sω  is the base for the white noise model. However, the 
second limit cycle mode that corresponds to 4sω  should also be taken into 
account. An increase of the loop gain shifts the ( )L jω  locus downwards 
and results in higher amplitude of the limit cycle; however, its frequency 
remains the same, because the phase characteristic of the filter remains the 
same. The loop can be forced to operate at one limit cycle or another with a 
proper phase compensation of the linear part of the loop. Fig. 5 shows that 
even simple second order sigma delta modulators can enter multiple sub-
harmonic limit cycles. The number of possible sub-harmonic modes depends 
on the filter transfer characteristics and the applied sampling frequency. For 
the example in Fig. 5, the filter coinciding poles are positioned at low 
frequency and for that frequency range the filter causes maximally 180 
degrees phase shift. The zero is positioned at high frequencies and reduces 
the phase shift back to 90 degrees.  

An important remark is that in SDM all limit cycles, if simultaneously 
possible, have harmonically related frequencies. An inspection of Fig. 5 
shows that for the studied filter example, loop operation with frequency 

2sω ,  can be achieved only if the sampling is applied in the region where 
the double pole introduces phase rotation less than 90 degree (if it is above 
90 degrees, the first sub-harmonic mode 2, will also be possible). This 
however, would result in a filter with very high frequency poles and 
respectively with bad suppression of the quantization noise in the baseband. 
A practical second order SDM implementation has the poles of the loop filter 
as close to the origin as possible. From Fig. 5 it can be seen that such filter 
configuration results in the simultaneous possibility for at least two idle limit 
cycle modes. The active mode for zero input can be established with 
perturbation analysis.  It shows that for zero input the limit cycle with 4sω  
is stable and active, while the limit cycle with frequency 2sω  is entered 
for busy operation and for certain amplitudes of the input signal.  
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The amplitude and the frequency of the limit cycle are modulated by the 
input signal. That leads to the appearance of spectral components positioned 
around the limit cycle frequency and with energy that depends on the 
amplitude of the input signal. In order to prevent the appearance of these 
components in the baseband, the limit cycle frequency has to be much higher 
than the desired conversion bandwidth. In the SDM case, the sampling 
operation de-correlates the limit cycle tones from the input signal and 
spreads them in frequency. The tones are not distinguishable from the noise 
floor even for high input levels under the condition that the limit cycle 
frequency is high enough. When more than one limit cycle is possible, with 
the increase of the input signal, the system jumps between the limit cycles 
depending on the instantaneous amplitude of the signal in front the quantizer.  
 

5.2. Impact of the Extra Loop Delay  
and the Hysteresis 

 
From the limit cycle point of view, the most important practical constraints 
are introduced by the extra loop delay and the hysteresis in the quantizer. 
Those two are underlined among the numerous other practical problems that 
may appear during an implementation, because they have a dominant impact 
on the performance and are present in any implementation. For example, in 
any physically realizable system the propagation delay is not zero and some 
hysteresis is present in the quantizer. The limit cycle model offers a better 
understanding of the mechanism through which those effects deteriorate the 
SDM performance. The impact of the total delay t in the loop can be 
incorporated in the filter transfer function: 
 

  ( ) ( )
( )

2

2
z p j

p z

j
  L j e

j
ωτω ω ω

ω
ω ω ω

−+
=

+
   (8) 

 
In Fig. 6, the limit cycle behaviour of an SDM with a binary quantizer is 
evaluated for two values of the loop delay.  

The delay decreases the phase margin to the low frequency limit cycles. 
For the studied filter configuration and clock frequency, a delay of 20% of 
the clock frequency already led to the appearance of 8sω  limit cycle. The 
impact of the delay for higher frequencies is higher. A delay that approaches 
the period of the sampling clock leads to operation at a very low frequency 
limit cycle and has a severe deteriorating effect on the performance of the 
modulator. 
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Fig. 6. Evaluation of the impact of the delay into a second order SDM, a) for delay 1 0τ = ; 

b) for delay 2 0.2 CLKTτ = . 

  
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 

 
 

Fig. 7. Evaluation of the impact of the quantizer hysteresis, a) for delay 1 0τ = ; b) for delay 

2 0.2 CLKTτ = . 
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The impact of a hysteresis in the quantizer is illustrated in Fig. 7. The 
hysteresis also limits the phase margin in the loop. For the example, as 
shown in Fig. 7, the hysteresis renders limit cycle 2sω  impossible.  

The graphical application of the limit cycle model of the SDM operation 
can serve as a tool for a quick evaluation of the available phase margin in the 
loop and the possible limit cycle modes. 
 
 

6. SDMs Operating at Sub-Harmonic Limit Cycles 
 
From the discussion so far, it is clear that every SDM is prone to entering 
one or more idle limit cycle modes. The possible modes need to be carefully 
investigated and taken into account in the transistor level design of the 
building blocks. The design of ( )L jω  (especially for higher order transfer 
functions) should be done with considerations for the possible limit cycles 
for the chosen sampling frequency.  

The most common approach used in practice is to aim always for 
maximum limit cycle frequency equal to 2sω .  That requires a significant 
GBW from the linear part. The requirement is becoming much more 
stringent when clock speeds, at the edge of the technology, are desired. 
Achieving a GBW product that is high enough for those clock speeds can be 
very expensive, if possible at all. Even when the technology allows operation 
at 2sω  that  would leave very little room for extra processing inside the 
loop because of the very high sensitivity to extra loop delays [22]. An 
alternative approach is possible: The SDM loop can be deliberately designed 
to operate at one or more sub-harmonic limit cycles i.e. with an even integer 
fraction of the clock frequency. For example the sub-harmonic modes shown 
in Fig. 6 can be used. In this case, only the sampling switches operate at the 
full clock speed. The rest of the loop operates at the limit cycle frequency, 
thus with a significantly lower average speed.  
 

6.1. Calculation of the Baseband Quantization  
Noise Power 

 
More insight in the consequences of working at a limit cycle can be acquired 
after the evaluation of the quantization noise power PN within bandwidth B: 
 

  ( )
( ) 2

0

2
1

B

N P E f df
L f

=
+

∫   
 (9) 
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where E(f), is the quantization noise spectrum. Firstly, the white noise model 
for a binary quantizer with a quantization step of 2 is used: E(f)=1/(3fs). For 
a second order system, (9) is evaluated as: 
 

   

54 2
15N

s

B P
f

π  
≈  

 
                      (10) 

 

From (10) follows that PN decreases with 15dB for each doubling of fs. 
Secondly, the quantization noise spectrum ELC(f) that arises from the 
sampling of a square wave with frequency fc (the limit cycle frequency) with 
clock frequency fs, is evaluated [23], [24] as: 

   
28( )

3LC c s E f f T=                (11) 

Calculation (11) has to be done with respect to the lowest possible limit 
cycle as predicted by the DF evaluation. When we take into account that the 
loop operates at an even fraction N= fs /fc of the clock frequency, from (11), 
PNLC is: 
 

      ( )
54 4

52 3
4

8 8 22
3 5 15NLC c s

c s

B P f T B N
f f

π π  
= =  

 
              (12) 

From (12) it can be concluded that when the SDM operates at a limit cycle, a 
penalty of 9dB is introduced for each reduction by two of the loop frequency. 
In Table 2, several SDMs operating with different sampling frequencies are 
shown. Standard SDM 1 operates with the highest fs and is used as a 
reference. The reduction of the performance due to a decrease of the 
sampling speed is illustrated. A comparison between SDM 2 and Limit Cycle 
SDM 1 (LCSDM 1) shows that when the two loops operate at the same 
frequency (fs/4 in this case), LCSDM shows 6dB better performance. The 
improvement is 12dB for LCSDM 2 with respect to SDM 3. The results 
show that it is far more advantageous to force the SDM to function at a low 
limit cycle frequency than just to decrease the clock fs. 
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Table 2. Comparison: Standard SDM and Limit Cycle SDM. 

 Clock 
Frequency 

Limit Cycle 
Frequency 

PN, dB 
penalty 

Simulated 
SNDR50%,FS 

Standard SDM 1 fs fs/2 reference 81.7dB 

Standard SDM 2 fs/2 fc=fs/4 +15dB 66.5dB 

Standard SDM 3 fs/4 fc=fs/8 +30dB 51.7dB 

LCSDM 1 fs fc=fs/4 +9dB 72.5dB 

LCSDM 2 fs fc=fs/8 +18dB 63.7dB 

 

In the last column of Table 2, Matlab simulation results are given for the 
SNDR in each case. A second order system is evaluated with a baseband of 
5MHz and clock frequency of 1GHz. In Fig. 8 the output spectra of LCSDM 
2 operating at idle mode and very small input are compared. In an idle mode 
the modulator operates with limit cycle frequency of 4sf .  When a very 
small signal is applied the second limit cycle mode 8sf ,  as predicted by the  

 

 

 

 

 

 

 

 

 

 

 

 

 

Fig. 8. Idle limit cycle operation with 4c sf f=  and small signal limit cycle operation 

with lowest frequency 8c sf f= . 
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DF evaluation, is also active for certain instantaneous amplitudes of the input 
signal. The limit cycle modes of operation can be recognized from the 
spectral peaks at the limit cycle frequencies. The simulation results confirm 
the theoretical expectations. 

In Fig. 9, the output spectrum is shown for a large input signal. A 1MHz 
sinusoidal input signal with amplitude of 50% (-6dB) of Full Scale (FS) is 
used. The spectral peaks due the limit cycles are spread into the noise floor 
and are not distinguishable any more. 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 

Fig. 9. Simulated output spectrum for 50% modulation depth. 

 
 

6.2.   Advantages of Sub-Harmonic Operation 
 
In section 6.1 the performance of the SDMs that are designed to operate at a 
sub-harmonic limit cycle was compared with respect to the standard design 
approach. The same filter function was used in the evaluation. However, the 
limit cycle model allows an optimisation of the loop filter transfer 
characteristics with respect to desired limit cycle behaviour and performance. 
In the second order system the filter characteristics are manipulated via the 
frequency position of the zero. When the zero is shifted to a higher 

/ 8c sf f= / 2sf
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frequency, the system displays the highest SNR and DR. That is due to the 
fact that the loop filter provides most of the phase rotation needed for 
entering limit cycle oscillation. Equivalently, that means that the 
quantization noise in the signal band of interest is more suppressed by the 
loop filter. A further increase of the zero frequency makes that effect 
stronger, but, however, also decreases the phase margin for the next (with 
lower frequency) sub-harmonic limit cycle. 

Fig. 10. Filter optimisation for sub-harmonic limit cycle operation. 

 
The possibility to apply a stronger filter function is illustrated in Fig. 10. 

Two second order filters: ( )1L jω  and ( )2L jω  of type (6) are compared 
that differ only with respect to the frequency position of the zero, such that in 

( )2L jω  the  zero  is 2 110z zω ω=, , . This choice improves  the  noise  shaping 
with 4dB, however, it also decreases the phase margin to the next sub-
harmonic limit cycle with frequency 8sf  from 20 to 4 degrees. The trade-
off: performance-phase margin can be optimally resolved for a particular 
technology spread. 
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One of the reasons for the deviation of the measurement results from the 
available methods for prediction is the susceptibility of higher order SDMs 
to enter unpredicted limit cycles. Moreover, those may have a strong 
deteriorating effect only for certain input amplitudes or clock speeds. On top 
of that, when the SDM operates at full clock speed it is very sensitive to 
excessive loop delays and clock imperfections. In that respect, the proposed 
sub-harmonic limit cycle operation has several important advantages: 
• The GBW that is required for the linear part of the loop corresponds to 

that required for a SDM operating at a fraction of the clock speed. This 
leads to a simpler implementation and a significant reduction of the 
power consumption.  

• The loop delay is taken into account in the determination of the limit 
cycle modes and is made a part of the loop mechanism. Higher extra 
delay can be tolerated.  

• The proposed mode of operation introduces a trade-off between 
conversion bandwidth, limit cycle frequency and clock frequency and 
thus gives an additional degree of freedom in the design of SDM.  

 
 

7. Hardware Implementations 
 
Prototypes of a second-order ASDM and a second-order LCSDM are 
implemented in a digital 0.18mm 1.8V CMOS process. A differential 
implementation of the second-order ASDM is described with the block 
diagram shown in Fig. 11. The stages gm1 and gm2 are transconductors 
(voltage-to-current converters) that, together with the capacitances Cint1 and 
Cint2, implement continuous-time integrators. The blocks FB1 and FB2 
represent the feedback transfer. In practice they are implemented as 
switched-current sources that are controlled by the output signal. The blocks 
A1 and A2 are linear gain stages. Their purpose is to decrease the effective 
hysteresis value and reduce the design requirements for the quantizer with 
respect to speed and power consumption. A binary quantizer with hysteresis 
completes the ASDM loop. A detailed description of the measured ASDM 
performance is described in [21]. Here an example for the measured output 
spectrum is given in Fig. 14. 

The hardware implementation of the LCSDM is based on the same 
building blocks. A sampling latch is placed after the quantizer Fig. 12, that 
digitises the two-level signal provided by the asynchronous quantizer. The 
position of the sampler is attractive from an implementation point of view 
because the sampler acts on a well-defined two level signal. In this way, the 
probability for metastability in the sampling can be significantly decreased 
because the time duration of the weak signal provided to the sampling switch 
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is minimized. The sampling delay, the switching and the propagation times 
in the quantizer and the sampling switch are incorporated in the limit cycle 
mechanism.  
 
 
 
 
 
 
 
 
 

Fig. 11. Block diagram of the transistor implementation of a second order ASDM. 

Fig. 12. Block diagram of the transistor implementation of a second order LCSDM. 

 
A critical block in the implementations of both asynchronous and 

synchronous SDMs is the input voltage-to-current converter gm1 as it 
determines the linearity and the noise performance of the modulators and the 
achievable DR. A detailed description of the used implementation can be 
found in [25]. Here, in Fig. 13, an example of its SFDR is given, measured 
for the ASDM implementation. 

The second-order LCSDM was designed to operate with a lowest sub-
harmonic limit cycle of 125MHz when sampled with 1GHz clock. 
 
 
 
 
 
 

S. Ouzounov et al.



119 

 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 

Fig. 13. SFDR for ASDM measured at 80% Modulation Depth, for an input frequency of 

 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 

Fig. 14. Measured output spectrum of the second-order ASMD for a 1MHz test signal and a 
modulation depth of 50%. 
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In Fig. 15, a transistor simulation of the implemented LCSDM is shown. 
The output spectrum for an idle operation with limit cycle 4c sf f=  is 
compared with the spectrum with an input signal. The simulated behaviour 
matches the prediction of the model and the Matlab simulations. 

Fig. 15. Idle limit cycle with 4c sf f=  and busy operation with lowest limit cycle 

frequency of 8c sf f= . 

Fig. 16. Transistor simulation of the output spectrum. 

 

idle limit 
cycle 

Input 
signal 4sf

2sf8sf

3 4sf

sf
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In Fig. 16 the simulated output spectrum of the transistor implementation 
for 1MHz sine input signal is illustrated. A SNDR of 64dB is achieved in a 
bandwidth of 5MHz. This result matches exactly the expectation given in the 
last column of Table 2.  
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 

Fig. 17. Measured output spectra of the second- order LCSMD with 1GHz clock and an idle 
limit cycle of 125MHz and for -6dB FS input signal. 

 
 

In Fig. 17, the idle output spectrum is compared with the output 
spectrum for busy operation. The measured IC exhibits an idle limit cycle of 
125MHz or 8c sf f= .  This  idle  limit  cycle  frequency  is twice lower than 
the intended one: 4c sf f= .  Respectively,  in  active  operation  the  system 
enters even lower limit cycles. The lowest measured limit cycle has 
frequency of 83MHz  that  corresponds  to 12c sf f= .  The  measured 
properties are summarized in Table 3. The measured SNDR of 55dB matches 
the performance expectations for 12c sf f= .  This  result  can  be  compared 
to the designs in Table 1 with the help of the following figure of merit 
(FOM): 
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2 2ENOB

PFOM
BW

=                (13) 

 
Lower FOM is an indication of a better power efficiency.  
 

Table 3. Summary of the measured performance. 

 
 
 
 
 
 
 
 
 

Table 4. Performance comparison. 

 
 
 
 
 

 
 
 
 
 
 
 
 
 
 

 
 
Fig. 18.  Measured output spectrum of a LCSDM for –6dB FS input signal. 
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In Fig. 18 the measured output spectrum of a LCSDM driven with 1MHz 
sinusoidal input signal is shown. The spectral bump that corresponds to idle 
limit cycle of 8c sf f=  is clearly visible.  

 
8. Conclusions 

 
A new limit cycle model of SDM operation was proposed. It identifies the 
limit cycles in SDM as a dominant phenomenon that determines the 
properties and performance of the ADC. The existence of limit cycles in 
second order asynchronous and synchronous sigma-delta modulators was 
investigated via a graphical application of the Describing Function method. 
The determination of the frequency and amplitude of the possible limit 
cycles was shown. A new, sub-harmonic limit cycle mode for the SDM was 
investigated. It was shown that this mode of operation leads to a reduction of 
the total power consumption and significantly reduces the design complexity. 
The expected behaviour and performance were confirmed with simulations 
and measurements. 
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Part II: Automotive Electronics: EMC issues   

 
Automotive electronics are very demanding due to their very high safety and 
reliability requirements and the harsh environment in which they operate. 
The main design challenges posed by this harsh environment translate in a 
high voltage supply with high power interferences, a high ambient 
temperature and high electromagnetic (EMC) and electrostatic (ESD) 
interferences. EMC in particular is a difficult topic to cope with during IC 
design. Where design for EMC has long been regarded as an art rather than a 
science, this situation has changed in recent years and this is discussed in the 
next chapter.  

The radiated and conducted EMC of an automotive module is a function 
of the behavior of the chip, the package and the PCB subsystem and on their 
interactions. Analog simulation of such complete system, including all large-
signal RF noise sources and coupling paths is clearly not feasible. The first 
paper by Thomas Steinecke discusses a design and verification flow for EM 
emission. The complexity is reduced by splitting the problem in three 
software tools: EXPO targets the IC-feasibility phase, NEMO generates 
dynamic current profiles of digital sub-modules and XcitePI is a sign-off 
simulation of the complete module.  

Injection of large power EMC signals on a chip input and high voltage 
electrical transients, conducted on the supply lines or coupled to an input 
generate large substrate currents in junction-isolated technologies. The 
resulting design challenge is similar to controlling the substrate currents 
generated by switching inductive loads. Michael Schenkel describes in his 
paper the two types of substrate current and their effects in relation to 
technology variations and technological, layout and circuit protection 
strategies.  

The next three papers address various aspects of EM immunity. The first 
paper by Franco Fiori analyzes the distortion generated by EMC signals on 
the input differential pair of an operational amplifier and on MOS switches 
in Switched Capacitor circuits. A double differential input pair is presented, 
which largely improves the immunity of the operational amplifier while a 
non-linear model is derived for the MOS switch to predict the demodulation 
of the EMC input signal. The combination of the opamp model with the 
MOS switch model allows an accurate prediction of the EMC behavior of a 
complete SC circuit.  

Derek Bernardon, in his paper, discusses the DPI test on various building 
blocks. First, the current flow in the package and the coupling effects to the 
substrate of the RF power signals, generated in the DPI test, are evaluated. 
Based on the understanding of these effects, circuit improvements are 
devised for a comparator on a smart power chip. In a second example, 
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different circuit concepts for an internal voltage regulator are compared and 
validated. The last example shows how this understanding is used to further 
optimize the electromagnetic immunity of an existing bandgap circuit.   

In the last of the three papers on EM immunity, Aarnout Wieers 
proposes a structured methodology to evaluate the immunity of analog 
continuous time circuits. Instead of very time consuming transient analyses 
for many frequencies in the wide EMC frequency range, a methodology, 
based on AC analysis and large-signal node impedance is proposed. This 
methodology is first explained on a simple emitter follower and then applied 
on a more complex CAN receiver with a resonance in the cabling and the 
PCB attached to it. The last example is a current reference, based on an, 
EMC sensitive, external resistor.  

Finally, the last paper of this chapter proposes a new approach to extend 
IC emission modeling into the EMC domain. Mart Coenen first discusses the 
three on-chip noise sources and their different modeling methods. The 
application with its impedances and transfer function is the next model 
component and the measurement setup and signal interpretation is the last 
component of the model. The proposed modeling concept resolves most of 
the present EMC emission modeling issues and is currently under 
development and discussion in international standardization bodies.   
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Abstract 
 

Electromagnetic emission needs to be considered in the design flow of 
automotive ICs. Complex ICs require on one hand early forecasts and 
accurate sign-offs for EMI, on the other hand their EMI modeling and 
simulation is very complex. Approaches and solutions are presented in 
this paper. 

 
 

1. Introduction 
 

High frequency electromagnetic emission (EMI) observed in automotive 
electronic control units (ECU) is often originated by dynamic switching 
currents of switching logic on a silicon chip, e.g. microcontroller. To help 
designing low-EMI ICs and low-EMI printed circuit boards, the RF noise 
sources and coupling paths need to be described by electrical models and 
simulated by analog engines like Spice. However, complex circuits 
consisting of millions of transistors set natural limits for detailed models due 
to data space and simulation time. The need for simplified and nevertheless 
accurate dynamic current profiles becomes evident. A typical EMC design 
and verification flow for ICs must start at an early design phase of chip and 
package to run feasibility studies finding most appropriate placement and 
routing configurations on chip and in the package. 

As soon as detailed layouts of chip and package are available, an “EMC 
sign-off procedure” has to be performed, based on accurate layout and netlist 
simulations. This takes place before the complete IC design is released for 
fabrication. 

This paper describes the techniques and tools related to the EMC design 
and verification flow, discussing the expected accuracies. 
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2. EMC Design and Verification Flow for 
Integrated Circuits 

 
To understand the purpose of the involved software tools it is helpful to 
divide the ECU into chip, IC-package and PCB subsystems. Talking about 
electromagnetic emission, noise sources are located on the chip and the RF 
noise is propagated through on-chip, package and PCB traces. From there, 

communication net or radiated by means of PCB traces acting as antennas 
into the environment. Talking about electromagnetic immunity, the noise 
sources are located in the environment of the ECU and propagated through 
PCB, package and on-chip traces, where the noise finally penetrates 
transistors, possibly causing malfunction. Figure 1 illustrates the two 
possible noise propagation directions. This paper will discuss only the 
emission direction. Immunity modelling is a future activity. 

Fig. 1. EMC Modelling Directions. 

Figure 2 shows the EMC design and verification flow as it is installed at 
the automotive microcontroller development group of Infineon Techno-
logies. It consists basically of 3 software tools: 

- “EXPO” (Expert system of Power supply) targets to support EMC 
design feasibility studies of ICs before starting the design phase. 

- “XcitePI” (Power integrity simulation) is used for netlist/layout-
based EMC sign-off simulations prior to production start. 

- “NEMO” (Netlist-based Emission Modeller) creates the dynamic 
current profiles of digital modules. These models are required by 
EXPO and XcitePI for proper noise simulation. 

the RF is either conducted into connected cables of a car supply and 
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Fig. 2. EMC Simulation Flow for Ics. 
 
 

3. EXPO: Feasibility Studies for EMC Design 
Optimization 

 
EXPO allows fast changes in module placement, module size and power 
connections. It does not rely on pattern simulations, but uses pre-
characterized typical or worst-case dynamic current models of all types of 
modules (e.g. digital, analog, flash memory, SRAM, I/O) instead. The 
software pilot design and first test case was supported by the Medea+/BMBF 
funding project MESDIE, Fkz 01 M 3061 H [1]. 

The user is guided by a graphical Windows interface through the entry 
procedures of on-chip layout and connectivity data and also package layout 
and connectivity data. 

Figure 3a shows the floorplan configuration window for on-chip design 
data. The whole chip area is divided into a selectable number of equally 
distributed tiles. Every tile is assigned either a pre-characterized module type 
as described above or a pre-characterized power supply segment like 
capacitive buffered VDD-VSS traces. In addition, any tile can be assigned a 
power domain connection, thus representing e.g. a power grid. 
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Fig. 3. (a) EXPO on-chip design data entry; (b) resulting netlist. 
 

Figure 3b shows the structure of the resulting on-chip power supply 
netlist. The netlist consists of specific dynamic current profiles for all types 
of functional blocks like digital logic, flash memory, SRAM, ADC, etc. 
There is exactly one mesh segment for every tile of the chip in the netlist. 
According to the tile size, the module type specific current profile is scaled 
down, resulting in an equal current distribution over the whole module. 
Additionally, the on-chip substrate coupling is also reflected by the netlist. 

These current sources are connected through RLC networks to the on-
chip power supply network. Shape and amplitude of the peak is ideally 
derived from analog simulation of the chip. For very complex chips, analog 
transistor simulations cannot be handled anymore. In this case, analytic or 
behavioural models are required to handle simulation time and data size. 
This analytic modelling is still under development; the current status of 
automatic current profiling from digital netlists is described in paragraph 5.2. 
Meanwhile an alternate current profiling approach from measurement is 
applied. Providing a pre-characterized dynamic current pulse of a “reference 
module” in a certain technology, this current pulse can be scaled by 
measuring the average DC current which equals the integral of the current 
peak. Current shape remains unchanged, and peak amplitude is adapted 
according the measured DC current. A sample current peak is shown in Fig. 
4; Inoise is the measured average current. It is either derived from simulations 
or from measurements. In the case of measurements, the amplitude is 
calculated from the measured DC current, and the timing is calculated from 
technology-specific gate propagation delays. 

After input of the chip layout data, the package design data must be 
added. Figure 5a shows the configuration window for package design data 
and Fig. 5b shows the structure of the resulting package power supply netlist. 
Through naming conventions, all on-chip power pads are connected to their 
corresponding bond wires which are part of the package model. 
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Fig. 4. Current peak used for module profiling. 

 

 

 
Complete modelling has been done for the 32-bit microcontrollers 

TC1796 and TC1766. The following case studies introduce the modelling 
and simulation capabilities supported by EXPO. 
 
 

3.1. Board Impedance 
 

Figure 6 shows the comparison of impedance for a PCB power domain 
between measurement and simulation. The simulation result matches quite 
well to the measurement. There is a small difference on the resonance 

EXPO provides the user with a selection table for the parasitic effects to 
be simulated. These are: SSN, EMI (emission), crosstalk between power 
domains, ESD (discharge paths). The complete netlist including the 
simulation directives is then executed by HSpice. The results can be 
observed in EXPO and overlaid with measurement curves to prove their 
correlation and thus the quality of the EXPO chip/package models. 

Fig. 5. (a) EXPO package design data entry; (b) resulting netlist. 
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frequency at about 400MHz and a further mismatch above 800MHz. The 
comparisons of impedance for all other powers as well as grounds show 
similar results. 

 

 
 

3.2. VDE Standard Simulation 
 

Figure 8 shows a simulation result of conducted emission based on the VDE 
150Ohm (IEC 61967-4) standard. In this case the power supply was 
simulated and measured where the noise sources are connected. The noise 
sources simulate the active level of the core which runs with a frequency of 
150MHz. Figure 7 indicates that EXPO simulation and conducted emission 
measurement are in good agreement. The overall difference stays below 
5dBµV which is in the range of measurement inaccuracy.  

Fig. 7. Simulated and measured conducted emission. 
 

Fig. 6. Simulated and measured test board impedance. 
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A good agreement is seen up to 600MHz. Depending on the inaccurate 
modelling of the board impedance above 800MHz an increased drift between 
simulation and measurement can be observed in this range. 
 
 

3.3. Power Crosstalk Simulation 
 

Power crosstalk means that a noisy power domain can disturb another power 
domain. If several different power domains are used on a design, power 
noise crosstalk has to be considered for board as well as package design. 
There are two coupling paths between the power domains. On the one hand 
side, the noise is transmitted via electromagnetic fields. And on the other 
hand, the noise is coupled via the impedance of the package and board. 
Figure 8 shows a simulation example from EXPO, indicating the crosstalk 
from the TC1796 digital core supply to the external memory bus supply 
(VDDE). Microcontroller measurements focus on power noise crosstalk 
according the “Generic IC Test Specification for EMC” (“BISS Paper”) [2]. 

 
Fig. 8. Simulated and measured power noise crosstalk. 

 
3.4. SAE Standard Simulation 

 
Additionally, the tool EXPO allows the user to analyze the chip with package 
and board design for radiated emission. Thus the electromagnetic emission 
according the SAE standard J1752/3 (IEC 61967-2) can be also simulated.  

The SAE measurement is performed by 2 measurements, one 
measurement with 0 degree and one with 90 degrees test board rotation. The 
resulted mathematical product has to be calculated from these two 
measurement vectors.  

Simulation Measurement 
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The difficulty on the simulation is to combine both radiated emission 
measurements into one simulation. For this reason, the physical design of the 
chip as well as package must be known. Figure 9 indicates a nice correlation 
between simulation and measurement of radiated emissions generated by the 
TC1796. 

 
Fig. 9. Simulated and measured radiated emission 

 
4. XcitePI: Accurate Simulation for EMC Design 

Sign-Off 
 

Electromagnetic emission caused by switching activity of large clocked ICs 
like microcontrollers is an important quality criterion which may lead to 
customer rejection of an IC and missed design-wins. Thus it is essential to 
provide modeling and simulation tools which allow to predict the EMI 
behaviour of complex ICs before costly masks are generated and silicon is 
fabricated. In contrast to the tool EXPO, which is intended to be used for 
design case studies and early power integrity forecasts, the modeling and 
simulation approach with XcitePI is going to be established as an EMI sign-
off process for automotive microcontrollers. In cooperation with the tool 
vendor Sigrity, the 32-bit microcontroller TC1796 was modelled, and noise 
distribution on chip and through the package has been simulated. This IC is 
complex enough to really investigate the noise propagation paths and even 
self-disturbance of the chip. 

Once switching noise is generated at certain locations (circuit domains) 
on an IC, the noise often propagates more easily to other locations (circuit 
domains) of the chip through the package power and ground structures rather 
than directly through the chip power grid itself. This is particularly true for 
flip-chip packages, but also for wire-bonded chips. 
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In the case of the Infineon 32-bit microcontroller TC1796, the behaviour of 
the IC plus its chip package is analyzed to understand the different ways of 
noise distribution. Figure 10 shows the complexity of this product. The 
TC1796 consists of approx. 30 million transistors and is mounted in a P-
BGA 416 package. The µC contains ca. 10 power supply domains, of which 
the main supplies are connected to rings on the package substrate. The whole 

Fig. 10. Silicon chip and BGA package of the TC1796. 

 
The goal is to gain a reliable model for dynamic current flow through the 

microcontroller’s wire bonds/balls. The results have to reflect chip design 
changes (module placement, power routing) and package design changes 
(BGA substrate, integrated passives).  

An alternate approach for the RLC parasitic extraction of the on-chip 
power supply system [3] was developed in the Medea+/BMBF funding 
project MESDIE, Fkz 01 M 3061 H [1]. 
 

4.1. Chip and Package Modeling 
 

The switching activities on the microcontroller need to be modelled with the 
help of high-quality on-chip current sources, which are distributed all over 
the silicon die as a function of the individual circuit domains. These current 
sources are connected by the on-chip power supply network, realized by a 
combination of grid and ring structure. The power network also has to 
contain the distributed on-chip capacitors and leakage currents. This system 
is modelled by co-design [4], [7] in a retroactive way, such that current paths 
through the package are re-entered into the silicon. 

Results of this co-simulation are dynamic currents or voltages at various 
points of interest, e.g. power supply package balls. The dynamic currents and 

chip/package system is therefore very complex. 
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voltages can afterwards be re-used by PCB simulations considering noise 
decoupling circuits. 

Lumped RLC or simplified S-parameter models would fail to consider 
off-chip package effects, as they are unable to take into account the 
distributed interaction between IC power grid and chip package, and are 
thereby unable to determine the true transient noise distribution and behavior 
in the power delivery system. 

Consequently accurate modeling of the noise behaviour of high-speed 
ICs therefore necessitates the modeling of distributed electromagnetic wave 
propagation effects in the package planes and the distributed interactions 
between IC power grid and package structures, as done in Speed2000 [7],[5] 
plus Co-Simulator [7] plus XcitePI [6].  

This way it is possible to evaluate different decoupling schemes, to 
simulate the impacts of various distributions and characteristics of the given 
source excitations. It is also possible to assess the effects of chip packages 
and one can perform what-if comparisons to optimize electrical performance, 
power grid physical parameters etc. 
 
4.2. Electrical Description of Microcontroller and BGA 

 
Major goal is a high-quality correlation between simulation results and EMI 
measurements in the time domain. Once the good quality of the simulation 
model has been demonstrated, models for new chips and their packages are 
trusted to deliver realistic simulation results already during the IC design 
phase without having physical measurement values. 

The TC1796 is wire-bonded to a two-layer BGA as shown in Fig. 11. 

Fig. 11. 416 wirebonds connect the 32 bit microcontroller with its 2-layer BGA. 

 
The power distribution system of the microcontroller is distributed over 

the 7 metal layers of the CMOS chip plus the power distribution system of 
the BGA. The on-chip power distribution consists of ring buses, regular 
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power grids of core logic and on-chip memory and the more or less regular 
power nets grids in the analog circuit part of the µC.  

The power net distribution system of the two-layer BGA connects the µC 
power net distribution system with corresponding PCB power nets, which 
have to supply the chip with power within the corresponding total design.  

All static and dynamic electrical characteristics of the materials, needed 
to form the IC and the BGA, are considered in the XcitePI and Speed2000 
simulations. The full wave solver algorithms of XcitePI and Speed2000 
cover automatically the coupling of all vias and the inter-plane coupling of 
all involved power patches and power planes. The power trace coupling on 
chip is covered automatically; the power trace coupling on the BGA with 
Speed2000 can also be automated on request. The power net grid geometry 
of the µC is described by tables. The table data can be manually generated in 
XcitePI or in Microsoft Excel tables or can be read in automatically through 
LEF/DEF (Cadence Library and Design Exchange Data), defining the 
microcontroller design. The EXCEL tables can be converted into .xml data.  
XML (Extensible Markup Language) is the XcitePI input format. 

The power integrity (PI) analysis for the microcontroller is performed 
within XcitePI [6]. The TC1796 has 9 VDD and 4 GND power net systems; 
the BGA contains 4 VDD and a common GND power net system.  

The PI-analysis of the BGA, done with Speed2000, covers the BGA plus 
the wire-bonds between the BGA and the microcontroller. The BGA 
geometry can be read into Speed2000 through the APD (Cadence Advanced 
Package Designer) format *.mcm. 

As only the microcontroller and BGA without corresponding PCB were 
simulated, it is assumed that all BGA power solder balls see the idealized 
supply voltages of the corresponding voltage regulator modules. Their 
internal resistance is idealized with 1mOhm. 
 

 
As explained above, the switching activities on the microcontroller need to 
be modelled with the help of high-quality on-chip current sources, which are 
distributed over the silicon die. 

Several current sources are connected to the on-chip power supply 
network, realized by a combination of grid and ring structure. The power 
network also contains distributed on-chip capacitors. 

The current sources model the switching activities of the individual logic 
circuit domains on the microcontroller. Thus the overall switching current is 
determined by the architecture of the microcontroller. The format is SPICE 

 

piece-wise linear. The implemented example of such a modelling is shown in 

4.3. Power Integrity (PI) and On-Chip Circuit Switching 
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The chip and package current distribution has to be simulated as a function 
of given circuit domain switching activities. During the input procedure of 
the co-design analysis, the input to the chip data and the chip-package data 
can still be modified. The simulation and the run-time parameters are defined 
here exclusively. Those are e.g. the locations at which the noise voltages or 
the dynamic current behaviour on the local power distribution is of interest. 
The noise sources need to be provided by the chip designers. A way of 
automatic generation of dynamic current profiles for large digital function 
modules is described in [8]. 

Figure 13a is an example of a chosen set of view points for a given 
switching activity on the µC with and without BGA. The circuit signature 
repetition rate is about 6 ns. From these individual analysis results it can be 
concluded that the power distribution shows considerable variations over 
time and that these variations are larger with BGA than without BGA. As 
minimum it can be concluded that PI simulations of an IC alone do not 
deliver a complete picture of the power distribution variations on the IC 
under real world application conditions. Combined with measurements, the 
shown simulation techniques allow a better insight into the existing power 
distribution implementation and its characteristics. 

As can be seen from Fig. 13b, the power potential variations are 
considerably higher for microcontroller with BGA, caused by the noise 
coupling through the package. 

4.4. Co-Simulation of Chip and Package 

Fig. 12. On chip circuits are characterized by their “current profiles”. 
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5. NEMO: Generation of Dynamic Current 

Profiles 
 

Complex ICs with millions of transistors generating switching current – thus 
causing electromagnetic emission – are impossible to simulate using analog 
circuit models and real test patterns. Time and data space limitations demand 
for alternate modeling strategies. The approach followed by the NEMO tool 
for modelling digital functional blocks avoids time-consuming pattern 
simulations. It uses pre-characterized switching models of single gates. 
Variations of input slope and output load of gates are considered by 
analytical online calculations. For single gates, mixed gates and flip-flops of 
a 130nm CMOS standard cell library, these calculations have been approved 
and applied to regular and irregular functional blocks. The simulation results 
of these analytical models show good correlation with SPICE simulations 
using BSIM4 (Berkeley Short-channel IGFET Model) transistor models. 
This work is being funded by the "Bayerische Forschungsstiftung" project 
MISEA [10]. 

The modelling software "NEMO" (Netlist-based Emission MOdels) 
imports a Verilog gate netlist of a digital function block. The gate 
interconnections are extracted and used as control parameters for the 
analytical scaling of the pre-characterized gate current profiles. Gate 
propagation delays are calculated and used for the superposition of all single-
gate switching currents. The result is an equivalent current source (ECS) of 
the complete digital module. The ECS can be used to create CEM models 
(Chip Emission Models) to be used for chip floorplan optimization [11] or 
ICEM models for PCB (Printed Circuit Board) layout optimization as 
proposed in [9]; see Fig. 14. 

Fig. 13. Power potential distribution as function of the location with and without package. 
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Once this software has successfully applied to big circuits and the 
activity level can be scaled, these ECS are used as noise excitation sources 
by EXPO and XcitePI. 

Fig. 14. (a) Chip Emission Model; (b) IC Emission Model. 

 
Since NEMO implementation is still ongoing, this paper can describe 

only the recent results. Next steps will be (1) the application on huge real 
standard cell modules as being used in 32-bit microcontrollers, (2) scaling of 
switching activity, and (3) the automatic generation of CEM models which 
consider the spatial distribution of large modules. 
 

5.1. Standard Cell Characterization 
 

The dynamic switching current of a cell depends on various parameters. 
Supposing a consistent power supply and a continuous manufacturing 
process, it depends finally on the input slope and the output load of the gate. 
Figure 15 shows as an example the analyzed behaviour of an inverter during 
characterization. The difference to other types of gates is the number of 
inputs/outputs and the corresponding input/output slope. Prior to generating 
module-specific current profiles, a full standard cell library characterization 
procedure has to be performed. This characterization procedure has to be 
repeated for every single standard cell which is part of the selected library. 
We will see in the subsequent explanations that special care has to be taken 
especially for mixed gates and flip-flops as well as register and RAM 
macros. However, the deducted set of characteristic parameters applies to all 
cell types, thus it can be automated. The time spent once on this 
characterization pays very well for the fast subsequent dynamic current 
simulations. 
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Fig. 15. For characterization, the cell is connected directly to the constant power supply. 

 
 

The slope of the input voltage is measured on rising edges between zero 
and 90%, on falling edges between VDD and 10% of VDD. At the beginning 
of a transition, the voltage has a short overshoot; finally, it converges at the 
end similar to an exponential function. Therefore the curve progression at the 
end is unusable, but the first part of the transition is highly important. 
Especially flip-flops cause in this phase a comparatively slow rise of the 
output voltage. The positive current direction is appointed from the power 
supply into the cells for all simulations and graphics. 

For determining all effects influencing the input slope exactly, the entire 
circuit needs to be considered. The output load is also not defined by the 
subsequent cell only. A compromise solution for reducing the complexity 
while preserving a good accuracy is to simulate the standard cell with just a 
minimum of surrounding gates representing the environmental circuit. 
Another tolerable simplification is to replace the connected gates with so 
called equivalent inverters. The influence to the input slope and the current 
profile depending on the output load is almost the same when replacing 
complex gates with these inverter cells, where the transistor types and sizes 
have the appropriate specification. In some cases, a serial resistor between 
the equivalent inverter and the power supply should be added. Such cases 
apply if the gate connected to the output consists of two or more transistors 
in series.  

Figure 16 shows the finally used circuit including all the above-
mentioned simplifications to emulate the surrounding circuit for simulations 
of single gates in various conditions. 
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Fig. 16. Schematic of simulation circuit during the characterization process. 

 
The purpose of the two subsequent gates is the simulation of different 

output loads. Hence the first one is of course the most important gate, it must 
be modeled preferably well and if necessary with additional resistors. The 
second equivalent inverter is less significant, so it is sufficient to model it 
with an adequate approximation. Different input slopes can be adjusted with 
the preliminary gates. Most important are the transistor sizes of the two gates 
directly connected to the input of the cell that is to be characterized. The 
input slope of the previous stage is also important, therefore additional gates 
are added. By varying the transistor sizes of the gates within this circuit, the 
results in most cases are covered very precisely, and the accuracy of the 
characterization in exceptional cases is still a good approximation. 

Hence the previously mentioned simulated conditions can be an 
assortment only; it must be possible to interpolate them. Therefore the 
current profile characteristics are extracted in the form of significant points. 
Here, these reference points are maxima, minima and zero points. Because 
the profile characteristics deviate from each kind of cell, the considered 
number of maxima and minima between two zero points has to be variable. 
Figure 4 shows a comparison of three different profiles in several ambient 
conditions. 

Figure 17 (a) shows a simple buffer switching from '0' to '1'. Different 
conditions cause different amplitudes and delays, but there is no need of 
more than one maximum between the zero points. Figure 17 (b) shows the 
current profile caused by a flip-flop with a rising edge of the clock including 
an output change from '0' to '1'. Comparing the amplitude of the two 
coexisting maxima between the zero points shows the need of characteristic 
points associated to each of them, because it is not guaranteed that one of 
them is the global maximum in all conditions. Fig. 17 (c) shows the profile 
of a flip-flop with a falling edge on the clock input. Hence it is triggered by 
rising edges, no output changes may occur and the output load is irrelevant. 
The shape of the profiles show that in this case three reference points are 
obvious to characterize the profile most beneficial. 
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These steps for characterizing a cell are independent from the 
application, so it can be done prior to the circuit simulation. When saving the 
results in a library, the characterization process has to be done in ideal case 
only once per technology. Due to the employment of such a library of pre-
characterized cells, most simulation effort is avoided within the real chip 
simulation. This means, that only a fraction of computation is necessary, 
leading to an enormous simulation speed-up. 

Fig. 17. Comparison of different profile types under several conditions (a)(b)(c). 
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5.2. Module Equivalent Current Source 
 

An IC module can be modelled as an equivalent current source that 
represents the dynamic switching currents within one clock cycle. 
Calculating the current profile of the entire circuit means basically to 
calculate the profiles for each switching event of the single gates and to sum 
them up with the corresponding delays.  

Figure 18 illustrates the discussed steps for modelling the dynamic switching 
current of a complete module within this section. It shows the schematic and 
the extracted paths of the single switching events. The resulting current 
profiles are shown in Fig. 19. 

 

 
 

Fig. 18. (a) shows the schematic and (b) the extracted paths of a circuit example. 

Fig. 19. Switching currents of single gates (gray) and overall current of the module (black). 
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Hence the module circuit is based on its netlist, it can be divided into 
paths of consecutively switching gates. 

Each path begins with a module input port or a flip-flop followed by the 
subsequent logic gates. Every single path consists of a chain of consecutively 
switching gates and ends with either a module output port or an input pin of a 
flip-flop. Remarkable is, that the figure of extracted paths consists of more 
gates than the original schematic, because some gates may change their 
output value more than once. For example in an XOR gate, where both 
inputs change with a certain delay from low to high, the output state changes 
twice. The first rising edge causes the output to change from low to high, the 
second edge back to low. As shown in the example, the subsequent gates 
must be considered twice within one single clock cycle. Contrariwise, when 
replacing the XOR by an AND gate, the first rising edge on an input causes 
no transition of the output and the following gates have to be considered only 
when both inputs are high. These different conditions have to be taken into 
account when gathering the switching activities. 

The first step for determining the current profile for each switching event 
is to figure out the input slope as well as the output load of each single gate. 
These values are essentially required for using the characterized cells 
discussed in the previous section. The output load as well as the parallel 
gates and the transistor sizes of the previous gate are given by the circuit 
specification in terms of its netlist, gate types and extracted paths. The input 
slope is nothing else than the output slope of the previous gate, but the slope 
is no parameter within the characterization simulation circuit. Therefore a 
kind of successive approximation by adapting the transistor sizes of the very 
first parallel gate (Fig. 3 upper left) is necessary. If all parameters of a 
switching gate are known, the configuration of the characterization circuit is 
possible and the calculation of the current profile can be done. This 
calculation consists actually of two main algorithms. Due to the fact that the 
cell characterization can be done with a finite number of simulations only, an 
interpolation of existing configurations is necessary for getting the actual 
characteristic values like input slope, output slope, propagation delay as well 
as the minima, maxima and zero points of the current profile. Since there are 
altogether six parameters for configuring the characterization circuit, the 
algorithm must be a six-dimensional interpolation as well. A good 
explanation of the interpolation method including all utilized formulas can be 
found in [12]. The final tool to obtain the current profile is a scaling 
algorithm which stretches a base profile of the particular cell to the recently 
calculated properties. 

Taking all these considerations and calculations into account and 
summing up the scaled profiles to one vector with the appropriate time offset 
(delay), the result is the current profile of the complete module. This finally 
obtained profile represents the desired equivalent current source for the 
module. 
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5.3. Simulation Results 
 

NEMO provides all the previously mentioned considerations. The results 

shows the test circuit schematic that is similar to the previous example in the 
version with an AND gate.  

Fig. 20. Schematic of a small test circuit. 
 

Here also both inputs are switched from low to high. “in2” follows “in1” 
with a delay of 100ps. In Fig. 21 can be recognized, that after the transition 
of in1  only the corresponding buffer switches, whereas the AND gate 
contributes only a small current. The reason of the small current profile is 
that only two transistors of the AND gate become active, but the and-
condition is not fulfilled. Because the output stays low, no subsequent gates 
become active at this time. 

After the mentioned delay of 100ps, the rising edge on in2  occurs and 
the condition for an output change of the AND gate is fulfilled. This causes 
all subsequent gates to change their states, resulting in the shown current 
profiles.  

 
Fig. 21. Comparison of Spice simulation result (gray) and NEMO simulation result (black). 

Dashed lines represent single gate currents and solid lines represent the overall current. 

“ ”

”“

respecting the accuracy are shown with the following example. Figure 20 

T. Steinecke



149 

The plots in Fig. 21 show the comparison of the simulation result of 
SPICE and the result achieved with the tool NEMO. It can be recognized, 
that the calculated curves cover the simulation results of SPICE very well. 
The deviations of the curves are generally in the absolute amplitude of the 
current. For EMC simulations di/dt is more important than the amplitude. 
Electromagnetic emission is more related to the shape than the amplitude, 
and the shape of the current profile is met very well by the NEMO 
simulations.  

 
6. Conclusions 

 
For EMI modeling and simulation, things are not settled yet. The more 
complex integrated circuits are, the more complicated the generation of EMI 
models becomes. Due to the importance of very early prediction of expected 
electromagnetic emission, EMI modeling and simulation must become part 
of the IC design flow. Basis for reliable simulation results is the proper 
description of the dynamic switching currents of digital and analog IC 
function modules. This task is fulfilled by the proprietary tool NEMO. These 
“current profiles” are taken by the proprietary tool EXPO for early EMI 
design case studies, and by the commercial tool XcitePI for EMI sign-off 
before IC tapeout. The model quality needs to be continuously improved. 
This work is currently continued at the companies Infineon and Sigrity, 
supported by the University of Erlangen-Nuremberg. 
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Abstract 
 

Semiconductor companies face the demand for ‘first silicon success’ to 
be competitive. Substrate current effects are one major cause for 
redesigns in junction-isolated Smart Power technologies and they put 
‘first silicon success’ at risk. Substrate currents are difficult to control 
because they are three-dimensional in nature and are strongly layout 
dependent. Moreover, protection measures show counteracting effects, 
and minority and majority carrier effects may occur at the same time. 

The influence of different protection measures and technology 
variations on two substrate current effects (substrate potential shift and 
minority carrier collection) has been investigated by measurements and 
calibrated full-chip 3D device simulations, including transient effects. 
The different protection measures show counteracting effects and can 
therefore only be optimized for specific layouts and application 
conditions. However, some general recommendations for layout 
partitioning and the placement of substrate contacts can be derived. 

  
1. Introduction 

 
Smart Power ICs, the integration of high-voltage, high-power transistors 
together with their low-voltage, and low-power analog and digital control 
circuits on the same chip reduce cost and electromagnetic interference (EMI) 
while increasing performance and reliability. One application is motor 
management ICs that combine four power transistors in an H-bridge 
configuration and their driving and protection circuitry [1]. In the case of 
junction isolation, which is still today the favored solution for Smart Power 
ICs, reverse biased junctions ensure the electrical isolation between 
components in normal operation mode. However, the typically reverse-
biased junctions can be driven in forward conduction by the external circuit. 
This occurs if the power transistors switch off an inductive load, voltage 
spikes emerge on supply lines, or simply by accidentally exchanging the 
supply and ground pin. As a result of the forward-biased isolation junction, 
parasitic bipolar transistors are activated and a large substrate current flows, 
which may lead to latch-up in the control circuits and the loss of IC 
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functionality. This often leads to costly redesigns with the risk of losing the 
order because of today’s very short time-to-market demand. Moreover, for 
safety critical applications (e.g. automotive electronics), substrate current 
effects lead to serious quality and reliability problems if they are not detected 
before delivery of the systems. 

In contrast to substrate noise in mixed-signal ICs, substrate currents 
injected by parasitic bipolar transistors are currents of low frequency 
(switching times in the order of microseconds) and are of considerable 
magnitude (hundreds of milliamperes), leading to a potential shift in the 
whole substrate of up to several volts. Due to the distributed 3D behavior of 
substrate currents and their effects protection strategies are strongly layout 
dependent. Furthermore, protection strategies must cope with minority and 
majority carriers (counteracting effects) and should consume little space. 

Protection structures used against parasitic substrate currents consist of 
substrate contacts, sometimes together with ‘collector-tubs’ for the minority 
carriers [3, 4, 5]. Substrate contacts and collector-tubs can be placed and 
connected in such a way that a retarding field in the substrate arises and 
hinders the injected minority carriers from diffusing in the direction of the 
control circuitry [6, 7, 8]. 

The focus of this paper is on the placement of substrate contacts and 
layout-dependent effects in motor control H-bridges. Static as well as 
transient effects are investigated. Substrate current ‘safe’ areas for sensitive 
circuits are identified dependently on relevant parameters such as operating 
point, doping, substrate contact placement, and so on. All this is performed 
by using Technology Computer-Aided Design (TCAD) validated by 
measurements. Due to the presence of minority carriers, numerical 
simulations must be carried out with a device simulator because a circuit 
simulator neglects minority carriers. 
 

2. The Origin of Substrate Currents 
 
About 90% of substrate currents originate from recirculating currents due to 
the switching of inductive loads. Only a small number is due to disturbances 
on supply lines during operation. 

 
2.1. Inductive Load Switching 

 
H-bridges, which are considered in this paper, consist of four lateral power 
transistors (LDMOSFETs), which are interconnected with the load (motor) 
as shown in Fig. 1. The most common way to drive an inductive load (motor) 
is with pulse width modulation (PWM). Usually, the voltage of the output 
terminal of one leg (e.g. OUT1) is held stationary while the output terminal 
of the opposite leg (e.g. OUT2) is switched between ground and Vsupply. A 
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masking time is always introduced to avoid a short circuit between the top 
and bottom transistors of the same leg. 

The inductance of the motor windings attempts to keep its current 
constant during switching. This leads to the need for free-wheeling diodes in 
circuits where inductive loads are switched. The intrinsic body-to-drain 
diode of LDMOSFETs is often used as a free-wheeling diode. 

During motor operation, the current flows from Vsupply through the high-
side power transistor H1, the motor, and the low-side power transistor L2 to 
ground (solid green line in Fig. 1). During the masking time, all four power 
transistors are switched off. However, the inductance of the motor drives the 
current (up to 5 A) through the inherent body-to-drain free-wheeling diodes 
of the other two power transistors L1 and H2 (dashed red line in Fig. 1), and 
generates a potential at the source of H2 (=OUT2) above Vsupply and at the 
drain of L1 (=OUT1) below ground due to the voltage drop Vf across the 
free-wheeling diodes. The above-supply and below-ground voltages 
determine the forward bias of the emitter-to-base junctions of the parasitic 
bipolar transistors and lead to carrier injection into the substrate. 

Below-ground and above-supply voltages in the range of -1.3 V and 
1.5 V, respectively, have been measured during typical PWM mode of 
operation. 

Fig. 1. Motor control H-bridge with two high-side transistors (H1 and H2), two low-side 
transistors (L1 and L2), and their inherent free-wheeling diodes. 

 
If the drain contact of a low-side power transistor is driven below 

ground, the parasitic NPN transistor forms as follows [1, 2]. All n-doped 
regions of the power transistor (n-epi, n-well, n-sinker, n–buried layer) are at 
a negative potential compared to the grounded p-substrate. The substrate is 
usually grounded at the back of the chip and/or at substrate contacts at the 
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top. The junction between the p-substrate and n-regions becomes forward 
biased and emits minority carriers into the substrate. The n-regions of the 
high-side power transistors at Vsupply act as collectors for the lateral parasitic 
NPN transistor, as shown in Fig. 2. Other n-regions (n-tubs) on a positive 
potential, e.g. those of sensitive devices in the control circuitry, also collect 
minority carriers. The collected carriers can disturb the functionality of 
components in these n-tubs or induce CMOS latch-up [1, 2, 6, 3, 4]. 

If a current sense resistor is placed between the low-side LDMOS source 
and ground and the substrate is connected to ground, the forward-biasing 
voltage across the drain-to-substrate diode is the sum of the voltage drop 
across the free-wheeling diode and the sense resistor. In the extreme case, 
this can cause all the recirculation current to flow through the substrate. 

Fig. 2. Simplified cross section of an H-bridge in a Smart Power technology showing the 
parasitic NPN transistor and free-wheeling diode. 

 
If the source of the high-side transistor is driven above Vsupply and the 

junction between p-body and n-epi (free-wheeling diode) becomes forward 
biased, the source emits holes into the n-epi region. Since all n-doped regions 
(n-well, n-epi, n–buried layer, and n-sinker) are on a positive potential 
(Vsupply

parasitic vertical PNP transistor, as shown in Fig. 3. The parasitic vertical 
PNP transistor injects majority carriers (holes) into the substrate, leading to a 

forward [1, 2]. 

p-substrate and n-regions is reverse biased and acts as a collector for the 

positive potential shift in the substrate, which may bias isolation junctions 

) compared to the grounded p-substrate, the junction between the 

 

M. Schenkel  



155 

Fig. 3. Simplified cross section of an H-bridge in a Smart Power technology showing the 
parasitic PNP transistor and free-wheeling diode which, is identical to the emitter-to-base 

junction of the parasitic PNP transistor. 

 
2.2. Disturbances on Supply Line 

 
Integrated circuits in automotive applications are subject to significant 
electrical disturbances. Transients originating from various sources such as 
the ignition system are coupled into electronic devices during standard 
operation. Immunity against such transients is mandatory for ICs to ensure 
safe operation of the vehicle. Immunity against transients on supply lines is 
tested according to the ISO 7637 test standard. 

 
nomenclature of ISO 7637. Test pulse 3a is a pulse superimposed on the 
battery voltage with a negative amplitude of up to 150 V, and a rise time of 5 
ns, and a fall time of 100 ns, depicted in solid black. Test pulse 3b has a 
positive amplitude of up to 100 V superimposed on the battery voltage of the 
car with the same rise and fall times, depicted as red dashes. These pulses are 
applied to the device under test (DUT) in bursts of 100 pulses. 

Due to the short rise time and the large amplitude of the pulses, 
capacitive coupling is severe when applying these pulses. 

Figure 4 shows a single test pulse of type 3a and type 3b according to the 
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Fig. 4. Single ISO 7637 test pulses. 
 
      3. Calibration and Verification of Device Simulation 
 
A test chip has been designed, which is dedicated to measure fundamental 
dependencies such as potential and minority carrier collection versus 
distance, direction, and size of the collecting structure or injection conditions 
and the influence of the protection measures. Measurements also had to serve 
for the calibration and validation of device simulations. 

The layout of the test chips has been designed as closely as possible to 
H-bridge layouts of existing products but with reduced geometrical 
complexity to obtain simple structures for simulation. Four rectangular, 
individually controllable, LDMOS power transistors (L1, L2, H1, and H2), 
long substrate contacts (LSCs), small substrate contacts (SSCs) at different 
positions (e.g. s19), a large n-tub as minority carrier collector, and small n-
tubs of various sizes at different positions (e.g. n20) have been implemented 

been implemented on the test chip to investigate the influence of the 
substrate contact bias on the collection of minority carriers. Through the 
SSCs, consisting of a p+-diffusion connected to a pad, the substrate potential 
could be measured. 

The calibration of device simulation has been performed on full-chip 3D 
finite element (FE) structures of the test chip (similar to the structure show in 
Fig. 20). The challenge of full-chip 3D device simulation lies in a strategy to 
simplify simplification, the complicated chip topology and to omit irrelevant 

(cf. Fig. 5). In addition, n-tubs with adjacent substrate contacts (SCs) have 
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structures (i.e. topology reduction) [9]. Without the complexity of the device 
simulation structure would go far beyond today’s computing power. 

substrate contacts and n-tubs of different size and at different locations. 
 
 
As important parameters for calibration, the substrate doping 

concentration NA, the minority carrier (electron) lifetime τn in the substrate, 
the barrier height ΦB of the Schottky-type contact at the back of the chip, and 
the nonnegligible external (contact) resistors have been identified. All these 
parameters have been calibrated by matching measurements and simulation 
results of structures whose characteristics depend mainly (or solely) on one 

Fig. 5. Test chip in a 0.6 µm Smart Power technology with four LDMOS transistors, and 
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of these unknown parameters [9]. Thereby, calibration intends to extract the 
unknown parameters within a physically plausible range. 

The calibration procedure, as well as the application of static and 
transient full-chip 3D device simulations, has been validated by comparing 
measurements and simulation results. Fig. 6 shows the good agreement 
between the simulated and measured negative shift of the substrate potential 
due to minority carrier injection and validates, therefore, the calibration and 
the applied simplifications. 

Fig. 6. Negative potential shift as a function of the distance to the center of the injecting 
LDMOS L2. Simulation and measurements agree well, and simulations with different 

simplification steps differ only by 6%, i.e. calibration and simplifications are validated. 
 
 
 Figure 7 shows the LDMOS L2 drain voltage, the resulting substrate 
current, and the collected n-tub current for two different grounding 
configurations (substrate contact (SC) adjacent to n-tub grounded or not). 
The applied voltage and timing conditions are close to recirculating 
application conditions. The switching off of the drain-to-substrate diode of 
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the LDMOS L2, responsible for substrate current injection, shows reverse 
recovery with a typical reverse current peak. In the case of a floating SC, the 
n-tub current reaches its maximum after switching off the substrate current 
injection, i.e. a considerable amount of current is collected after injection has 
already stopped. The good agreement between measured and simulated 
minority carrier collection validates the calibration and the applied 
simplification steps. 

Fig. 7. Collection of transient injected minority carriers. A below-ground voltage of -1.5 V 
leads to 80 mA substrate current. The collected current is 2.6 mA and 170 µA, respectively, 

depending on SC bias (LSC and back contact grounded). 
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4. Substrate Current Effects 
 
After the calibration of the relevant technology parameters and the validation 
of a topology reduction methodology for power stages and collecting 
structures [9], investigations of substrate current effects by using full-chip 
3D device simulations have been performed. 
 

4.1. Positive Potential Shift Due to Majority Carrier 
Injection 

 
Holes, which are injected into the substrate by the parasitic PNP transistor at 
above-supply condition, flow to the substrate contacts and cause a positive 
potential shift in the substrate. This positive potential shift can lead to 
failures of junction isolations and high destructive currents due to latch-up, 
especially at n-tubs on low potential. A positive potential shift between 
200 mV and 400 mV may already bias isolation junctions forward, especially 
at higher temperatures. 

Two sets of simulations have been performed out on a full-chip 3D 
structure as validated in the preceding section. In the first set, different 
grounding configurations have been investigated, in the second, technology 
variations were investigated. 

the following conclusions can be drawn: 
• A grounded back contact reduces the potential shifts by a factor of 

10–30. (Most of the substrate current flows to the back contact. 
Without a grounded back contact, all the substrate current flows to 
the LSC, which leads to a significantly higher potential shift at s19 
and s26.) 

• An Ohmic back contact shows no advantage over the present 
Schottky-type back contact. 

• A lower series resistor of the LSC helps to reduce the positive 
potential shift. 

 

Figure 8 shows the comparison of different grounding configurations and 

 
Figure 9 shows the comparison of different technology variations. The 

following points can be stated: 
• A reduction of the substrate doping by a factor of 6 leads to slightly 

less substrate current due to the higher resistivity of the substrate but 
a considerably higher potential shift because of the higher LSC 
current. 
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Fig. 8. Simulated positive potential shift at two different locations, substrate current, LSC 
current, and back-contact current for different grounding configurations. 

• An increase of the substrate doping by a factor of 1.6 leads to a 
slightly lower potential shift because of a lower LSC current. 

• A ten-times higher isolation doping leads to increased currents in the 
substrate, the back contact, and the LSC and, therefore, leads to a 
higher potential shift. 

• A ten-times lower isolation doping reduces the substrate current and, 
consequently, the back-contact and LSC current, and the potential 
shift. 

 4.2. N-Tub Currents Due to Minority Carrier Injection 
 
The parasitic NPN transistor injects minority carriers (electrons) into the p-
substrate at a below-ground condition. This leads to a negative potential shift 
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Fig. 9. Simulated positive potential shift at two different locations, substrate current, LSC 
current, and back-contact current for different technology variations. 

 

in the substrate, which is not harmful in itself. However, the injected 
electrons are collected by any n-tub in the p-substrate. Because of the long 
minority carrier lifetime in the substrate, the electrons can reach n-tubs that 
are several hundred micrometers away from the injecting LDMOS. 
Electrons, which are collected by an n-tub, can disturb the devices or circuits 
placed in that n-tub. Therefore, e.g. bipolar PNP transistors, which have the 
n-tub as base diffusion, are dangerous in the present technology because the 
collected electron current is added to the base current of the transistor, which 
of course changes the collector current significantly. Bipolar NPN transistors 
are less vulnerable because the parasitic current is only added to the collector 
current. However, the linearity of current mirror circuits depends directly on 
the ratio of the collector currents of the two transistors used. Therefore, 
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current mirror circuits can easily be disturbed by substrate currents. For 
example, the immunity of bandgap reference circuits to substrate currents is 
below 1 µA collected current [10]. A PMOS transistor in a minority carrier–
collecting n-tub is also disturbed by the collected electrons through the body 
effect, which leads to a change in threshold voltage. 

Two sets of simulations have been performed on the same full-chip 3D 
structure as previously described. In the first set, different grounding 
configurations and bias conditions have been investigated, in the second, 
technology variations were investigated. Compared are the quasi-static n-tub 
current at t = 20 µs (cf. Fig. 7), the capacitive n-tub current due to capacitive 
coupling of the substrate potential change (dv/dt) to the space charge 
capacitance of the n-tub (cf. Fig. 12), the back-contact current, and the LSC 
current. 

Figure 10 shows the comparison of different grounding configurations 
and bias conditions. Most of the substrate current flows into the LSC if it is 
grounded, because of the Schottky-type back contact (cf. [9]). The most 
important findings are: 

• An open back contact leads to less n-tub current (due to less 
substrate current) but a higher capacitive n-tub current. 

• An Ohmic back contact minimizes the capacitive n-tub current but 
leads to more quasi-static n-tub current because of a higher substrate 
current. 

• A grounded SC close to an n-tub suppresses capacitive n-tub 
currents but leads to an n-tub current, which is approximately one 
order of magnitude higher (due to an altered electric field in the 
substrate between the SC and LSC [11]). 

• If a grounded LSC is placed behind the injecting LDMOS L2 (in the 
opposite direction to the n-tub), the quasi-static n-tub current is more 
than 20 times lower and the capacitive n-tub current is 2.7 times 
lower. This is because the electric field, which builds up in the 
substrate, accelerates electrons away from the n-tub. 

• An n-tub on low potential, e.g. +0.7 V, is very vulnerable to 
capacitive n-tub currents because of the high space-charge 
capacitance due to the small space-charge width. 
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Fig. 10. Collected n-tub current at turn-off, capacitive n-tub current, back-contact current, 
and LSC current for different grounding configurations and bias conditions. 

 

Figure 11 shows the comparison of different technology variations. The 
following conclusions can be drawn: 

• Ten-times shorter lifetimes lead to less substrate current and a four 
orders of magnitude lower quasi-static n-tub current, whereas the 
capacitive n-tub current decrease is much smaller. 

• Ten-times longer lifetimes lead to almost ten-times higher quasi-
static n-tub current, whereas no capacitive n-tub current appears. 

• An increase of the substrate doping by a factor of 1.6 leads to 
slightly lower substrate current and, therefore, a lower n-tub current. 

• A six-times lower substrate doping leads to an increased substrate 
current and an increased quasi-static n-tub current. The capacitive n-
tub current is also higher. 

• The isolation doping as well as surface recombination of 1e4 cm/s at 
the chip sidewalls have almost no influence on the n-tub currents. 
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Fig. 11. Collected n-tub current at turn-off, capacitive n-tub current, back-contact current, 
LSC current, and substrate current for different technology variations. 

 

Reverse recovery, the extraction of excess carriers during diode turn-off, 
leads to a high opposite (positive) current in the substrate and, therefore, to a 
positive potential shift. The reverse recovery occurs if the high-side LDMOS 
is switched on and the potential at the drain of the low-side LDMOS changes 
quickly from below-ground to Vsupply. The influence of this transient positive 
shift of the substrate potential has been investigated further by device 
simulations. Fig. 12 shows the simulated waveforms at 30 V/µs. 

Reverse-recovery current peaks reach values of several hundreds of 
milliamperes. For dv/dt > 20 V/µs, the substrate potential shift Vsub is above 
650 mV and consequential n-tub currents of several milliamperes occur due 
to the short forward-bias of the isolation junction if the n-tub is on low 
potential (e.g. +0.7 V). Such high n-tub currents may trigger latch-up and are 
a real threat to correct IC functionality. The n-tub was 600 µm from the 
injecting LDMOS in this investigation. 

Substrate Current Formation, Effects, and Protection Strategies 



166 

 

Fig. 12. Reverse recovery of the junction between n-region and p-substrate during high-side 
LDMOS turn-on. The reverse recovery current leads to a high positive potential shift in the 

substrate. 

4.3. Case Study: Destruction of ESD Protection Diode 
 
Electrostatic discharge (ESD) protection of pads of different power domains 
is usually performed with a circuit as shown in Fig. 13. Whereas ESD testing 
of the protection structure did not show weaknesses, diode D1 was destroyed 
during switching of an inductive load connected to the Vout pad. 
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Fig. 13. Test structure of antiparallel coupling diodes to protect different power domains. 

 Different tests of single devices did not show a destruction only test of 
the complete structure. Therefore, the opening of a parasitic path had to be 
assumed. The switching of an inductive load leads to a voltage undershoot at 
Vout. A look at the cross section in Fig. 14 reveals the inherently present 
parasitic NPN transistor. The below-ground voltage leads to minority 
(electron) injection and activates the parasitic NPN transistor. Due to the 
direct connection of the n-epi of diode D4, which is the collector of the 
parasitic NPN transistor, to V supply1 a high current started to flow and burned 
out the n-body to p-substrate junction of diode D1. 

The activation of the parasitic NPN transistor could be confirmed by 
device simulations and transient latch-up (TLU) measurements. 
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Fig. 14. Cross section of the relevant part of the ESD protection circuit. The below-ground 
voltage at Vout leads to minority (electron) injection into the substrate and activates the 

parasitic NPN transistor (red dashes). 

 

 
4.4. Case Study: Notching Up of DMOS Due to Voltage 

Pulse on Supply Line 

ESD protection circuits must be not only tested against ESD pulses but also 
against disturbances during operation. ISO 7637 pulses as shown in Section 
2.2. are used for qualification. Fig. 16 shows an ESD protection circuit that 
has been tested with ISO 7637 type 3a and type 3b pulses, and has shown 
destruction of the ESD protection DMOS in the case of the type 3b pulse. 

 
 

Measurements of the gate voltage of the DMOS showed an increase of 
the gate voltage which was much larger than the increase expected due to 
capacitive coupling via the gate-to-drain capacitance. Thus, another coupling 
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mechanism had to play a role. The induced gate voltage opened the DMOS 
transistor, and a destructive current flowed from Vsupply through the DMOS 
transistor. A grounded substrate contact ring around diode D reduced the 
coupling to the gate, and the gate voltage stayed below a critical value, not 
opening the DMOS transistor. 
 Investigations using device simulations revealed a strong coupling 
through the substrate between the cathode of diode D and the gate resistor R. 
Furthermore, the influence of a grounded substrate contact ring around diode 
D could be confirmed. Fig. 16 shows a cross section of the relevant part of 
the circuit. 

Fig. 16. Cross section of the relevant part of the ESD protection circuit. The fast-rising 
voltage pulse at the anode of diode D coupled through the substrate to the gate resistor R and 

opened the DMOS transistor. 

R

DMOS

Vsupply

substrate
contactD

 
Fig. 15. Schematic of the ESD protection circuit. 
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 An analysis of the temperature dependence showed that the coupling via 
the substrate increased at higher temperatures. This leads to the situation that, 
even with a grounded substrate contact ring, the coupling is strong enough to 
induce a harmful voltage at the gate of the DMOS transistor, as seen in     
Fig. 17. 
 

 

Fig. 17. Simulated gate voltage at two different temperatures. A substrate contact ring around 
diode D has been grounded in both cases. 

 
5. Protection Strategies 

 
The most efficient way to reduce substrate current effects would be to reduce 
substrate current injection. Lower substrate currents will also increase the 
efficiency of Smart Power ICs because less power will be dissipated in the 
substrate during substrate current injection. The reduction of efficiency due 
to this additional power dissipation is considerable. 
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5.1. Technological Measures 
 
The gain of the parasitic PNP transistor depends very strongly on the buried 
layer and sinker doping. Thus, a high buried layer and sinker doping around 
high voltage devices is desirable and reduces the gain of the parasitic PNP 
transistor, but at higher costs. 

A high substrate doping and a low isolation doping lead to less substrate 
contact current and, therefore, a lower positive potential shift (cf. Fig. 9). 

In the case of the parasitic NPN transistor, the free-wheeling diode IV-
characteristic determines the forward bias of the emitter-to-base junction of 
the parasitic NPN transistor. Thus, the lower the voltage drop across the free-
wheeling diode during recirculation, the lower the forward bias of the 
minority carrier–injecting junction between the n-regions and p-substrate. 

A higher substrate doping (and consequently shorter carrier lifetimes) 
leads not only to lower substrate current injection but also to lower base 
resistance and, therefore, higher base-to-emitter voltage. A trade-off between 
high-side capability and the suppression of minority carrier injection must be 
found since lower doped substrates allow higher breakdown voltages but 
minority carriers reach farther into the substrate. On the other hand, highly 
doped substrates lead to the early recombination of minority carriers, but 
high breakdown voltages are harder to achieve and it is difficult to create a 
retarding field in the substrate as used in active barrier concepts (see Section 

- ++ substrates. As 
shown in [12], the use of active barriers in p- epi on p++ substrates is feasible 
whereas the use of deep trenches decreases the minority carrier injection. In 
addition, the influence of the p- epi thickness on the active barrier 
effectiveness has been investigated. 

Another interesting approach is to introduce highly doped buried layers 
below the CMOS part of a chip, which help as recombination barriers [13]. 

For high-voltage Smart Power technologies, the trend is towards silicon-
on-insulator (SOI) [14]. SOI-based isolation techniques can suppress 
substrate current injection completely. However, transient coupling and the 
danger of latch-up triggering increases due to the higher parasitic 
capacitances of SOI structures and the costs of SOI processing are also     
high [15]. 
 

5.2. Substrate Contacts and Their Placement 
 
In an H-bridge during recirculation, both minority and majority carriers are 
injected into the substrate. Protection measures for motor control H-bridges 
can, therefore, only be derived by simulations of concurrent minority and 
majority carrier injection as shown in this section. 

Figure 18 shows an application-near simulation structure used for the 
investigation of substrate contact placement. Substrate contact LSC1 has 

5.2). This lead to the development of p  epi on top of p
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been located directly in front of the high-side transistors, LSC2 is behind the 
low-side transistors, and SC is adjacent to the minority carrier–collecting n-
tub. The n-tub has been located 300 µm from the LSC1 and has an area of 
90 x 290 µm2. In addition, a small, floating, substrate potential–sensing SSC 
has been placed beside the n-tub. Application-near below-ground and above-
supply voltages and voltage slopes have been applied. The n-tub has been set 
to +5 V. Fig. 18 shows the contour plot of the hole quasi-Fermi potential at 
the chip surface during concurrent electron and hole injection; back contact 
as well as LSC1 are grounded. 

Fig. 18. Application-near full-chip 3D device simulation structure and contour plot of the 
simulated hole quasi-Fermi potential at the chip surface during concurrent electron and hole 

injection. LSC1 and back contact are grounded. 

 
In Table 1 and Table 2 different substrate grounding configurations are 

compared. The quasi-static values of the n-tub current and the potential shift 
have been taken at 20 µs (cf. Fig. 7), immediately before turning off of the 
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below-ground and above-supply conditions. The peak of the n-tub current 
waveform has been taken as capacitive n-tub current value. The peak of the 
substrate potential waveform has been taken as the transient potential shift 
value, which is due to the reverse recovery of the junction between the 
buried layer and the substrate. 

Table 1 shows that a grounded LSC2 behind the low-side power 
transistors leads to a more than three times smaller quasi-static n-tub current 
than with a grounded LSC1. However, the displacement current is highest. 
An Ohmic back contact leads to the lowest quasi-static n-tub current as well 
as the lowest capacitive n-tub current. A grounded SC near the collecting n-
tub results in a 2.5 times higher quasi-static current but in a more than 2.5 
times lower displacement current. Without a grounded back contact, large 
quasi-static as well as displacement currents occur. Quasi-static n-tub 
currents do not exceed 0.4 µA in this configuration. This is mainly due to the 
shielding effect of the majority carrier–injecting high-sides. On the other 
hand, during switching, capacitive n-tub currents can reach 60 µA. 
 
 
Grounded 
substrate contacts 

Quasi-static n-tub current
[µA] at 20 µs 

Capacitive n-tub 
current 
[µA] at turn-off 

LSC1, back contact 0.12 50 
LSC2, back contact 0.037 61 
LSC1, Ohmic back 
contact 

0.01 7.8 

LSC1, SC, back contact 0.29 19 
LSC2, SC, back contact 0.25 26 
LCS1, (w/o back 
contact) 

0.39 58 

 
From Table 2, the following conclusions can be drawn with respect to 

potential shift: A grounded LSC2 behind the low-side LDMOS leads to the 
highest quasi-static potential shift, but the potential is negative. An Ohmic 
back contact leads to the lowest quasi-static potential shift. A grounded SC 
results in the lowest transient potential shift and also a very low quasi-static 
potential shift. If the back contact is not grounded, the transient shift of the 
substrate potential reaches several volts due to the high reverse-recovery 
current peak. The substrate potential shift at quasi-static conditions is slightly 
negative and does not exceed 220 mV. During switching, however, transient 
potential shifts reach 0.3 V, or even several volts if the back contact is not 
grounded, and can lead to junction isolation failure if the n-tub lies on a low 
potential. 

 

Table 1. Collected n-tub currents. 
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Table 2. Substrate potential at SSC near the n-tub. 

Regarding protection measures against potential shift and n-tub current, 
the following conclusions can be drawn: 

• The lowest n-tub current as well as the substrate potential shift can 
be achieved by an Ohmic back contact. 

• A floating back contact leads to the highest n-tub current and, 
especially, to the highest substrate potential shift and should, 
therefore, be avoided whenever possible. 

• All other grounding configurations with substrate contacts on top of 
the chip show counteracting trends and must be chosen according to 
the specific requirements. For example, if a certain quasi-static n-tub 
current is acceptable, a grounded substrate contact near the n-tub 
reduces the capacitive n-tub current as well as the quasi-static and 
transient substrate potential shift. 

• A high-side power LDMOS, which injects majority carriers, should 
be placed between a minority–carrier injecting low-side power 
LDMOS and sensitive devices or circuits in the control part. In such 
a configuration, the injected minority carriers (electrons) recombine 
with the injected holes before they reach the n-tubs. Therefore, a 
lower quasi-static n-tub current results, whereby care must be taken 
with respect to the positive potential shift due to the injected 
majority carriers. 

 
If only low-side power transistors are on a chip (multiple low-side 

drivers), the shielding effect of the majority carrier–injecting high-side is 
absent. If only minority carriers are involved, so-called active barriers are a 
good measure as shown in the next section. 

 
 
 
 

 
Grounded 
substrate contacts 

Quasi-static substrate  
potential [V] at 20 µs 

Transient substrate 
potential [V] at turn-off 

LSC1, back contact -0.083 0.317 
LSC2, back contact -0.220 0.346 
LSC1, Ohmic back contact -0.006 0.286 
LSC1, SC, back contact -0.040 0.137 
LSC2, SC, back contact -0.091 0.156 
LCS1, (w/o back contact) -0.041 2.274 
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5.3. Active Barrier Concepts 
 
An active barrier concept was first published in [6, 1]. Active barriers are 
most useful in (multiple) low-side ICs where no high-side stages are present 
and can, therefore, be placed between the low-side and the control part. A 
detailed investigation of this active barrier concept can be found in [7], 
whereas in [8] an improvement at higher currents is presented. 

Two active barrier concepts have been simulated and compared. Concept 
v2 intentionally introduces a parasitic NPN transistor Tb between the low-
side stage and the control circuitry. The collector of Tb is short circuited by a 
substrate contact to its base, which drives Tb into saturation due to the 
voltage drop across the substrate resistance between base and collector. In 

which leads to an even larger attenuation of the electron diffusion towards 
the control part. In addition, a simulation with only a grounded substrate 
contact SC3 has been made, which is the grounding configuration with the 

configurations and Fig. 20 shows schematically the 2D simulation structure 
used. 
 
 
Name Description Reference 
v1 SC3 grounded [9] 
v2 SC1 grounded, large n-tub1 shorted to SC2 [1, 7, 8] 
v3 SC3 grounded, large n-tub2 shorted to SC1 [6] 
 

 

substrate current is the same for all three configurations. The reference 
structure v1 exhibits the Gummel plot of a parasitic transistor with a gain 
much lower than 1. Active barrier concept v2 starts to suppress the minority 
carrier injection after a certain threshold voltage is reached, but it is very 
inefficient at higher current levels, whereas v3 reduces the n-tub current over 
five orders of magnitude even at higher substrate currents. 
 

[6], a slightly different structure (see concept v3 in Table 3) is presented, 

lowest n-tub current if no active barrier is used. Table 3 lists the three 

Table 3. Investigated active barrier configurations. 

Figure 19 compares the n-tub currents of the three different concepts. The 
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Fig. 19. Two-dimensional simulation structure used to investigate active barrier concepts. The 
lumped element representation of concept v3 is shown. 

 

The functionality of v3 can be explained as follows. Three parts of the 
IV-characteristics must be distinguished. 

Below a drain voltage of about –0.6 V, the protection does not work and 
the n-tub current is the collector current of the parasitic NPN transistor Tp 
formed by the NLDMOS drain, the p-substrate, and the n-tub. Most of the 
current flows between the NLDMOS drain and SC3, whereas the large n-
tub2 already collects minority carriers, which flow from SC1 and Rsub to 
SC3. 

Between –0.6 V and –0.8 V, the voltage drop across the substrate 
resistance Rsub, which is due to the current collected by the large n-tub2, is 
large enough to shut off the parasitic transistor Tp. The junction between the 
large n-tub2 and the substrate becomes forward biased (Tb in saturation). 

Above –0.8 V, the potential at SC1 is almost as negative as at the 
NLDMOS drain and prevents the parasitic transistor Tp from switching on 
again. The protection works fully even at higher substrate currents. A 
retarding field builds up which accelerates the injected minority carriers 
towards SC3 and away from the n-tub. In configuration v2, however, the 
voltage drop between the emitter and base of the parasitic NPN transistor at 
higher currents causes the transistor to leave saturation and the protection 
efficiency decreases. 
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Fig. 20. Comparison of active barrier concepts v1, v2, and v3. 

 
 

As also presented in the literature [7, 8], the resistor of the floating short, 
between the large n-tub and the substrate contact, strongly influences the 
efficiency of active barrier concepts, especially at higher currents. The lower 
the resistor the higher the efficiency. This may be a disadvantage for the 
practical implementation of configuration v3. 

Furthermore, in [13] it is shown that active barriers only protect 
circuitries close to the barrier even if four active barrier configuration v2’s 
are connected in series, because minority carriers flow below the sphere of 
influence of the barrier and reach CMOS parts far away from the barrier. In 
[16], a modified configuration v4 is presented, which shows higher 
effectiveness at high injection currents. The configuration v4 short-circuits 
large n-tub1 to SC1 and grounds SC2. A comparison of configuration v4 and 
configuration v2 as well as a single large n-tub on a positive potential 
between injector and sensitive circuitry are shown. The paper also discusses 
double v4 and double v2 configurations and a combined v4–v2  
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configuration. It is also shown that an additional ground contact disturbs the 
efficiency of the active barrier and that the efficiency strongly depends on 
the width of the large n-tub. 

Recently, active bipolar/MOS pull-down protection structures have been 
published [17]. Their principle consists in locally lowering the substrate 
potential in order to revert the injecting isolation diode to reverse bias mode. 
Whereas the bipolar pull-down protection is self-triggered, the MOS gate is 
biased by a control circuit that detects the negative voltage and then switches 
on the MOS with a high positive voltage. Due to the highly positive gate 
voltage, the MOS operates in the linear region with a low on-state resistance 
and the below-ground potential is tied to a substrate contact ring around the 
injector. The efficiency of the protection decreases at high current levels 
because the voltage drop reduces the negative bias of the substrate contact 
ring. 
 
6. Substrate Current Investigation by Means of Circuit 

Simulation 
 
In [18], compact modeling of the parasitic NPN transistor is presented. 
Existing BJT models for circuit simulations are not suitable due to the 
complex structure of the parasitic NPN transistor (strong inhomogeneous 
current flow, a base width of up to a few hundred micrometers, and multiple 
base contacts and collectors). Therefore, a new compact model has been 
implemented in Verlog-A. 

The inputs are the voltages at the contacts as well as technology and 
layout parameters, and the outputs are the currents. Some functions have 
been reformulated to avoid singularities that worsen convergence. 
Comparison of 3D device simulations and circuit simulations is show in Fig. 
21, and the agreement of the collected n-tub current is within a factor of 2.5. 
The accuracy decreases if too few substrate contacts are present because the 
influence of the electric field on the minority (electron) density is neglected 
in the model. The simulation time is about 30 seconds compared to hours or 
even days for 3D device simulations. 
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Fig. 21. Simulation results from device simulation (index Dev) and circuit simulation employing 
the new model (index Mod) from [18]. 

 
7. Conclusions 

 
Substrate current effects are one major risk for Smart Power IC functionality. 
Most substrate currents originate from recirculating currents during inductive 
load switching. Therefore, circuits driving inductive loads should always be 
checked carefully. 

Substrate currents are difficult to control because they are three-
dimensional in nature, strongly layout dependent, and protection measures, 
namely grounded substrate contacts, show counteracting effects on them. A 
good grounding is desirable to reduce the substrate potential shift and 
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transient effects, but increases the substrate current and collected current. 
Therefore, optimized measures against substrate current effects are only 
possible for specific layouts and application conditions. 

Despite the counteracting tendency of substrate contact placements, three 
recommendations can be stated: 

• To prevent substrate potential shift (from high-side drivers) and 
transient coupling, place grounded substrate contacts close to the 
drivers and/or sensitive devices or circuits in the control part. 

• To prevent minority carrier effects (from low-side drivers), place 
sensitive devices or circuits of the control part as far away as 
possible from these drivers (the relevant parameter is diffusion 
length), and avoid grounded substrate contacts in the control 
circuitry and close to low-side drivers in the direction to the control 
part. 

• The best measure against substrate current effects is a grounded 
Ohmic back contact. The worst configuration is a floating back 
contact. 

 
From these recommendations a good partitioning places low-side drivers 

along the edges of a chip. If high-side drivers are required in the design, they 
should be placed between low-side drivers and the control circuitry of the 
chip. If no high-side stages are required (multiple low-side ICs), active 
barrier concepts or active pull-down protection structures minimize the 
diffusion of minority carriers towards the protected area. However, the 
effectiveness of different active barrier concepts strongly depends on the 
specific layout, grounding configuration, and substrate doping. 

A highly doped substrate is favorable to suppress substrate currents but it 
leads to lower high side blocking capability, and it is more difficult to 
generate the retarding field used in active barrier concepts. Highly doped 
buried layers below the injecting device and/or below sensitive circuits are 
another technological way to reduce substrate current effects. 

No results at higher temperature are shown in this paper due to limited 
space. Of course, most effects and parameters are temperature dependent. 
However, the large temperature dependence of the free-wheeling diode 
governs the behavior of the substrate currents at higher temperatures. 
Moreover, the temperature dependence of the Schottky-type back contact 
strongly influences the minority carrier injection [9]. 
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Abstract 
 

This chapter deals with the effect of electromagnetic interference on the 
operation of analog front-end like operational amplifier and switched 
capacitor circuits. In particular, the offset, which is generated in the 
input differential stage of an operational amplifier is evaluated by an 
analytical model and a new circuit topology immune to RFI is 
proposed. Furthermore, the distortion of RFI in a basic switched 
capacitor circuit is analyzed and a new simple model for MOS switches 
is derived. Such a model is employed to predict RFI-induced upset in 
complex SC circuits. 

 

 
1. Introduction 

 
The electromagnetic emission delivered by modern electronic equipments 
has significantly increased the level of electromagnetic pollution and 
nowadays the amplitude of radio frequency interference (RFI), which are 
collected by electronic system harnesses, can be significantly higher than that 
of nominal signals. Currently, the amplitude of RFI reaching integrated 
circuit is kept under control by RFI filters and shields, which are usually 
inserted at printed circuit board (PCB) level. However, in several automotive 
applications these solutions are not applicable because most of control, 
communication and power circuits are fully integrated on silicon as it is in 
smart power ICs.  

In these cases, integrated circuits must be designed to be intrinsically 
immune to electromagnetic interference (EMI) without the support of any 
off-chip filter. To this purpose, this chapter presents the last research 
achievements on the susceptibility of integrated analog front-end to EMI, 
focusing on the effect of RFI on operational amplifiers and switched-
capacitor circuits.   
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2. CMOS Opamp Susceptibility to EMI  
 
When RFI is superimposed to the input nominal signals of a feedback 
operational amplifier (opamp), its output nominal signal is definitively 
corrupted by demodulated RFI and in the specific case of continuous wave 
(CW) interference, the opamp output signal is affected by a DC output offset 
voltage, whose value depends on the RFI amplitude and frequency [1] [2].   

To this purpose, in previous researches this phenomenon has been 
ascribed to the distortion of RFI in the opamp input stage [3] and, for this 
reason, in the following of this chapter, the distortion of RFI in a CMOS 
differential pair is discussed and a new circuit topology immune to RFI is 
presented. 
 

2.1 EMI Distortion in CMOS Differential Pair 
 
Common CMOS opamps are composed of cascaded amplifying stages the 
first of which is usually a differential pair like that shown in Fig. 1, because 
it amplifies the difference of the input voltages ninvv and invv  i.e. 
 

invninvd vvv −= , 
 
while it rejects the common mode voltage 
 

2
invninv

cm
vvv +

= . 

 
In theory, the output differential current 
 

21 DDd iii −= , 
 
does not depend on the common mode voltage if M1-M2 and their loads L1-
L2 are perfectly matched. With the assumption of perfect matching and 
considering the transistors M1-M2 biased in the saturation region, the drain 
current of each transistor can be written as 
 

( ) 2
THGSiDi Vvi −= β   2,1=i  
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in which 





=

L
WCoxn

2
µβ  where nµ  is the mobility of electrons  in 

nMOS devices, oxC  is the capacitance of the gate oxide per unit of area and 
W  and L   

 

 
 

Fig. 1. CMOS differential pair. 
 
are respectively the width and the length of the gate area of the MOS devices 
of the pair, THV  is the threshold voltage and GSiv  is the gate-source 
voltage. 

On the basis of the above mentioned transistor model, the mean value of 
the differential output current is derived in order to evaluate the RFI-induced 
output offset current. To this purpose, the gate-source voltage of each 
transistor is expressed as 
 

( )tvvv gsiGSiGSi +=  , 2,1=i  

 
where GSiv  ( )tvgsi  are the mean value and the time variant component of 
the gate-source voltage, and the mean value of the differential output current 
can be written as  
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( ) ( ) ( )( )2
2

2
1

2
2

2
1 gsgsTHGSTHGSd vvVvVvi −+−−−= β . 

 
Now, assuming that the mean-value of the input differential voltage is null 
( 0=dv ) the following equation holds 
 

21 GSGS vv = , 
 
and the mean-value of the output differential current can be written as 
 

 
 

Fig. 2. Small signal equivalent circuit. 

 
 

( )2
2

2
1 gsgsd vvi −= β     (1) 

 
in which 
 

( ) ( ) ( )∫ ∫
+∞

∞−

+∞

∞−

== ωωωωω dVVdSv GSiGSiVgsi GSi

*2   (2) 

 
where ( )ω

GSiVS  is the power spectral density of the gate-source voltage, 
which can be expressed in terms of its Fourier transform. 

With reference to the small signal equivalent circuit of the differential 

M2 can be written as 
 

pair as it is shown in Fig. 2, the gate-source voltage of the transistors M1 and 
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( ) ( ) ( )
21
D

CMGS
VVHV += ωωω     (3) 

 

( ) ( ) ( )
22
D

CMGS
VVHV −= ωωω    (4) 

 
where 
 

( ) ( )gsTm

T

CCjg
CjH

22 ++
=

ω
ωω  

 
in which  mg  is the transconductance of M1 and M2, TC  is the  parasitic 
capacitance between the node A and the ground (see Fig. 2), while gsC  is 
the gate-source capacitance. 
Substituting (3) and (4) in (2) then in (1), the mean value of the differential 
output current can be expressed as 
 

( ) ( ) ( ){ }∫
+∞

∞−

= ωωωωβ dVVHi CMDd Re .  (5) 

 
In the specific case of  ( )tVv pkdd 0_ cos ω=  and ( )θω += tVv pkcmcm 0_ cos , 
eqn. (5) becomes  

( ) ( )θωβ
+Φ= Hpkcmpkdd HVVi cos

2 __ ,  (6) 

 

in which 
{ }
{ }






=Φ

H
H

H Re
Imarctan . 
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Fig. 3. Output offset current induced by RFI in a differential pair. (W/L)=100/10, I0=20uA, 

 
Figure 3 shows the output offset current versus frequency of an nMOS 

differential pair with (W/L)=100/10, I0=20uA and CT = 2.1pF with 
mVV pkd 20_ =  and mVV pkcm 10_ = , which has been obtained by (6). Once 

evaluated  di , the input offset voltage of an operational amplifier 
is computed as 

 

m

d
off g

iv =  

 
where mg  is the transconductance of the input differential stage. 

In the next section, the above derived model is employed to design an 
opamp input stage immune to RFI. 
 
 
 
 

CT=2.1pF. 
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2.2 The Double Differential Pair 
 
In the previous section it has been shown that the simultaneous presence of 
common mode and differential mode voltages generates in a differential pair 
an output offset current (see eqn. (5)). 

Lets now consider two distinct differential pairs (M1-M2, M3-M4 in  
Fig. 4), which are driven by the same input signals and whose output ports 
are cross connected as it is shown in Fig. 4. In this circuit, the overall output 
offset current can be evaluated as the difference of the offset current, which 
is generated in the pair M1-M2 (#1) and in the pair M3-M4 (#2), that is 
 
             21 ddd iii −= .      (7) 
 
Substituting eqn. (5) in (7), the output offset current can be written as 
 

( ) ( )[ ] ( ) ( ){ }∫
+∞

∞−

−= ωωωωβωβ dVVHHi CMDd 2211Re  

where 
 

( ) ( )gsiTimi

iTi
ii CCjg

CjH
22 ++

=
ω

βω
ωβ .  2,1=i  

 
In order to achieve the immunity to EMI, it must be verified that 0=di  i.e. 
 

( ) ( )ωβωβ 2211 HH = ,    (8) 
 
which is verified if two identical differential pairs are employed. However, 
this choice gives the trivial solution of zero output current for any inputs, 
including the nominal input signals. For this reason, eqn. (8) must be 
satisfied under the assumption 21 mm gg ≠ . 

From eqn. (8) follows 
 

22

22

11

11

22 gsT

T

gsT

T

CC
C

CC
C

+
=

+
ββ ,   (9) 

22

2

11

1

22 gsT

m

gsT

m

CC
g

CC
g

+
=

+
,             (10) 
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Fig. 4. The double differential pair. 
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01

02

1

2
2

1

2

I
I

L
W
L

W

C
C

T

T

















=







, 

 
which can be employed to design the auxiliary differential pair M3-M4 in 
order to compensate the offset current, which is generated in the main 
differential pair M1-M2 by RFI. 

Fig. 5. Output offset current versus frequency. (*) standard differential pair, (+) standard 
differential pair with input low-pass filter, (∆) Double differential pair M1-M2, M3-M4 in 

 

In particular, it can be observed that 2TC  is minimized if 0
2

2 ≈
T

gs

C
C

, hence,

 under this assumption, if the parameters of the  pair M1-M2 are known and 

once defined the ratio  
01

02

I
I

, the aspect ratio of M3, M4 and the  capacitance 

2TC  can be derived. Furthermore, 01I  is known because its value derives from
 opamp base-band design specifications, while 02I  is defined on the basis 

Fig. 4. 

 maximum RFI signal amplitude reaching the M3-M4 input terminals. of the
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In order to make evident the above described design method, a 
differential pair M1-M2 with ( ) 10/100/ 1 =LW , 1.21 =TC  pF, AI µ2001 =

 and 8501 =gsC  fF  is considered. On the basis of these data and assuming 

0
2

2 ≈
T

gs

C
C

 and AI µ502 = , the aspect ratio of M3-M4 is equal to 1/5.5
2
=








L
W

 and the capacitance 7782 =TC fF. 

With reference to above mentioned parameters, the output offset current, 
which is induced in the double differential pair by common and differential 
mode interference has been evaluated by time domain simulation. To this 

differential pair M1-M2 (standard), the double differential pair (double-diff) 
and a differential pair (low-pass) whose input signals have been filtered by 

lower value of the cut-off frequency requires a proper design of the opamp 
frequency compensation network.  

These input stages have been excited by the same radio frequency 
differential mode mVV pkd 20_ =  and common mode voltage  mVV pkcm 10_ = . 

 

3. EMI Susceptibility of Switched Capacitor 
Circuit  

 
The failures, which are induced by RFI in SC circuits, i.e. in circuits that 
only includes MOS switches, capacitors and opamps connected in a non-
degenerate way, are related, in general, both to the opamp(s) RFI-induced 
distortion and to the high-frequency behavior of MOS switches. 

While the nonlinear effects of RFI in opamp circuits has been discussed 
in the previous chapter, in the following the high-frequency distortion of 
MOS switches is discussed. 

 
To this purpose, the basic SC circuit in Fig. 6a is considered. In such circuit, 
the input signal  
 

( )tvVv inININ +=          (11) 

purpose, Fig. 5 shows the output offset current versus frequency for the 

3.1 EMI Distortion in Elementary MOS Switch  

two passive low-pass filters (cut-off frequency is 60 MHz (low-pass)). A  
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Fig. 6. MOS Switch Distortion:  a) Basic SC circuit. b) RFI-induced errors in closed-MOS 
switches. 

 
includes a nominal DC signal INV  and a zero-mean RFI term ( )tvin ,  as 
shown in Fig. 7. When the switch is on and RFI is added to the DC input 
signal, the output voltage 
 

  ( )tvVv outOUTOUT += ,                           (12) 
 
includes  a  DC component INOUT VV ≠  and  a  zero-mean  component 

( ) ( )tvtv inout ≠ .  As a  consequence, with reference to  Fig. 7, the capacitor 

voltage SV  at time sT , when the switch is turned off, can be expressed as 
 

( )
CHIN

CHsoutINOUTINS

VVVV
VTvVVVV

++∆+=
++−+=

δ
)(

,         (13) 

 
where INV  is the nominal DC input voltage, V∆  is the RFI-induced offset 

error  and ( )sout TvV =δ  is  the  error  component  which  depends  on sT  and 
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which can be described in terms of its root mean square (rms) value over the 
possible sampling instants. Finally, CHV  is an error term due to charge 
injection that is not affected by RFI and which will not be considered 
hereafter. 

Fig. 7. Typical waveforms of the circuit in Fig. 6a  in the presence of RFI. 
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predicted by standard baseband SC circuit analysis if the MOS switches are 
replaced as shown in Fig. 6b. The RFI-induced errors V∆  and the rms 
value of Vδ ,  which depend on switch parameters and on the SC circuit 
configuration, are predicted in the following by a simple analytical model. 
 
 

3.2 Prediction of Errors due to MOS Switch 
Distortion   

 
The RFI-induced errors V∆  and Vδ  are predicted employing the bulk-
referred EKV MOS transistor model [4]. According to this model, with 
reference to Fig. 6a, the current which flows through a closed MOS switch is 
expressed as 
 

( )BA
BA

PSW vvvvvni −





 +

−=
2

β ,           (14) 

 
where Av  and Bv  are the bulk-referred terminal voltages and 







=

L
WCoxn

2
µ

β  in which nµ  is the mobility  of  electrons  in nMOS 

devices, oxC  is the capacitance of the gate oxide per unit of area and W  
and L  are respectively the width and the length of the gate area of the MOS 
device. 
Furthermore, 
 

[ ]ξξγ −+−−−= 2
00 TGTGP VvVvv       (15) 

 
in which Gv  is the bulk-referred gate voltage, 0TV  is the threshold voltage 
and ξ , γ  and n  are technology parameters which are described in [4]. 

Equation (14) is valid for MOS transistors in the linear region, i.e. under 
the assumption that both PA vv <  and  PB vv < ,  and it is employed in the 
following in order to predict the RFI-induced errors V∆  and Vδ .  To this 

SWi  can be expressed as 
 

From eqn. (13), the RFI-induced errors due to on-switch distortion can be 

purpose, with reference to Fig. 6a, from eqns. (11), (12) and (14) the current 
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( ) ( ) ( ) ,
2
1

2
1 22





 +++−−+−= outOUTinINoutinOUTINPSW vVvVvvVVVni β    (16) 

 

where PV  is the value of  Pv
The current SWi  also flows through the capacitor C  and, consequently, 

in steady state condition, its mean value SWi  is zero, i.e., from (16), 
 

( ) [ ] 0
2
1 2222 =−−+−− outOUTinINOUTINP vVvVVVV          (17) 

 

where 2
inv  and 2

outv  are the mean-square values of the RFI  voltages inv  

and outv  respectively. Eqn.(17) is solved in order to calculate the DC output voltage, 
OUTV ,  and  the RFI-induced offset INOUT VVV −=∆   is  consequently 

expressed as 
 

( )
( )INP

INP

outin VV
VV
vvV −














−
−

+−=∆ 2

22

11  

 
    (18) 

 

The mean-square values of the RFI voltages 2
inv  and 2

outv  in (18) can 
be expressed in terms of the RFI voltage which is superimposed onto the 
external input by frequency domain linear analysis. In particular, in the case 
of continuous wave (CW) RFI, 
 

        
2

2
2 in
in

Vv =   and  
21

1 2

222
2 in

ON
out

V
Cr

v
ω+

= ,      (19) 

 
where inV  is the peak amplitude of CW RFI and, from (14), 
 

( )PINVvvSW

AB
ON VVni

vr
INBA

−
=

∂
∂

=
= β

1

,

       (20) 

 

 given by eqn.(15) when the switch is on. 
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Furthermore, from linear analysis, the root-mean-square (rms) value of 
the  error term Vδ  in Eqn. (13) can be expressed as 
 

 2
outrms vV =δ ,                              (21) 

 
It can be observed that Eqn.(18) and (21), which have been derived with 

reference to the basic SC circuit in Fig. 6a, are valid for any MOS closed 
switch under the hypothesis that 0=SWi ,  which is true for any switch in 
practical non-degenerate SC networks. On the basis of V∆  and Vδ ,  on-
switches can be replaced as shown in Fig. 6b and the RFI-induced errors in 
complex SC circuits can be predicted by baseband SC circuit analysis. 
 

3.3 Prediction of RFI-Induced Errors in Complex  
SC-Circuits 

 
The errors which are induced by RFI in a generic, non-degenerate, SC circuit 
can be predicted on the basis of the results about MOS switch distortion, that 
have been derived in the previous Section, and with the opamp model, which 
is described in [3].  

To  this  purpose,  during  each clock phase, the RFI-induced errors V∆  
and Vδ  in closed switches should be calculated and they should be replaced 
with the equivalent circuit shown in Fig. 6b. The effect of RFI on the 
operation of any opamp included in the circuit should be taken into account 
adding an input offset voltage source to each opamp, which is affected by 
RFI. 

The approach, which has been outlined above, is applied now to the unit-
gain fully differential SC voltage amplifier in Fig. 8 and the predictions 
which have been obtained are compared with the results of time-domain 
computer simulations. 

In particular, the unit gain SC amplifier of Fig. 8 has been designed 
referring to a 0.8 µm CMOS technology process with a power supply 
voltage of 5V. It includes a fully differential two-stage Miller opamp circuit, 

The circuit, which has been obtained, is equivalent in terms of RFI-
induced errors to the original SC circuit and it can be analyzed by baseband 
SC circuit analysis techniques [5]. On the basis of such an analysis, the 
nominal SC circuit output voltage(s), the RFI-induced offset in the output 
voltage(s), and the rms value of the RFI-induced fluctuations in the samples 
of the output voltage(s), which depend on the phase of RFI waveform with 
respect to the edges of the clock waveform, can be predicted. 
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poly capacitors and nMOS switches that are driven by non-overlapping 
square wave phase signals 1ϕ  and 2ϕ  with a frequency of 100 kHz and with 
rising and falling edges of 1ns. A DC common mode input voltage 

5.2=CMV V  and  a  nominal DC differential voltage 200=CMV  mV 
have been applied to the amplifier inputs and CW RFI with a frequency in 
the range 10MHz-1GHz has been superimposed onto the non-inverting input 
voltage as shown in Fig. 8. With reference to this particular configuration, it 
can be observed that RFI is never superimposed onto the opamp input 
terminals and the opamp circuit does not contribute to RFI-induced 
distortion. 

Fig. 8. Fully Differential SC Amplifier. 

 
The circuit in Fig. 8 has been simulated by Spectre, a Spice-like circuit 

simulator, for different amplitudes and frequencies of CW RFI. For each 
value of RFI amplitude and frequency, eight different phases of the CW RFI 
waveform have been considered, eight time-domain simulations have been 
performed and the errors in the amplifier output voltage due to RFI have 
been evaluated. 

In Fig. 9, such errors are plotted with reference to a 500MHz CW RFI 
signal with a peak amplitude of 1V and the contribution of the RFI-induced 
offset OUTV∆  and of the phase dependent error OUTVδ  are evidenced. 
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The value of OUTV∆  and the rms value of OUTVδ  have been estimated 
by calculating respectively the average and the standard deviation of the 
output voltages which have been obtained from the simulations for different 
phases of RFI. Such analysis has been repeated for different amplitudes and 
frequencies of RFI performing extremely time-consuming transient computer 
simulations and the value of the RFI-induced offset error OUTV∆  and the 
rms value of OUTVδ  have been compared with model predictions.  
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Fig. 9. RFI-Induced Errors Vs. CW RFI Phase (computer simulation).  

 
In Fig. 10, in particular, the RFI-induced offset OUTV∆  has been 

plotted versus the peak amplitude of a 100MHz CW RFI signal, in Fig. 11 
the RFI-induced offset OUTV∆  has been plotted versus frequency for a CW 
RFI signal with a peak amplitude of 1V and finally, in Fig. 12 the rms value 
of the error OUTVδ  has been plotted versus frequency for a CW RFI signal 
with a peak amplitude of 1V. In all these plots, model predictions are shown 
in solid line while crosses represent computer simulation results. It can be 
observed that model predictions are in good agreement with time-domain 
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computer simulation results, as a consequence, the model which is presented 
in this paper is suitable to describe the effects of RFI in the operation of SC 
circuits. 
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Fig. 10. RFI-Induced Offset OUTV∆  Vs. CW RFI Peak Amplitude inV .   
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Fig. 11. RFI-Induced Offset OUTV∆   Vs. CW RFI Frequency. 
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Fig. 12. Root-mean-square value of  OUTV∆  Vs. CW RFI Frequency. 

 
10. Conclusions 

 
In this chapter the last research achievements on the susceptibility to EMI of 
integrated analog front-end have been presented. In particular, the effect of 
RFI on the nominal performance of feedback CMOS opamps has been 
presented and a new input stage immune to RFI has been described. 
Furthermore, the susceptibility to RFI of switched capacitor front-ends has 
been discussed and a new nonlinear model of MOS switches to predict the 
demodulation of RFI has been presented and it has been employed in a SC 
amplifier. 
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Abstract 

 
The design of integrated circuits for automotive applications has to 
meet challenging EMI requirements. In order to determine the cause of 
most common failures it is necessary to perform research in order to 
improve concept, design and layout of new or present products. In this 
article the concept/design analysis and results of fundamental blocks 
such as comparator/opamp, internal voltage supply and bandgap are 
presented. 

 
 

1. Introduction 
 
The objectives of EMI research for improved circuit design are: 
– Reduce R&D costs by reducing number of redesigns due to Electro-

Magnetic Compatibility 
– Implementation of simulation techniques that give insight concerning 

potential weaknesses in circuit design and layout 
– Determination of root causes in concept, circuit design, and layout for 

most common failures 
– Determination of “best practice” to be used during concept, design and 

layout to avoid EMC issues, especially due to immunity 
To achieve difficult EMI specifications for a system IC, it is crucial for the 
fundamental biasing blocks to be robust, otherwise they will limit the 
performance of the whole IC. This paper presents concept/design analysis 
and EMI results for a comparator/opamp, internal voltage supply, and a 
bandgap.  

 

2. Direct Power Injection 
 

In order to gain a deeper understanding of immunity issues, it is necessary to 
perform DPI (Direct Power Injection) tests, which permit to identify failures 
in an easier manner, because it permits to inject RF power into a single pin at 
a time as illustrated in Fig. 1. Standard: ISO 11452-7(12-95); IEC 62132-
3(01-00) [1]. 
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Fig. 1. DPI Measurement Setup. 
 
 

The DPI test consists of injecting RF power, through a coupling 
capacitor, at a regulated constant forward power. This power is then 
increased until the monitoring unit does not report a failure, once the first 
failure is detected then the program automatically steps up the frequency and 
searches again at which RF power level the DUT (Device Under Test) fails. 
The DUT consists of the application module with the IC under examination 
and all its’ external components.  

Fig. 2. Results of a DPI Test. 

Figure 2 illustrates a typical result of a DPI measurement, where 37dBm 
are equivalent to 5W forward power injected into a pin of the module. 
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3. Coupling Mechanism of RF Power Inside the IC for 
SPT Technology [2] 

 
Depending on the product there are various types of packages, which may 
have a significant impact on EMI results. As illustrated in Fig. 3 the RF 
substrate currents have different paths for the different type of packages and 
ground connections. 

Fig. 3. RF Current Flow Depending on Package. 
 
 

RF substrate currents can differ significantly from the DC ones, because 
of the fact they see different impedances than exclusively the resistive ones. 
A bonding wire has significant impedance at high frequencies, and in many 
products the ground/substrate connection is made via a bonding wire, 
causing the ground connection to have higher impedance, which causes the 
RF substrate currents to flow more through the substrate looking for other 
lower ohmic connections to ground. In such a case placing devices at farther 
distances does not have a significant impact on EMI performance. Although 
there is an electrical connection to the lead frame, which is externally 
connected to the PCB ground, the glue, and the fact that the backside of the 
die has no metallization layer, seems not to permit significant conduction of 
RF substrate currents, thus the majority will find its way back through 
substrate connections or through the circuits, which is what should be 
avoided. However when a power package is used with backside metallization 
then better EMI performance can be achieved due to the fact that RF 
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substrate currents have low inductive and resistive paths to ground. This does 
not mean that they will not affect neighbouring devices or blocks, however 
distance does in this case prove to be effective in improving EMI 
performance. 
 

 
3.1. EMI Coupling for Comparator/Opamp 

 
On a testchip (Fig. 4) DPI tests were performed, and the effect of the 
substrate currents was observed on a small comparator located within the  
red circle. The comparator is not electrically connected to the power 
DMOSs, except for channel 4, which input is directly connected to the drain 
Q4 (Fig. 4). Fig. 5 illustrates the immunity performance of the testchip where 
the output of the comparator alone was monitored, and RF power was 
injected into the drains of the four different channels (Q1 to Q4), one at a 
time. It is possible to observe in Fig. 5 just how the substrate currents 
affected this block. This IC had neither backside metallization nor a power 
package. And it can be observed how the RF currents injected at channel 3, 
which is located completely on the other side of the IC, affect the 
comparators’ performance in Fig. 5.  
 
 

 
 

 
 
 
 
 
 

Fig. 4. Layout of Testchip. 
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The frequency range where substrate currents are sufficiently large to 
disturb neighbouring blocks is from 40MHz to 1GHz. It is interesting to 
observe how channel 3 although being adjacent to the border of the die, 
where the P+ ring and N-sinker ring are located, nevertheless injects current 
throughout the whole substrate, when one would expect that the majority of 
the current would have the tendency to flow into these rings that are right 
beside the device having a low resistive path to ground. Results however 
show that a significant amount of current still flows throughout the whole 
substrate, although some part of the current does flow into the rings. It would 
almost appear as if the current almost flows radially outwards from the 
power DMOS into substrate.  

The dominant coupling mechanism is evident in this case; Fig. 6 
illustrates the cross-section of the devices that are involved.  

 

 

Fig. 5. DPI Results for Comparator at Different Injection Points. 

 

 
Since the drain of the DMOS is the EPI, it has the best parasitic 

capacitance to substrate, which makes it the perfect coupling mechanism for 
RF currents. The comparator uses PNPs as its’ input stage, where the base is 
the EPI, which couples in RF substrate currents and amplifies them since its’ 
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Fig. 6. RF Power Coupling Mechanism through Substrate. 

transient frequency is 700MHz. However it has been observed that when 
modifications are made to improve reverse current effects, these will also 
improve EMI performance, it is just that for EMI more factors need to be 
taken into consideration. To avoid that RF substrate currents dangerously 
affect your IC it is necessary for all EPIs to be connected to low ohmic 
nodes. To improve EMI performance on this testchip a P+ substrate ring was 
introduced around the PNP input stage.  

 

Fig. 7. P+ Ring around input PNP structure. 
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And a low pass filter was introduced (Fig. 8) to improve the performance 
at low frequencies, since the performance at high frequencies (greater than 
100MHz) is determined by the RF substrate currents in this specific case. 
The filters are necessary since the comparator is directly connected to the pin 
where RF power is injected to. In Fig. 8 it is possible to observe two filters, 
the first filter is needed to reduce the RF signal that appears at the drain of 
the power DMOS when it is in high impedance mode. The second filter 
serves two purposes, the first is to additionally filter the RF signal, and the 

comparator may reject it.  

Fig. 8. Filtering for Comparator/Opamp directly connected to injection point. 
 
 

Figure 9 illustrates the results where it is possible to observe the 
improvement due to the low pass filter and P+ ring. The low pass filter 
improved the low frequency direct coupling, and the P+ ring reduced the RF 
substrate current injection into the input stage at high frequencies. 
 

second is to transform the RF signal into a common mode signal so that the 

 
4. Internal Voltage Supply 

 
The internal voltage supply is a critical block, because it supplies the most 
sensitive blocks of a system IC, therefore if it does not have a good 
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Fig. 9. DPI results. 

immunity, this single block will limit the performance of the entire IC. The 
question is what is the best concept to use in order to achieve maximum EMI 
performance? 
 

Fig. 10. 
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First it is necessary to determine which pass device is the best for the 
internal voltage supply in order to obtain best EMI performance, assuming it 
will be directly connected to battery, thus tested with 5 Watts of injected RF 
power. 

Fig. 11. Pros and Cons of various output stages. 

 
The most promising devices are the DMOS with charge pump and 

DMOS in parallel with a PMOS, so a testchip was designed with the 
following concepts in order to verify which one had the best EMI 
performance. Fig. 12 is a concept that was previously used with DMOS and 
charge-pump, Fig. 13 is a concept that was also previously used with an 
output DMOS in parallel with a PMOS, and Fig. 14 illustrates a “new” 
concept that is designed specifically to improve EMI performance. Concepts 
1 and 3 have large capacitors at both gate and source of the DMOS to 
improve immunity, but concept 3 has an additional start-up circuitry, which 
is connected directly to the battery, and in steady state the internal voltage 
regulator then supplies all biasing structures. Small transfer gates are used to 
isolate biasing and control blocks from the start-up circuitry, in order to 
avoid direct coupling from the battery. 
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Fig. 13. Concept 2. 
 
 

This way it provides “protection” for the current biasing and bandgap, by 
using the linear regulator as a RF filter, and has significantly less capacitance 
than concept 1. 
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Fig. 14. Concept 3. 
 

 
Fig. 15. DPI Results. 

 
 

In Fig. 15 the EMI results show that concept 3 performs better than the 
other two, although it is smaller in area, with a minimum of 25dBm. These 
tests were performed without any capacitance at the battery pin. Concept 2 
with a PMOS in parallel with a DMOS, had a failure which led to the 
destruction of the IC. Concept 1 has a strong weakness in the medium 
frequency range, with a minimum of 17dBm at 200-300MHz. Concept 3 has 
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the best performance in the low-medium frequency range because it has the 
least amount of RF power that reaches the gate of the power DMOS. Once 
this was understood a small modification was made to concept 3 to improve 
its’ performance as illustrated in Fig. 16.  

Fig. 16. Improved Concept. 
 
 

By inserting a simple resistor in series to the PMOS a passive filter is 
formed which attenuates further the introduction of RF power into the gate of 
the power DMOS. It is also important to place a P+ ring around the DMOS 
to reduce the emission of RF substrate currents. 

 
 

5. Bandgap 
 
In Fig. 17 the bandgap [3] shows that all the EPIs are connected to the 
internal power supply. This reduced the effect of reverse DC currents, which 
also is the best approach for improving EMI performance. However the 
internal voltage supply does not have low impedance over the whole 
frequency range up to 1GHz, and therefore causes the local supply of the 
bandgap to have a superposition of a significant ac component due to the RF 
currents which are flowing through the EPI connections of the transistors 
(shown with green dots in Fig. 17). Due to the fact the line may have 
significant parasitics, it is important to place a capacitor near the bandgap 
(C4 Fig. 18), or else the series resistance and inductance of the metal and/or 
poly lines will reduce the filtering effect of the capacitance at high 
frequencies, making the insertion of the capacitor useless. 
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Fig. 17. Bandgap. 
 
 

After analysing the circuit in simulation under RF power injection at the 
supply of the bandgap it is possible to observe just how bad the attenuation is 
from power supply to output voltage for frequencies above the bandwidth of 
the opamp (Fig. 19). In order to improve the attenuation for higher 
frequencies it is necessary to introduce some capacitances as illustrated in 
Fig. 18 (C2, C3, and C4).  

Fig. 18. Bandgap Optimized for EMI. 
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In order to properly simulate the effect of the RF currents introduced via 
the EPI wells into the supply line, it is necessary to include the supply line 
inductance, resistance, and approximate impedance of the output resistance 
of the internal voltage regulator, and emulate this RF substrate current with 
an ac current source from the local VCC to ground. Fig. 19 illustrates the 
difference of the two different concepts. 
 

 
 

Fig. 19. Bandgap RF current to Output Voltage transfer Function. 
 
 

 
 

Fig. 20. Bandgap Transient Results. 
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An additional reason why the capacitance at the supply is so important is 
that the input structure of the bandgap is unsymmetrical, which causes a 
phase shift among the signals that reach the opamp, causing a DC shift as 
shown in Fig. 20. 

Both the DC level variation and the amount of coupled RF power to the 
output voltage are improved in the new concept. 

 
 

10. Conclusions 
 
This paper presented results of concept/design analysis for a  comparator/
opamp, internal voltage supply, and bandgap for obtaining better EMI 
robustness. It also highlights the root causes of failures and specific coupling 
mechanisms for SPT technology, and explains how simulations can be 
performed for EPI coupled RF substrate current injection, and then proposes 
solutions to improve their performance. The purpose of this paper was to 
highlight just how important it is to design all fundamental blocks in a robust 
manner against RF substrate currents and conducted emissions so that these 
would not limit the system performance. 
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Abstract 

 
This paper presents a structured methodology that, despite it is not 
conclusive for all cases, can support a design engineer to develop and/or 
debug electronic circuits for electromagnetic susceptibility (EMS). This 
methodology is well suited to investigate continuous time analog 
electronic systems, modules or circuits and does not require any special 
tools. The method is flexible, can be applied in many cases by simple 
reasoning and is customizable towards specific needs. 

  
1.  Introduction 

 
In modern automotive and industrial environments, EMC (Electro Magnetic 
Coupling) requirements rapidly increase. Realizing high EMC immunity (high 
EMI or low EMS), combined with realizing low EMC emissions (low EME) 
are crucial differentiators for OEMs to select electronic components and 
systems. Therefore component suppliers make large investments in design, 
measuring and debugging techniques to optimise the EMC performance of 
their electronic systems and components and to maintain their competitive 
advantage. Several design guidelines exist to support low EMS design but due 
to its complex nature, debugging EMS on system or component level stays a 
difficult problem. For automotive applications the EMS spectrum starts at 
150KHz and extends up to 1GHz with tendency to further increase. Parasitic 
components are often poorly known and can show large variability. Correct 
modelling is a real challenge and more pragmatic methods are used. This paper 
introduces a structured and effective methodology that uses standard AC 
analysis and a set of intuitive rules and criteria to help a design engineer in 
designing and/or debug an electronic circuit for low EMS. Despite that this 
method is not conclusive in all cases, we believe that it offers an effective 
instrument to detect and cure EMS weaknesses in many cases.  
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2.  EMC Properties 
 
EMC is dominated by four characteristic properties: 1) the level of injected 
power, 2) the range of EMC frequencies injected, 3) the amplitude modulation 
characteristics used to modulate the EMC power and finally 4) the pass/fail 
criterion used to evaluate the circuit immunity for EMC. Pass/fail criteria are 
typically defined by two properties: 1) the maximum allowed deviation of a 
given parameter. If a parameter exceeds this value, this is considered as a 
failure. And 2) an EMC power level for which no failure may occur. 

To save high measurement and rework costs on the finished module, 
component suppliers use different types of pre-compliance tests. The most 
common used pre-compliance tests are direct power injection (DPI)(6) and 
bulk current injection (BCI). In the examples presented in this paper, DPI will 
be assumed but the same methods can be applied using BCI. 
 
 

3.  Origins of EM Susceptibility 
 
EMC disturbances can enter into electronic circuits via different electrical 
paths. The majority of these paths are defined by parasitics components and 
couplings. Parasitics introduced by PCB tracks, cable harness, bonding wires, 
leads, substrate coupling etc… are not well known but can play an important 
role in injecting EMC into a circuit. Especially these couplings and parasitics 
make EMS a problem that is difficult to grasp and complex to analyze.  

Linear circuits can attenuate EMC signals but cannot introduce signal 
asymmetry, which contains an additional DC component. Or in other words, a 
linear attenuated signal stays linear and the average of the resulting signal stays 
equal to zero. On the contrary, active components in general behave non-
linear. E.g. a MOS is characterized by its quadratic law in strong inversion and 
a bipolar or diode by its exponential law. Applying EMC on such a non-linear 
component, translates the symmetrical input signal into an asymmetrical 
output signal. This effect is called rectification. If such not-symmetrical signal 
is filtered, by means of a capacitor, charge accumulation or pumping will 
occur and a DC shift is introduced, which can de-bias the circuit out of its 
operational region. 

Classifying EMS problems into failure groups, the most common reasons 
that lead to low EMS are charge-pumping effects, coupling effects, circuit 
mismatches and resonance. In many cases, coupling, matching and resonance 
effect are just initial reasons that finally lead to rectification and pumping. Two 
types of rectification can be distinguished: soft and hard rectification. With soft 
rectification we indicate that the device under EMC stress shows a modulated 
DC operating point, which is not large enough to cut off the device. Hard 
rectification on the other hand will periodically or continuously cut off a 
device when EMC stress is applied. To illustrate rectification in more detail, a 
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Ibias together with R1 and C1 represent a non-ideal current source biasing of 
the follower Q1. 

 
 

3.1.  Large-Signal Analysis 
 
A large signal approach is used to analyze the source follower circuit in    
figure 1.  
Case 1: C1 close to zero: In order to evaluate the EMS behavior, a sine wave 
voltage source is added in series with the base of the source follower Q1. 
Using large signal considerations, the emitter of Q1 will fast charge the circuit 
node OUT but will not discharge the same node. Discharging takes mainly 
place over Ibias and a neglectable part over R1. Since C1 is close to zero, the 
current source Ibias is sufficiently strong to discharge the node OUT 
completely within every sine wave period. Even with an EMC signal of 1 volt, 
the DC operating point of Q1 stays quasi constant. Despite this large signal 
amplitude and the exponential relationship between the collector current and 
the base emitter voltage of Q1, the follower output remains to behave linear. 
The lower waveform depicted in figure 2 shows the follower output with      
C1 = 1pF. 
Case 2: C1 is replaced by a dominant capacitor >> 1pF: Due to the exponential 
behaviour of Q1, charging of C1 does not fundamentally change. This can be 
seen in figure 2 just after the delay and when the first sine wave period starts. 
However as soon as the input signal goes down and C1 starts to discharge, the 
emitter of Q1 slowly discharges while the base follows the fast EMC signal. 
Or in other words, the bandwidth of the emitter node is too low to follow the 
base signal. Dependent on the applied EMC amplitude, Vbe will vary, strongly 
vary or even switch off Q1 while the emitter node slowly discharges. The DC 
operating point of Q1 is no longer maintained and the non-linear transfer curve 

source follower input buffer as depicted in Figure 1 is studied. Current source 

      Fig. 1. Source follower circuit.                                Fig. 2. Source follower charge pump effect. 
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of Q1 becomes visible. The capacitor C1 accumulates this non-linear voltage 
and the output OUT shows a positive DC shift. This effect is called charge 
pumping. The three upper curves in figure 2 show this effect in different 
gradation for the capacitor values C1=10pF, C1=100pF and C1=1nF. Besides 
a DC shift, the sine wave amplitude is reduced (limited bandwidth) and the 
signal shape is distorted. Note that charge pumping always moves into the 
direction to cut off the non-linear device that creates it. The peak value of the 
sine wave tends to remain the same as the peak value of the sine wave without 
charge pumping. 
 
 

3.2.  Limitations of Large-Signal Analysis 
 
The approach used above to analyze the follower circuit is based on large 
signal considerations but lacks to be conclusive when large frequency bands 
need to be considered. Standard SPICE transient simulations offer a good 
method to analyze circuits for large signal behaviour. For simulation 
purposes, EMS is often modelled by means of direct power injection (DPI), 
typically realized by an AC coupled HF sine wave voltage source connected to 
the pin under test. Transient simulations are performed in the time domain. 
This has two consequences: 1) In order to recognize charge pumping, multiple 
periods of accumulation of charge are usually required. And 2) transient 
simulations are limited to one frequency at a time. Consequently, we risk 
leaving certain frequency dependencies such as narrow band feed forward 
couplings and resonance chains with high Q undiscovered. To avoid this, the 
complete EMC spectrum (typically 150KHz to 1GHz) should be simulated and 
many transient simulations would be required. Limited design time and quite 
long simulation times do not allow performing simulations in an exhaustive 
manner. Furthermore, it is not straightforward to take into account the large 
spreads that several parasitics tend to have. Monte Carlo analysis can offer a 
solution here but again at the cost of simulation time. Another theoretical 
method that drastically could improve simulation times while being able to 
recognize non-linearity is a sensitivity analysis. However two major 
drawbacks make this type of simulation unattractive: a) Sensitivity analysis is 
by nature a DC type of analysis that excludes all frequency dependencies 
including capacitors and inductors. This loss of frequency information makes 
its usage questionable. b) Sensitivity is only checked for one DC operating 
point. As EMC tends to be large signal, in general multiple sensitivity 
simulations will be required, which is again not attractive. We therefore 
continue our investigation and explore alternative ways. 
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3.3.  Small-Signal Analysis 
 
EMS is by nature defined in the frequency domain. AC analysis is well suited 
to evaluate circuit behavior in the frequency domain and in many cases, AC 
analysis can be performed intuitively; but can such an intuitive approach be 
used to predict EMS? The following paragraph will answer this question.  
The components found in an analog circuit can be classified in 4 groups: 
1) The EMC input source: EMS signals are induced by electro magnetic fields 
picked up by some kind of antenna; for example a cable harness or a metal 
track on a PCB. The currents and voltages induced in this way can be very 
large and are mainly determined by the physical characteristics of the antenna 
and by frequency dependent impedance of the circuit node. Pre-compliance 
tests such as DPI typically use a HF sine wave voltage source to model the 
induced EMC signal. This source is AC coupled to the circuit node under test 
and has a source impedance of 50 ohm. An AC analysis is well suited to 
analyze both the HF voltage source and the impedance over frequency of a 
circuit node. There however is still one problem. Impedance alone is not 
enough to define the ability of a circuit to handle current. To illustrate this, we 
use again a follower circuit but now inject the EMC signal on the emitter 
follower output as depicted in figure 3. For low frequencies the follower Q1 
can source high currents but sinking current is strongly limited by the current 
source Ibias and its output impedance R1. Despite this limited sink capability, 
the AC output impedance, with no EMC signal applied, is found to be low. 
This is due to the linearization of the follower characteristics in the bias point 
made in an AC analysis. In this case, this largely overestimates the AC output 
impedance for currents sourced to the output OUT and underestimates the AC 
output impedance for currents sinked from the output OUT. The reason is 
found in the asymmetrical current capability of the circuit. Assume we apply 
DPI to the follower output. During the positive half-period of the DPI sine 
wave, the DC bias current in Q1 will diminish or even switch off Q1 and the 
impedance on the pin OUT will drastically increase. This effect can not be 
recognized from a small signal AC analysis. Still it is this limited current 
capability, rather than the small signal AC impedance, that will determine the 
final capability for the circuit to take up EMC power. Fortunately, this 
limitation is in general only valid for the node on which we directly inject 
EMC. Once the EMC signal has entered a branch deeper inside the circuit, in 
general, no direct path exists towards the external EMC source. This implies 
that the maximum voltages and currents are no longer defined by the EMC 
source itself but are now defined by the circuit topology and the circuit supply. 
Or in other words, starting from this branch EMC can be considered as a 
superposed HF sine wave signal in series with the branch input rather than a 
power source that injects from external. This important observation allows 
using AC analysis inside circuits in order to predict EMS problems.  
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2) Linear components: Linear components such as resistors, capacitors and 
inductors attenuate a signal but the resulting signal remains linear. No 
rectification occurs and no DC shifts are introduced. Therefore an AC analysis 
is well suited to describe the behavior of these elements even when large 
signals are applied. 
3) Linear equivalents: Elements like a PCB track, a cable harness, a bond wire 
etc… can be approximated with simplified HF models. In general these 
networks are linear and can be modeled with resistors, capacitors and 
inductors. AC analysis is again well suited to describe these circuits, also for 
large signals. 
4) Non-linear components: Non-linear components such as diodes, bipolars 
and MOS transistors show a non-linear transfer characteristic. Most of these 
devices have a voltage input and a current output. The output current flows 
into the load impedance, where it is again translated into a voltage. This 
voltage drives the next stage or branch in a circuit and the process repeats. 
Non-linear components not necessarily create non-linear signals. As an 
example take a classical current mirror circuit consisting of 2 transistors, a 
bipolar input diode and a second, identical bipolar, connected parallel with 
base and emitter to the first bipolar. When a linear sine wave voltage is 
superimposed on the base-emitter input of the bipolar diode, an exponential 
collector current will be generated in both transistors. If this exponential 
current of the output transistor is injected into a linear load-impedance, e.g. in 
a resistor. The exponential current is converted into an exponential voltage and 
rectification will occur with a risk for charge pumping. If instead the 
exponential collector current of the output transistor is injected into a diode 
(e.g. the incoming branch of another bipolar current mirror) then the 
exponential current is first converted by the logarithmic law of the diode again 
into a linear voltage and no rectification nor a DC shift will occur at this point. 
This basic but essential observation leads to the conclusion that as well the 
transfer characteristic as also the load impedance are crucial elements to 
determine charge-pumping effects. In most cases, simple reasoning is enough 
to recognize the linear and non-linear transfer characteristics in a circuit. By 
means of AC analysis the behavior of a node-impedance over frequency is 
determined. When combining both techniques together, this can lead to an 
efficient method to predict charge-pumping effects taking all frequencies into 
account.  
 
 

3.4.  Defining Pass and Fail Criteria 
 
Up to now, rectification has been  studied  without  defining  a  pass / fail 
criterion. Soft and hard rectification has been discussed and it has been shown 
that the amount of rectification depends as well on the amplitude of the input 
signal as on the non-linearity of the chosen topology. But how can this all be 
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linked to the EMS pass/fail criteria defined for a circuit? One way to approach 
this problem is by using initial and maximum impedances. The technique is 
demonstrated by means of the emitter follower as depicted in figure 3. The 
output impedance on the node OUT is given by: 
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To evaluate the circuit during EMC conditions, an additional sine wave 
current, Iemc, is injected into the node OUT. The frequency of the sine wave is 
chosen to be well below the bandwidth of the circuit. In the positive alternance 
of the sine wave, the DC current in the follower will reduce proportionally to 
the injected EMC current. Neglecting R1 and C1, the follower will remain to 
have a bias current as long as IemcMax < Ibias and equation (1) will hold, 
where: 
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When IemcMax >= Ibias, Q1 will have no bias current and the transistor will 
cut off. Recalculating the impedance on the node, now with Q1 cut off  
becomes:  
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In figure 4, the upper curve shows the impedance on node Out with Q1 cut 

off and the lower curve the impedance with Q1 biased. Or in other words, we 
have found the initial output impedance, Zout(f), when no EMC is applied 
(lower curve) and the maximum output impedance, ZoutMax(f), when a large 
EMC signal is applied (upper curve). 

From figure 4, three information’s can be deducted: a) The output 
impedance changes by up to three orders of magnitude. b) For each frequency 
the initial and maximum impedance can be retrieved and the circuit 
susceptibility can be found. c) For high frequencies, C1 becomes dominant in 
defining the output impedance and both curves converge.  
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For low frequencies, at the fail criterion, when Q1 just cuts off,     

IemcMax =  Ibias. From this and the maximum impedance, given by equation 
(3), the maximum EMC power the circuit can handle is calculated as:  
 

         )(*)( 22 fZoutMaxIbiasfPemcMaxRIP =→=        (4) 
 
For higher frequencies, the impedance of C1 comes in parallel with the current 
Ibias and hence PemcMax(f) increases accordingly.  

Using a fail criterion, together with the maximum impedance, we where 
able to deduct the circuit EMC susceptibility over frequency. But how to 
determine the EMC susceptibility if only a parameter shift of a few percents is 
allowed? Applying a more strict fail criterion is a solution. Instead of allowing 
Q1 to cut off, we require Q1 to maintain a minimal bias current larger then a 
certain percentage of the DC bias current. This will limit the non-linearity and 
thus the rectification effect. For Zout >> 50Ω (the DPI source impedance) 
Vemc is equal to the applied DPI signal and: 

 
IemcIbiasItot +=    and   VemcIbiasVbetotVbe −= )()(    (5) 

 
With Itot, the total bias current in Q1, Ibias, the DC bias current and Iemc, the 
additional EMC current injected. Vbe(tot), the total base-emitter voltage of Q1, 
Vbe(Ibias), the DC bias current in Q1 and Vemc the applied DPI voltage. As 
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results in: 
Q1 is a bipolar, Ic = Is*exp(Vbe/Ut), with Ut = kT/q. Substitution in equation (6)  
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     Fig. 3. Emitter follower circuit.                                 Fig. 4: Follower output impedance. 
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Rewriting and taking the average by integrating over one sine wave 
period, the DC shift introduced by the non-linear transfer curve of Q1 is given 
by: 
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With I_mean the DC current shift as a result of charge-pumping. In figure 5, 

1+I_mean and I_mean are depicted as a function of Vemc/Ut. Note that for 
soft rectification, the current DC shift, I_mean, created by charge-pumping can 
be approximated as: 
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Fig. 5. The DC current shift due to charge-pumping, 1+I_mean and I_mean. 

 
 
The method and equations above demonstrate that as well for hard as for soft 
failure criteria the circuit susceptibility over frequency can be deducted and it 
was sufficient to combine AC analysis with a set of well-known DC circuit 
properties. Generalizing this concept, it seems plausible that for any 
continuous time system we can use this technique based on AC analysis to 
predict EMC sensitivity over frequency. Compared to modern electronic 
systems, the complexity of a follower circuit is of course small and can be not 
considered as representative. In the following section the method is therefore 
applied on a more complex circuit. In order to demonstrate the flexibility of 
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the method, a CAN receiver input is not only analyzed, but also design and 
optimized for EMS. 
 
 

4.  Design of a Low EMS CAN Receiver 
 
As 2nd example a CAN receiver is designed. The CAN receiver requires to 
operate up to 1Mbit/sec and with a propagation delay below 200nsec. A high 
speed, low gain comparator input stage as depicted in Figure 6 is selected as 
starting point. 
 

Fig. 6. Schematic of the CAN receiver input stage. 

 
Step 1: Definition of the EMC requirements: EMS robust design means no 
rectification and/or no accumulation. The elements that can introduce non-
linear behaviour are the two bipolar devices, Q1 and Q2, forming a differential 
pair. (Q1 and Q2 could also be replaced by MOS devices). As EMC failing 
criterion, we choose that one or both of the input bipolar devices show a clear 
shift in DC operating point. This can happen under three conditions: 1) when 
the input common mode signal exceeds the input compliance voltage range 
and 2) when the bandwidth of the common emitter node (virtual ground) of the 
differential pair is far below the EMC frequency applied. 3) When the input 
differential signal exceeds the linear input compliance voltage range. 
Step 2: Impedance and AC analysis: The pole on the virtual ground (common 
emitters) of the differential pair is expressed by:  
 

         1**23 C
Gm

dbF
π

=
−

  

 

frequencies above this pole, the virtual ground of the comparator input stage 

where C1 stands for the collector capacitance of the bias  current mirror. 

                 (9) 

Assuming C1 = 1pF and Ic = 10uA, the pole is calculated at ~63MHz. For 
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becomes too slow to follow the input signal. The common emitter voltage 
rectifies and charge pumping occurs. Figure 7 shows the comparator outputs 
with C1 = 1pF (no charge pumping) and C1 = 100pF (charge pumping).  

Fig. 7. Rectification for C1 = 1pF and C1 = 100pF @ F=10MHz. 
 
 

To avoid charge pumping, two options exist: 1) the incoming signal is 
attenuated by means of a resistive divider or by means of a low pass filter with 
cut-off frequency well below the comparator pole or 2) the bandwidth of the 
comparator stage is increased beyond the bandwidth of the incoming EMC 
signal. Increasing the bandwidth has three major disadvantages: a) it results in 
a higher current consumption. b) It makes the circuit more sensitive to high-
frequency noise and disturbances. c) The EMC requirements for following 
circuit branches of the comparator stage increase. As a general rule, it is 
therefore preferred to limit the incoming signal bandwidth rather than to 
increase the circuit bandwidth, whenever possible. The CAN receiver in this 
example requires to operate at a speed of 1Mbit/sec with a settling time of less 
than 200nsec. These requirements directly define the lower limit for the 
comparator bandwidth. To keep the circuit complexity low, a passive first 
order RC filter is added in front of the comparator inputs. The settling time of 
200nsec requires a minimum bandwidth of about 15MHz (3 tau). When 
integrated on silicon, the component spread of an RC filter is in the order of 
50%. This moves the –3dB point to a typical value of 30MHz. The attenuation 
of a 1st order LPF filter is limited to 20dB/decade. 20dB attenuation is only 
reached for a the filter bandwidth above 300MHz, while the comparator 
bandwidth is limited to 63MHz. It’s clear that all these constraints together 
push to move to high circuit bandwidths, which for obvious reasons are 
undesired. 

A better solution can be found by introducing attenuation by means of a 
resistive divider. The attenuation of 20dB is valid for all frequencies and 
therefore relaxes the input range and linearity requirements of all subsequent 
stages. The LPF, with a typical –3dB point at 30MHz, is also added to further 
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reduce the high-frequency requirements of the subsequent stages. Designing 
for typically 30MHz with 50% component variations gives a worst case –3dB 
point at 45MHz. Since this is very close to the pole of the comparator, we here 
choose to also boost the bandwidth of the virtual ground of the comparator 
differential stage. This is done by simply replacing the bias current source with 
a bias resistor. Compared to the current bias, the resistor has a much lower 
impedance and a significant smaller parasitic capacitance. Both properties help 

resistor bias is the soft rectification introduced by the common mode 
dependency of the comparator bias current and its non-linear effect on the 
comparator gain.  
Step 3: Input impedance and dominant external components: The receiver 
inputs are connected to the CAN bus. The CAN bus is terminated at each end 
with a resistor of 120ohm and two capacitors of 220pF to ground. The value of 
these capacitors is restricted by the CAN settling time requirement of 200nsec. 

a) For frequencies below the first pole nearly all EMC power is injected into 
the two 120 ohm bus terminators + the 50ohm EMC source impedance. With 4 
Watt EMC power injected in 2 times 120 ohm in parallel, the expected RMS 
signal amplitude is: 

 

    VWfPemcfZoutfVrms 491.15120//120*4)(*)()( =ΩΩ==     (10) 
 

Looking to the components connected to the bus, immediately two reasons 
are recognized that can lead to rectification: a) the ESD protection diodes will 
clamp and b) the compliance of the input common mode is exceeded. This 
compliance is limited to only 1.25V due to the required gain of the first stage 

capacitors is not feasible, as this would limit the transmission speed and 
settling times. Adding a lower external shunt resistor will increase the current 
consumption and limit the number of CAN nodes that can be connected on a 
bus. Adding series inductance is not effective for low frequencies and besides 
that also expensive. One possible solution left is to use a resistive divider that 
attenuates the input signal for all frequencies. The minimum attenuation 
required is given by:  
 

                   
53.17~

25.1
2*491.15

V
V

VInputCM
VemcMaxnAttenuatio ==                 (11) 

 
And second the LV ESD protection diodes need to be replaced by symmetrical 

HV ESD protection devices that do not conduct when +22Vp or –22Vp is 
applied on the CAN lines. These ESD protections are represented by the 
double zener diodes in figure 8.  

to move the comparator -3dB point easily by a factor 3. Drawback of the 

120 ohm termination resistor. This observation leads to two important conclusions: 

and the input signal dependent bias variations. Adding large external 

The filter input impedance is assumed to be always much higher than the  
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Attenuating the input signal by a factor 10 has clear technical 
disadvantages, e.g. increased offsets (the input offset is multiplied by the 
attenuation), high sensitivity to the divider mismatches (divider mismatches 
translate a common mode signal into a differential mode signal), a lower signal 
to noise ratio etc… Nevertheless, in this specific case, the possible solutions to 
deal with EMS are very limited. Without looking for alternative solutions, 
which is beyond the cope of this paper, it is here accepted to make this tough 
compromise on all parameters in favour of avoiding charge pumping. The final 
CAN receiver circuit solution is depicted in figure 8. The biasing current 
source is replaced by a resistor R1 and an input divider R7-10 and an input 
LPF R9-10/C7-8 are added. 

Fig. 8. EMS optimised CAN receiver stage. 
 
 
Step 4: Checks for resonance: Resonance circuits exist everywhere. In many 
cases resonance chains are present in the form of a combination of PCB tracks, 

depicts a basic model of the CAN bus including cabling and the PCB. On both 
sides of the CAN bus, line termination resistors of 120ohm and two capacitors 
are present. In the middle of the CAN bus, we inject common mode the AC 
signal and inside the ASIC we enter on the resistive divider and LP filter. For 
simplicity, the input impedance of the comparator input stage was neglected. 

The AC simulation result is depicted in figure 10. The curve labeled 

even after the resistive divider and Low Pass Filter. This resonance presents a 
risk and the circuit is again reviewed. Lowering the –3dB point of the LPF is 
not an option. Making the LPF a second order filter will only bring a small 
improvement at the cost of additional area. Re-evaluating the CAN bus model, 
the 80MHz is mainly defined by C1, C2 and L3. Lowering C1 and C2 or 
lowering L3 will move the resonance to higher frequencies but the resonance 
amplitude will increase.  

“original” shows a resonance at about 80MHz with an amplitude of +2dB, 

cabling, parasitics, couplings etc. This observation makes it complex to come 
to an exact analysis and engineers tend to use a heuristic approach. Figure 9 
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Fig. 9. Basic model of the CAN bus. 

 
 

  
       Fig. 10. CAN bus: resonance.                                        Fig. 11. CAN bus: damped resonance. 

 
Therefore moving the frequency with one decade, which due to physical 

PCB limitations is difficult to achieve, gives only a small improvement. A 
much better technique is to introduce damping to drastically lower the 
resonance amplitude.  

We can realize this by adding a small series resistor in the LC loop, for 
example in series with L3 to ground or in series with both capacitors C1 and 
C2. Figure 11 shows the impact of damping for 2 resistor values, Rs=0.22ohm 
and Rs=2.2ohm. The small resistor values make it easy to realize this without 
affecting the overall circuit performance. In many cases the parasitic resistance 
of the capacitor will be sufficient. 
Step 5: Verification by transient analysis: To confirm the final solution, a large 
signal transient simulation using DPI is performed. The pole and impedance 
information deducted from small signal analysis is used to define the 
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frequencies to run transient simulations for. In this example, 5 frequencies are 
selected: 
1) The minimum and maximum required EMC frequencies. These frequencies 
define the boundaries of the specification. 
2) The resonance frequency, the most vulnerable frequency in this circuit, 
justifies an explicit check. Some soft rectification is expected. 
3) The typical comparator pole frequency. At this frequency the comparator 
has to operate without rectification. 
4) The typical LP filter frequency. At this frequency the additional attenuation 
of the LPF starts to act.  

Transient simulations have been used to proof that no rectification occurs. 
To keep the picture readable, Figure 12  only demonstrates 3 of the 5 
frequencies.  

Fig. 12. CAN receiver: Transient simulation results of V(Q1_collector) with Femc = 30MHz 
(LPF), 100MHz (cmp pole) and 77.288MHz (resonance). 

 
The two upper curves (overlapping) show the comparator output 

the resonance frequency of 77.286MHz. As can be seen from this graph only 
at 77.286MHz soft rectification appears that introduces a minor DC shift << 
1%. This result is in line with the performed AC analysis. 
 
 
Example 3: Debugging a current reference 
 
As a 3rd example, the current reference as depicted in figure 13 is debugged for 
EMS. In order to do so, a DPI source is connected to the input node and used 
to emulate EMC.  

Q1_collector at 30MHz and 100MHz, while the lower curve was simulated at 
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Step 1: Identify rectifiers: Primary devices that can rectify are: The follower 
NMOS device, the diode in the current mirror and the ESD protection diode. 
Indirect rectifications could appear due to limited input and output range of the 
operational amplifier and from the output PMOS device in the current mirror. 
Step 2: Circuit analysis: A small signal analysis is made for the nodes that can 
lead to rectification. It’s not the goal to make exact AC calculations here but to 
fast explore trends and values applicable for the circuit by means of your 
intuition. Detailed analysis is used only at the moment vulnerability is found. 
Small signal: For frequencies below the Opamp GBW, the NMOS follower 
has a low output impedance, mainly defined by 1/Gm in parallel with Rext and 
Cpin. Due to the low output impedance, the bandwidth will be in the order of 
several hundreds of MHz. A linear approximation for the follower impedance 
is depicted in Figure 13. For high Due to the negative feedback introduced by 
the operational amplifier, the impedance of the follower is divided by the gain. 
A typical Opamp has a gain of 100dB, a dominant pole at about 1Hz and a 
gain bandwidth product (GBW) of about 1MHz. Also this curve is added to 
figure 13.  

 

 
 

Fig. 13. Schematic and AC properties of the current reference circuit. 
 
 
Large signal: For frequencies below the GBW of the Opamp, the gate will 
follow the source and the DC bias current will vary linearly proportional to the 
EMC amplitude. For moderate EMC levels, there is no rectification and no 
charge pumping since the capacitance and the impedance on the input node are 
very low. The linear drain current however is injected into the non-linear 
mirror diode. This diode voltage is hence non-linear but the exact inverse non-
linearity of the output transistor restores this and the output current is linear. 
Note that we silently have assumed that the bandwidth of the mirror is well 
above the GBW of the Opamp, which in general will be true. The EMC signal 
is superposed on the output current but there is no DC shift on the mirror 
output current.  
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Step 3: Fail criterion: The Opamp will loose to stay in feedback as soon as the 
DC current in the MOS follower device becomes zero. Applying this fail 
criterion, the Opamp plays no role any more (feedback loop is broken) and the 
maximum impedance  on the output node is approximated by Rext / / Cpin. 
This shows a direct limitation for the EMC susceptibility. Note that compared 
to the follower circuit, the initial impedance is divided by the gain (opamp in 
feedback) but the maximum impedance stays the same (opamp not in 
feedback). 
Small signal: For frequencies above the Opamp GBW, the Opamp becomes 
too slow to follow the input signal and acts as a low pass filter. The gate of the 
follower MOS no longer follows the source. Using some simplifications, we 
consider the gate to become a DC point. Depending on the opamp topology, 
also a DC shift on the opamp output will occur due to rectification effects 
inside the opamp, thus moving also the DC operating point of the follower. For 
simplicity, we here assume the opamp itself not to rectify, even for large signal 
amplitudes. 
Large signal: When the EMC signal modulates the input voltage, an 
exponential or quadratic drain current is created, dependent on the operation 
region of the MOSFET. This non-linear drain current is fed into the mirror 
diode. We consider here only the case where there is no LPF or the pole of the 
LPF is well beyond the GBW of the Opamp:  
a) For frequencies between the GBW and below the LPF –3dB point, the LPF 
has no impact and the non-linear drain current is directly mirrored to the 
output. So also the output current is exponential or quadratic and when filtered 
on a capacitor, a DC shift will appear. 
b) For frequencies above the –3dB point of the LPF, the situation changes. 
The exponential or quadratic drain current of the NMOS is converted into a 
linear  
 

Table 1. Overview of the circuit behaviour. 
 

Node Freq. below 
GBW Opamp 

Freq. below LPF + 
above GBW 

Freq. above LPF 

Id NMOS Linear output 
current 

Exponential or Quadratic 
output current 

Exponential or Quadratic 
output current 

Gate 
NMOS 

Follows Vemc DC DC 

Vmir_diode Logarithmic or 
square-root 
voltage 

 Linear voltage Linear voltage 

Vout LPF No attenuation 
of Vmir diode 

No attenuation of Vmir 
diode 

Attenuated  Vmir diode 

Iout Linear output 
current, no 
attenuation of 
EMC input 
signal 

Exponential or Quadratic 
output current, no 
attenuation of EMC 
input signal: hard 
rectification & pumping 

Attenuated exponential or 
quadratic output current: soft 
rectification and pumping 

voltage over the mirror diode if this PMOS device is in the same operation 
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region of the NMOS input transistor. This linear or softly rectified diode-
voltage is attenuated by the LPF and only a fraction of the AC component is 
passed to the VGS of the mirror output MOS. Consequently, the output 
current has a much smaller EMC content and no significant rectification 
occurs on the current output. The table below summarizes the different circuit 
operations: 

We now review a few solutions that will reduce the rectification for 
frequencies between the GBW and the –3dB point of the LPF. The 
fundamental problem causing the rectification is the exponential or quadratic 
drain current generated because the Opamp cannot follow the input signal and 
the gate of the NMOS becomes a DC signal. Adding a capacitor from the input 
pin to ground is not a good solution. In order to attenuate the EMC signal, the 
pole on the input pin needs to falls well below the Opamp GBW, which is 
impractical and poses a difficult stability problem. A better solution is to 
decouple the gate from the Opamp output by means of a series resistor and an 
extra capacitor placed over the VGS of the NMOS. In this way, for high 
frequencies, VGS is shorted and basically disconnected from the Opamp 
output. The incoming EMC signal is now converted in an exponential or 
quadratic output current but the high-frequency signal is largely attenuated 
before it reaches the PMOS diode. This will strongly reduce the rectification 
effect. Or in other words, we introduce a feed forward path that bypasses the 
Opamp and shorts the VGS of the NMOS. 
 
 

Summary 
 
In this article, a method was described that uses the small signal approach 
combined with well-known DC characteristics of a circuit to determine and 
quantify EMC susceptibility. This method was applied on three practical 
examples and shown to be effective as well to design a circuit as to debug a 
circuit. Despite the method has its limitations and was not exhaustively 
evaluated, it has proven to be of valuable help to a designer to analyse circuits 
for EMS. The method does not require any special knowledge or tools and can 
be applied on analog continuous time circuits. More work is ongoing to further 
optimise and extend this method and also to integrate it into the design flow.  
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Abstract 
 

Modelling of ICs is mostly “just” restricted to the functional behavior 
of the design. Extending the modelling requirements into the EMC 
domain, including signal and power integrity and incorporating the 
application with the measurement environment requires a different 
approach. Fortunately, the IC in its package has only a limited number 
of pins/balls to the PCB connected thereto. A new approach is given 
which is presently under discussion and development in international 
standardization (IEC62433-x) by IEC SC47A/WG2, but also by other 
bodies like: EIA,IEEE [10, 12, 15] and/or proprietly organizations. 

 
 

1. Introduction 
 
Over the last two decades, the EMC modelling of ICs has become a major 
topic to enable a forecast of IC designs in their intended application 
conditions. Doing so has indicated the necessity to take measures at the 
application level, like: shielding and filtering at the application level, to 
fulfill the mandatory EMC requirements at the product level. An EMC 
margin i.e. lack of margin will indicate the necessity of measures required 
which will affect the overall bill-of-materials and as such will forecast the 
likelihood of an economic success. In addition, areas for design 
improvements can be identified, before a tape-out or a design re-spin. 

At first the RF emission of relative small and simple digital circuits in 
their application were considered. Thereafter, various attempts were explored 
to model RF immunity of circuits, at first for operational amplifiers, 
followed by analysis of digital applications (standard logic families). The 
remaining field for exploration will be to analyze and model the impulse 
immunity of circuits to electric and cosmic phenomena. 

The first step in signal integrity (SI) modelling was to use IBIS models 
[2], which forecasted the behavior of I/O signals off-chip. Under the 
assumption e.g. with simple logic functions, that I/O signals are dominant, 
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this information can also be used to forecast RF emission. But for more 
complex IC designs, the contribution of the IC’s core will dominate the RF 
emission. To extend the IBIS models, new concepts were created like ICEM, 
LECCS and IMIC [3, 4, 5] to represent the “noise” created by the digital core 
with a limited number of equivalent sources and lumped elements. Driven by 
the capabilities of these new models, also IBIS was extended to enable the 
forecast of power integrity (PI) by the release of version 4.1. 

From the above it can be noted that most EMC analysis is carried out by 
using analogue circuit simulators and that the measurant therefore needs to 
be conductively. When simulation results need to be compared to 
measurements either the requirements at the product level (IEC CISPR-x) [9] 
or the EMC IC measurement techniques as defined in IEC 61967-x have to 
be used [6, 7, 8]. In either case, the levels are given as conductive 
requirements and/or by radiated limits. 

To enable EMC modelling to an extend, an open interface format, agreed 
upon by all IC suppliers, is necessary to enable system integrators to carry 
out PI/ SI  and EMC system analysis. This open interface format will at first 
probably be irrelevant for the IC manufacturer to support his “internal” 
design and simulation environment for his internal development process. 

However, even for IC suppliers who have to deliver the proof on concept 
for their newly designed systems, supplementary data on accompanying 
devices is inevitable to forecast the performance of the whole system. 

The IC related information has to be known at the boundary of the die, 
package level or even at the module level (Black-Box), determined by the 
requirements of the system integrators. When System-in-Package (SiP) 
designs are to be created, bare die boundary signal information is necessary. 
At the next level of system integration, the information needs to be known at 
the boundary of the IC package irrelevant on its content; single or multiple 
dies, with or without integrated passives. 
 
 

2. RF Emission Root Causes 
 

Considering the RF emission from an IC (die), the root causes will be 
threefold: 
 

• Noise from the I/Os, including their supply paths; VssE/VddE 
• Noise from the core; VssD, VddD or 
• Noise from the substrate Vss(IS)-network 

 
These three noise sources can be considered independent from each other 

and ultimately at the boundary of the IC, a combination of the three will 
appear; one dominant with the other two superimposed (crosstalk) with 
lower amplitudes. 
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Fig. 1. Examples of core, Vss-net/substrate and I/O noise sources. 
 
 

2.1. Noise from I/Os 
 
When the noise of the I/Os is considered, the full transistor based model can 
proprietly be used. A high level of model-order-reduction (MoR) is 
necessary to bring the complexity down to whatever is processable by 
analogue circuit simulators. Furthermore, propriety information about the 
circuit topology and the process used needs to be hidden for the end-user. 
Examples of I/O modelling and their consequences are given in figure 2: 
HSpice, 3-Wire and IBIS vers. 2.1. 

Full transistor Model

3-Wire ModelIO-cell

IO-cell

Load

Load

IBIS 2.1 Model

IO-cell

Load

PDN

PDN

 
Fig. 2. Examples of I/O modelling and its consequences for PI and SI. 
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results of 61 simultaneous switching outputs and a full transistor based 
model is compared to a 3-Wire model. This 3-Wire model has been 
developed in close collaboration with Fraunhofer Institute IZM during the 
MEDEA+ Mesdie program, and an IBIS Version 2.1 model, up till today the 
only version supported in the Cadence design flow. The 3-Wire model has 
nearly the same amount of active nodes as the IBIS model but is capable to 
forecast PI as well as SI but only requires 6 parameters. In this simulation 
example, the 3-Wire model has not been corrected for the delay that is 
incorporated in the full transistor and IBIS model [13, 14, 16, 17]. 

 

Transistor Model

3-wire Model

IBIS Model

 
 

Fig. 3. Examples of I/O modelling and its PI results. 

Fig. 4. Examples of I/O modelling and its SI results. 

The simulation results in figures 3 and 4 give the worst-case PI and SI 
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In figure 3, it can be seen that the internal supply voltage variation (PI) 
of the full-transistor model and the 3-Wire model are close as where the IBIS 
model only indicates an ideal unaffected supply voltage as a consequence of 
the model used. In figure 4 the SI responses for the 3 models used are given. 
Here too, the 3-Wire model follows the full-transistor model when the lack 
of compensation for the delay is taken into account. The IBIS model 
overestimates the signal swing but still provides a good forecast of the 
functional signal in the logic threshold region. 

With RF design, the use of all information; PCB, package and IC 
information is quite common but for these kind of applications the number of 
signals to be considered is quite limited, typically 4; two for the differential 
signalling and its supply and ground. With these designs, all signals are 
typically referred to a 50 Ω impedance environment and they are well 
described using S-parameter representation for the passive networks 
involved [1, 10, 11]. 

With digital applications using 32, 64 or 128-bit wide busses, the PI and 
SI modelling complexity grows accordingly and other descriptive methods 
and/or model order reduction need to be applied. Digital source impedances 
are state dependent and the package and PCB topologies are less RF defined. 
Furthermore, signal transitions are “random”, skew is NOT predetermined 
and the slew-rate of the signals is data rate and PI dependent. Last but not 
least, the application (off-chip decoupling) affects the power integrity and as 
such signaling will be history related (decoupling capacitance charge 
recovery time). 
 

2.2. Noise from the Core 
 

Considering that digital cores contain several million transistors, used in a 
limited number of standard cell configurations, the local cell supply voltage, 
the excitation (activity) but also the location of that standard cell within the 
core area will determine its contribution in the noise of the core, called 
“internal activity” (IA). The contribution to the whole core supply current 
will be determined by: the activity of other cells nearby which may act as 
local decoupling, the on-chip decoupling present and the topology of the 
supply network. The whole supply network, called “power distribution 
network” (PDN) with ICEM can be used to describe the bounce in the supply 
i.e. ground network of the core. 

 
 

2.3. Noise from the Substrate 
 
The supply currents flowing in the core and I/O area will determine the static 
voltage IR-drop in the substrate i.e. Vss-network which is in parallel to that 
substrate. The IR-drop can be calculated by the end of the design when 
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layout and routing is finished e.g. by using Voltage Storm from Cadence. 
Alternatively, proprietly scripts have been written which forecast the IR-drop 
when a rough floor-planning, power routing structure and power pin 
allocation is known, see figure 5. In the bottom plane the sources are 
indicated as well as the ground pin allocations and in an X/Y/Z plane, the IR-
drop voltage as function of location is given (referred to “null” volt at the 
ground pins). 

Fig. 5. IR-drop estimation of non-homogeneous designs. 

A distinct has to be made between the peak noise and the average 
“noise” voltage that is just a result of the average or DC currents and the 
equivalent resistive Vss-network (in parallel to the substrate resistance via 
contact holes). The averaging effect is again a function of the amount of on-
chip decoupling capacitance and the supply network resistance but also of 
the off-chip supply application used. 

When homogeneous supply currents through the IC; VddD to VssD net are 
considered through a homogeneous resistive network, the static delta voltage 
at the boundaries (along the iso-bares) will be zero. However, when high-
speed busses with several agents communicate between left to right or vise 
versa, the supply current drawn from the core supply network will remain the 
same though the noise induced in the substrate/ Vss-network will reverse its 
sign. 

The way in which the Vss-net/substrate noise source propagates further 
will be determined by the application in the IC-package/SiP and/or at the 
PCB. When all multiple Vss-pads are short-circuited to a common ground 
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e.g. die pad, the remaining voltage towards the PCB will be substantially less 
due to the low impedance in parallel to  the substrate/ Vss-network 
impedance, figure 6.   

Noise source i,jDieDiepad
PCB

A BC D

 
 

Fig. 6. Propagation of substrate/Vss-net noise. 
 
 

3. Application 
 
The type and placement of the off-chip decoupling elements will determine 
the RF supply current flowing off-chip onto the PCB, both for core and I/O. 
These off-chip RF currents will induce noise on the PCB. When no RF or 
AC current is allowed off-chip e.g. by using an off-chip DC current source to 
supply the IC core or by using Kelvin contacts [16], the ground-bounce 
between the Vss on the IC and the Vss plane of the PCB will diminish. In 
nearly every case, the on-chip supply bounce is (pre-) determined by the ratio 
of active versus static cells and the decoupling capacitance on-chip. By the 
above measures, the equivalent core impedance has become irrelevant when 
high off-chip series impedances are being used. 
 
 

4. Signal Interpretation 
 
Different from using a broadband oscilloscope, the RF emission is typically 
measured by using an EMI receiver or RF spectrum analyzer (SA) with a 
prescribed bandwidth. For frequencies between 30 and 1000 MHz a typical 
bandwidth of 120 kHz is used, see IEC CISPR-16-x [9]. For automotive 
applications only a bandwidth of 10 kHz is used in this frequency range. This 
means that the measured signal is weighted over a longer period  
(» 1/BW, to allow the band-pass filter to respond).  When  according  IEC 
CISPR the quasi-peak detector is used, the measurement time is extended to 
several ms per frequency interval. 

With steady-state repetitive signals the RF (power) spectrum or spectral 
density is fixed. When using functional, more random like signals and/or 
different modes of operation, this is not the case and the measured result will 
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be data and mode of operation dependent. A specific example is the use of 
data bursts on busses. Here convolution applies between the steady-state 
random data and the burst length versus repetition rate (on/off keying). Last 
but not least, using spread-spectrum modulation on the clocks used may 
affect the integrated measurement results determined by the ratio of the 
frequency spreading versus the bandwidth that with the signal is measured, 
but this will hardly affect the time related instantaneous responses. 
 
 

5. New Approach for EMC Simulations 
 
ICs can be black box represented as active N-ports. The N-port can be made 
passive by using equivalent impedances that behave according a certain 
averaging over time as indicated above. An impedance [Z], admittance [Y] 
or S-parameter matrix can represent these passive networks [11].  Then in 
addition, equivalent voltage sources have to be added in series with each pole 
of the N-port, see figure 7. These voltage sources may represent arbitrary 
wave shapes of which their phase relation (or delay) is defined towards a 
unique point of reference.  

The filtering as provided by the measurement system (SA) can be 
transferred through the passive network without affecting the overall 
response; response weighting is both distributive as well as associative. This 
representation allows determining the influence of off-chip loading to the 
currents resulting (sensitivity analysis). The model as presented can be dealt 
with according the analogue simulator format requirements of the ALF [10]. 

N1-port

IC-1

Nn-port

IC-n

NN-port

IC-N

N•NN•M
-port

=
PCB

+
pass.
comp.

M x 1
-port
PCB to 
antenna

Vmeasured

 
 

Fig. 7. ICs as N-port models.  
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The loading of the N-port will only be slightly affected by the load, 
considering the typical condition as defined in the specified in the datasheet. 
When either a capacitive or a resistive load is expected (within ranges) at 
each driver, the forecasted signal source with that node will only slightly 
divert with the real application. 

When load impedances are known for each pole of the N-port together 
with the IC’s excitation, then an equivalent circuit with (N-1) current sources 
or (N-1) voltage sources without any impedance can represent the whole IC. 

All the ICs used shall be represented by Nn-ports that are all connected to 
passive networks being the SiP or the PCB incorporating discrete lumped 
elements and/or the lumped element representation of the IC-package or 
laminate. The PCB shall be represented as an Nn-port to each IC and to its 
external connectors by a M-port, figure 7. All the voltage sources in series 
with all poles shall represent the signals, as they would appear in the real 
application. Macro modelling applies for each level, dependent on the 
physical size of the application and the upper frequencies used. 

Ultimately, the measurement port is typically a single port, connected to 
the external measurement system either conductive or by radiation. For each 
of the measurement methodology chosen, a set of frequency dependent 
transfer functions from each IC node towards the measurement system will 
result. 
 

IAN PDN+
N

HPCB(f)
Interaction

to
measurement

= Vmeas.

IAN PDN+
N

•

•

• •

IAN = Internal Activity of ICN
PDN+

N = Power Distribution Network; Core + IO of ICN
HPCB(f)  = Frequency dependent transfer function

ICs Application Measurement 
method chosen

I/V characteristics

 
 

Fig. 8. Total EMC IC modeling framework. 
 

For the most simplified version of the impedance (admittance) matrix, 
only (part of) the diagonal impedances (admittances) can be provided. Doing 
so ignores all internal IC crosstalk to the other nodes in the N-port as each 
node has become independent.  
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At least four options for IC data representation are available: 
• All source impedances, amplitudes and phases; Load i.e. application 

insensitive 
• All source amplitudes and relative phases known; Load sensitive 
• Only diagonal source impedances, amplitudes and phases; Load 

sensitive and restricted 
• Only partly diagonal source impedances, amplitudes and phases (e.g. 

IBIS & ICEM) 
The info required can be derived by simulations or from near-field 

scanning measurements. 
This approach allows for two kinds of optimization: 

 
• Either the transfer function from a certain IC node needs to be 

minimized towards the measurement port; IC-package, SiP, PCB 
level or 

• The equivalent excitation of the IC needs to be minimized or 
impedance to be optimized to those critical transfer functions (with 
were notified to give minimum insertion losses towards the 
measurant).  

 
5.1. Worst-Case 

 
While considering the real application, the ICs have to demonstrate reliable 
operation under the worst-case mode of operation. The worst-case with 
power integrity and signal integrity may not coincide as switching speeds 
degrade when the supply voltages reduce.  Other influences will result from 
Process spread, off-chip supply Voltage and Temperature (PVT). 
 

5.2. Test and Measurement 
 
For all of the leaded IC packages, the currents through each individual pin 
can be measured as function of time (with a delay towards a given reference) 
or as function of frequency (with a certain phase relation towards a given 
reference). An EM field scanning measurement technique suited to derive 
these parameters is described in TR IEC 61967-3 [6]. Taking both the local 
E-field, to represent the voltage on the pin, and the H-filed through that pin, 
representing the current, the node can be characterized. 
 
 
 

Other reduction algorithms to reduce complexity can be achieved by 
setting “zero-s” when values below (above) certain levels. Either from the 
boundary of the IC (SiP) or from the boundary of the PCB, this equivalent 
source representation can now be used with 3-D EM solvers: CST MWS, 
Ansoft HFSS, etc. 
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5.3. Relation to Existing Proposals 
 
The mathematical modeling proposed allows an open interface format for the 
definition of parameters of ICs used to enable RF emission modelling. Most 
analogue circuit simulators; (H)Spice, Spectre, Sabre, APLAC are incapable 
of incorporating complex 3-D structures in their analysis. 3-D EM solvers 
are typically incapable of dealing with complex source and load structures. 
The presently available formats; IBIS, ICEM, LECCS, IMIC, 3-Wire model 
or encrypted full transistor models are limited in their applicability and/or 
will only represent part of the real circuits.  
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7. Conclusions 
 
- Although the modelling concept is still under development, this concept 
resolves most of the present EMC modelling issues and indicates the 
possibilities for future enhancements. 
- The framework as described allows the inclusion of most of the presently 
used modelling formats (upwards compatible). Impedance and source 
representation format conversion routines can to be used from the MatLab 
libraries. 
- The open interface format allows the use of all information; full matrix, just 
the main diagonal or even less. Less detail in source definition will give less 
reliable simulation results but the format still can be used. 
- The data required can be derived from full transistor models (by the 
vendor) or obtained from measurements (EM field surface scan) when leaded 
packages are used. 
- Existing EMC modelling development yields to company propriety formats 
that block the EM modelling of a full application incorporating ICs from 
various suppliers. 
- The interaction-modelling format as proposed is used in a new framework 
of international standards (IEC 62433-x) as indicated in figure 9.  
 

IC Modelling for EMC



250  

Part 1: General → NP
Part 2: RF emission conducted → CD = ICEM revised
Part 3: RF emission radiated → NP + partly ICEM
Part 4: RF immunity conducted      → NP + partly ICEM
Part 5: RF immunity radiated → NP 
Part 6: Impulse immunity → NP
Part 7: Intra-IC compatibility → NP + partly ICEM → TR

NP = New work item proposal
CD = Committee draft
CDV = Committee draft for voting
TR = Technical report
TS = Technical specification
FDIS = Final draft International standard
IS = International standard

 
 

Fig. 9. EMC IC modelling framework proposal. 
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Part III: Ultra Low Power Wireless  

 
 
To achieve information transfer in flexible portable systems wireless 
communication is the best option. As such the power drain in the wireless 
circuits are becoming extremely important. In the area of low date-rate 
systems (sensor area networks) ultra low power wireless circuits are 
required. For that in this chapter the advances in ultra low power wireless 
systems is discussed. 

Since a few years the Ultra Wide Band impulse radio is under study. In 
the first paper receiver architectures and their circuits for high data-rate 
impulse UWB receivers are described. A good optimization between wide 
band antenna specifications and circuits can improve the efficiency in the 
allowed spectrum. However for receiving high quality signals in a correlation 
receiver the pulse waveform is very important. For that in this approach 
consecutive pulses are transmitted with a predefined delay between them. 
The first act as reference and the second is modulated. However to realize in 
the receiver accurate delay functions requires  specific circuits, which are 

In the second paper attention is focused on wireless systems for sensing 
networks. Of course the required data-rate is very small, and as such ultra 
low power receivers are required. This has been received by exploring 
special techniques such as bulk acoustic wave components in combination 
with super-regenerative transceiver topologies. Circuits such as oscillators  
with power drains of 100 µW and passive receivers with power drains of 200 
nW have been demonstrated. 

The next paper discusses the optimization on system level for low-date 
rate impulse UWB systems. This is in the 0-960 MHz band. Since ultra low 
power is up most important a careful selection of implementation in the 
analog or digital area of the different building blocks has been analyzed. It is 
clear that with the existing technologies the front-ends are better off in the 
analog area. As such receivers with energy consumptions of less than 20 
nJ/bit should be feasible. 

Also in medical implantable system more and more wireless 
communication is present. Either the power is provided by means of  an 
inductive coupling or either by an internal non-rechargeable battery. Since 
the operation requires typically 5 to 7 years ultra low power is mandatory. As 
such power down topologies are commonly used. However fast power up 
circuits, especially in the clock reference circuits, can reduce the power drain 
considerable. In this fourth paper quick start  circuits are as such discussed in 
detail. 

The next paper discusses transceiver circuits for wireless sensor 
networks. Besides the circuits, the optimization of the communication 

described and analyzed. 
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protocol can have serious impacts on the total power drain. In this work also 
transceiver circuits are analyzed and the main power drain, besides the power 
amplifier, is in the PLL circuitry. PLL circuits with 1 mA have been 
achieved. By a careful combination of protocol and circuits an average 
power drain of 27 µW for 32 bytes packet every 30s has been demonstrated. 

In the last paper a frequency hopping spread spectrum synthesizer is 
discussed. Commonly fractional N synthesizers are selected, but they have to 
deal with increased phase noise coming from the sigma-delta modulator. By 
using Direct Digital Frequency Synthesis this problem can be avoided. 
However high speed DAC's are required in this approach. The advantage is 
that predistortion of the varactors can easily be implemented.  
 
 
Michiel Steyaert 
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Abstract 

 
The governing body in the United States, the Federal Communications 
Commission (FCC), has issued ultra-wideband regulations, under 
Part15 of the Commission’s rules on April 22, 2002. Therefore, ultra-
wideband transmissions (intentional emissions) under certain 
frequency and power limitations have been permitted. The US has 
openly endorsed UWB based consumer products. Ultra-wideband 
offers significant contributions and advantages but simultaneously a 
number of challenges also need to be addressed. One of the key 
challenges is the co-design of an impulse generator and miniaturized 
antennas for ultra-wideband impulse radio. This has been designed and 
fabricated in 0.18µm CMOS technology. Measurements show the 
correct operation of the circuit for supply voltages of 1.8V and a 
power consumption of 45mW. The output pulse approximates a 
Gaussian monocycle having a pulse duration of about 375ps. Proper 
modulation of the pulse in time is confirmed [1]. In addition, to meet 
the stringent FCC stipulated frequency spectrum, an orthonormal [2] 
ladder filter with a Daubechies’ impulse response is employed. The 
filter is implemented using novel 2-stage gm-C cells employing 
negative feedback. Simulation results in CMOS 0.13µm technology 
show that this pulse generator requires a total current of 30mA at a 
1.2V power supply. The frequency coverage of the simulated 
waveform is about 85% of the FCC mask. 

In receivers, narrowband interference has been acknowledged as 
a serious impairment for UWB performance. Only limited research has 
been addressed to evaluate the effects on transmitted reference (TR) 
schemes. By employing “frequency wrapping”, a new architecture, the 
Quadrature Downconversion Autocorrelation Receiver (QDAR) has 
been developed [3].  It does not suffer from timing and template 
matching problems, and it also circumvents processing at high 
frequencies, thereby reducing the on-chip circuit complexity and 
power consumption. Moreover, it not only offers narrowband 
interference rejection but also relaxes the timing accuracy of the delay 
circuitry in the auto-correlation function. For the QDAR, a quantized 
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analog delay [4] and a filter based delay line [5] have been designed. 
For a time delay of 0.55ns, simulation results in CMOS 0.13µm 
technology show that the quantized analog delay requires a total 
current of 36.7mA at a 1.6V power supply. For the filter based delay, a 
total current of 30mA at a 1.2V power supply is required to achieve a 
time delay of 0.72ns. Finally, this paper also addresses double-loop 
negative feedback amplifier techniques to realize true wideband 
LNA’s [6]. 

 Index Terms–broadband, delay lines, quadrature downconversion, 
FCC, impulse radio, integrated circuits, low-noise amplifiers, negative 
feedback, transceivers, transmitted reference, ultra-wideband  

 

 
1. Introduction 

 
In today’s marketplace for emerging communication technologies, the 
focal point of attention is ultra-wideband radio as it not only promises 
enhanced data throughput with low-power consumption, but also provides 
high immunity against electromagnetic interference (EMI) and robustness to 
fading. It is expected that future short-range indoor ultra-wideband (UWB) 
telecommunication systems will operate in the frequency band from 3.1-
10.6GHz according to the Federal Communications Commission (FCC) 
mask [7-11]. Europe and Asia are expected to follow shortly, albeit with 
minor differences in the allocated energy frequency spectra and emission 
levels.  

When implemented as impulse radio (IR-UWB) (i.e., where the 
information is transmitted by very short EM pulses [7], [12]) or Orthogonal 
Frequency Division Multiplexing (OFDM-UWB), this new communication 
technology may revolutionize the way we think in wireless technology by 
modulating data in time rather than in frequency with low-power 
consumption. Depending on which form of UWB (i.e. impulse radio, OFDM 
or DS-UWB) is utilized, applications for this technology range from home-
RF to detection and localization. 

As associated with any emerging technology, there are several 
challenging design issues in UWB that need to be addressed. From the 
perspective of traditional narrow-band systems, the wideband nature of the 
front-end architecture employed in UWB systems requires a totally different 
design methodology of both the UWB front-end architecture and its 
constituting UWB circuit building blocks. It is seen that when designing 
low-power, single-chip, integrated UWB radio solutions, the analog circuits 
consume the majority of the total power. While low-power digital solutions 
are readily used for large-scale designs, no comparable techniques have yet 
emerged for the analog design components. In the following sections, we 
investigate unorthodox design methodologies for ir-UWB transceiver 
architectures. 
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2. Co-design of an Impulse Generator and  
Miniaturized Antennas for IR-UWB 

 
The co-design of the impulse generator and miniaturized antennas is 
described in this section. Pulse position modulation is used to encode the 
binary transmitted data [13], [14]. The waveform to be transmitted is the 
Gaussian monocycle due to its intrinsic time-frequency resolution product 
[11], [15], which is important for applications such as positioning and 
imaging. The impulse generator consists of a cascade of a fast triangular 
pulse generator and a Gaussian filter (i.e., a filter with a Gaussian impulse 
response) [16], [17]. The filter is implemented as a cascade of three complex 
first-order systems (CFOS), which, in turn, consist of gm-C sections that 
employ differential pairs with partial positive feedback. The entire 
transmitter is the combination of the modulator with the impulse generator 
and the antenna (Figure 1).  

The modulator is placed in front of the impulse generator as it requires 
less hardware complexity to delay binary signals as compared to continuous-
time signals. In order to obtain pulse position modulation, a ramp is 
generated, whose slope depends on the information signal [20] [21]. The 
ramp is then fed to the input of the comparator that compares the momentary 
value of the ramp with a fixed threshold and generates a trigger [22]. This 
edge is then used to drive the triangular pulse generator, which consecutively 
triggers the impulse response of the succeeding pulse shaping network, being 
a Gaussian filter. 
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Fig. 1. Block diagram of impulse generator and modulator. 
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The short transient pulses fired by the impulse generator are transmitted 
by an antenna. The antenna is closely integrated with the transmitter and it 
should be very well matched (i.e. achieve a VSWR<2 within the entire 
operational frequency band). Integration with RF circuits gives additional 
freedom in antenna design as the antenna input impedance is not limited to 
50Ω. Balanced feeding can be realized without a balun by using a 
differential amplifier in the receiver and an impulse generator with a 
differential output in the transmitter. The desired radiation pattern of the 
antenna should be omni-directional. 

Relying on our past experience with elliptically shaped dipoles [18], we 
have developed a so-called butterfly antenna to be used in UWB 
communications [19]. The optimized length of the butterfly antenna is about 
2.2cm and the optimal flair ellipticity is 0.9. The antenna flairs are separated 
by 3.2mm. The experimental antenna is fed by a double semi-rigid cable. 
This antenna has been considered as a prototype for an integrated 
“generator-antenna” system. 

 
2.1. Complex First-Order Filters 

 
The Gabor transform [16] can be used to implement a Gaussian filter as 
its impulse responses are approximated Gaussian window functions, being 
the first and the second derivatives of Gaussian, respectively. The Gaussian 
filter can be implemented by a cascade of complex first-order systems. 
Gaussian monocycles have an excellent time-frequency resolution product 
making them ideal for applications such as imaging and positioning. A 
complex filter can be realized by means of cross-coupled real filters. Its 
structure exhibits similar characteristics as an ordinary second order system. 
We can cascade CFOS's as shown in Figure 2 in order to make a reasonable 
approximation to a Gaussian function. 
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Fig. 2. Cascaded CFOS stages. 
 
 

The envelope of the impulse response of these (n+1) CFOS stages 
connected in cascade is given by [16],  
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where U(t) denotes a step unit function. Moreover, through statistical 
analysis, it is well-known that when n!→∞, the Poisson function approaches 
a Gaussian function. As one can see in Figure 3, an improvement in the 
approximation to a Gaussian impulse response is obtained for a larger 
number of stages. In the next section, a cascade of three CFOS stages will be 
employed to approximate a Gaussian monocycle waveform. 

 
 

 
 
 

Fig. 3. Impulse response of a cascade of first-order systems with an increasing the number of 
stages. 

 
 

2.2. Circuit Synthesis 
 

In this section, the circuit design of the impulse generator will be 
discussed. For the modulator, please refer to [1]. 

 
 

th Order Gaussian Filter  
 

A single CFOS stage using a differential pair arrangement with partial 
positive feedback (PPF) [23] is shown in Figure 4. As expected, the inclusion 
of the PPF stage as active load enhancement not only increases the DC gain 
but also the unity gain frequency. The significant increase in gain and 
bandwidth is contributed to the increase in the effective transconductance of 

2.2.1. 6
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the stage. If L is the loop gain, then the gain of the amplifier is enhanced by a 
factor of 1/(1- L). L should be bounded, such that it has a lower and upper 
bound of 0 and 1, respectively. 
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Fig. 4. a) CFOS employing two differential pairs with gain enhancement by partial positive 

feedback (PPF); b) implementation of PPF. 
 
 

2.2.2. Triangular Pulse Generator 
 

The triangular pulse generator is made up of a cascade of inverter stages, 
followed by an NAND gate function [1]. The key purpose of this block is to 
generate an impulse-like function that is able to evoke the impulse response 
of the succeeding pulse shaping network (see Figure 5). 
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Fig. 5. Input and output waveforms of triangular pulse generator. 

 
A Monte Carlo analysis is run in order to estimate the circuit’s 

sensitivity. In [1] it is seen that the Gaussian monocycle is relatively unlikely 
to show a substantial discrepancy as a result of process and mismatch 
variations. 

 
 

2.3. Antenna Design Issues 
 

Large common-mode currents were present on the feeding cables during 
the experimental verification of the prototype design. The common-mode 
current and its excitation are explained by Figure 6 (left). For any 
symmetrical antenna fed via a conventional asymmetrical feeding line (e.g., 
a semi-rigid cable), the current received from the generator is divided in two 
components: the differential-mode current and the common mode current. 
The former excites the antenna while the latter propagates along the outer 
surface of the feeding line and causes parasitic radiation. The relative 
magnitude of the current components is determined by the ratio of the 
common-mode and differential-mode antenna impedances.  
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Common mode impedance
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Fig. 7. The antenna gain versus frequency: theory and experimental. 
 
As a result of the common-mode current, the antenna gain in the 

boresight direction oscillates with frequency (Figure 7). The antenna 
radiation patterns also show an oscillatory behavior.  

Fig. 6. Top) Excitation of the common mode and differential mode currents  

b) Computational model. 
Bottom)  a) Butterfly antenna with loop feed circuit photo;  
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In order to avoid excitation of common mode current, we developed an 
UWB balun [1]. Comparison of the antenna gain for two antenna designs 
(with and without a balun) is shown in Figure 8. It can be seen that the balun 
enlarges the antenna bandwidth by approximately 1GHz due to better 
radiation at frequencies above 6.5GHz.  

 

    
 

 
 

and measured (drawn). 

 
2.4. Measurements 

 

impulse generator. First, the chip is mounted on a PCB to be integrated with 

Fig. 8. Top) The antenna gain for two feeding circuits: with (drawn) and without (dashed) a 

In this section, we investigate the integration of the antenna with the 

balun; Bottom) Antenna gain for butterfly antenna with loop feeding line: theoretical (dashed) 
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different antennas. The output waveforms from the impulse generator are 
measured using the setup shown in [1]. The reference current (Idc) fed to the 
MOCD is set to 1mA at a power supply of 1.8V. Figure 9 (left) shows the 
measured Gaussian monocycle waveforms. Furthermore, to verify pulse 
position modulation, a clock signal (1-5MHz), which acts as the binary input 
signal, is streamed into the D-latch. A bit code (0001) is chosen to verify that 
the least significant bit would vary the position of the pulse by 
approximately 315ps (i.e., for I1=0.625mA).  

 

     
 

 

for bit code 0001. 
 

Fig. 9. Top) Gaussian monocycle and differential output; Bottom) Pulse position modulation 
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All measurements were carried out using a TEM-horn antenna as the 
receiving antenna placed approximately 35cm from the transmitting antenna. 
Properly designed TEM-horn antennas faithfully reproduce waveforms of 
the received pulse as their transfer function is flat in the operational 
frequency band [24]. Figure 10 compares the radiated waveform from the 
differentially fed butterfly antenna with the measured differential waveform 
from the generator.  

 

     
 

Fig. 10. Waveform (i.e. with 100Ω load) versus waveform transmitted by butterfly antenna. 
 
 

3. An FCC Compliant Pulse Generator for IR-UWB 
Communications 

 
As ultra-wideband systems transmit at very low spectral densities and 
occupy a large amount of bandwidth, it thus is unequivocal that the pulse 
generator’s performance be optimized for maximum energy efficiency. In 
literature, it is seen that one of the most attractive qualities of Daubechies’ 
wavelets [25] is that they are window-like functions in the frequency 
domain. This single characteristic accounts for their unique localization 
property and therefore the Daubechies’ wavelet can be used as the 

mother wavelet and to the left is the scaling function, which is often used to 
generate the mother wavelet. 

transmitted waveform in impulse radio UWB. In Fig. 11, to the right is the 

 
 

 Unconventional Circuit Solutions for Unconventional Communication



266 

 

 
Fig. 11. Scaling Function and Mother Wavelet of Order 8. 

 
 

3.1. Pulse Generator Model 
 

As seen in Figure 12, by generating a window-like response in the 
baseband (i.e. with the Daubechies’ filter) and then through upconversion, 
the energy efficiency of the pulse generator can be matched to that of the 
FCC frequency mask. The focus here is to implement the Daubechies’ filter 
in CMOS technology. For detection in the receiver, the absolute shape of the 
transmitted waveform is not relevant [3]. Biphase modulation of the 
transmitted waveform can be achieved by alternating the polarities of the 
“impulses” that are used to drive the Daubechies’ scaling function filter. In 
the next section, the transfer function of the Daubechies’ filter is derived. 
 

Biphase 
Modulator

Daubechie’s 
Scaling Function Filter

Local Oscillator 
(LO) @ 7GHz

Mixer
(dc-10.6GHz)

(dc-2.5GHz)

Rfout (4.5-9.5GHz)
Impulse

Data

 

Fig. 12. Proposed pulse generator block diagram. 
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3.2. Transfer Function and State-Space Synthesis 
 

Trade-offs between roll-off, attenuation and circuit complexity are taken into 
consideration prior to choosing the filter order of the Daubechies’ filter. An 
eighth order filter is chosen with a bandwidth from dc-2.5GHz. The transfer 
function of the filter is generated using a Padé approximation [26]. The 
magnitude transfer as well as the phase response corresponds to that of a 
Daubechies’ scaling function. Once the desired transfer function is 
formulated, its state-space description is then determined. 

Among known standard state-space descriptions, such as the canonical, 
the diagonal and the modal, the orthonormal ladder form is notable since it is 
by definition semi-optimized for dynamic range due to the specific structure 
of the matrices. With a state-space approach, the filter can be optimized for 
dynamic range, sensitivity, sparsity and coefficient values. 

 
 

 
Transconductance amplifiers will form the basic building blocks to 
implement the state-space description coefficients of the filer. The 
integrators are implemented as capacitors with a normalized value of 1F. The 
corresponding matrices A, B, and C have extremely large coefficients 
corresponding to large gm values, which are not physically feasible at circuit 
level. By scaling the capacitors (cap=0.1pF) and α1, one consequently scales 
matrices A and B. Coefficients of matrix C can too be down scaled by α2, 
without affecting the response of the filter.  

                              
CC

BcapB
AcapA

⋅=
⋅⋅=

⋅=

2

1

*

*
*

α
α

 (2) 

The block diagram of the state-space filter is shown in Figure 13 and has 
22 non-zero coefficients.   

3.3. Scaling: Capacitance and Coefficient Values 
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Fig. 13. Complete state-space filter structure. 

 
 

 
The transconductance amplifier is implemented using a negative feedback 
structure consisting of an active circuit, which implements a nullor and a 
feedback network (see Figure 14). 

The nullor is a high-gain block with all the transfer parameters infinite. It 
is realized using a common source (CS) stage formed by transistor (M1) at 
the input, and a non-inverting differential pair (M2-M3) at the output. The 
feedback network is made up of a resistor R. 

As compared to a single-stage implementation, a 2-stage nullor improves 
the loop gain, which yields higher linearity as well as bandwidth at the 
expense of power consumption. In reference to stability, frequency 
compensation in the form of pole-zero cancellation may be applied to this 
transconductance amplifier by means of a resistor-capacitor network 
connected between the gate of M2 and the source of M1. For biasing of the 
differential structure, the common-mode voltage (vcm) is sensed at the 
outputs by Rbias and is compared to the desired reference voltage using a 

3.4. Transconductance Amplifier 
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voltage-controlled current source (VCCS). Its implementation is shown on 
the bottom of Figure 14. The output current delivered by the VCCS is then 
applied to a virtual ground node, VX.  

 

VRF+ M1

M2 M3

Ids1 Ids3

Ids2+Ids3

Ids1-Ids2

vds1-vgs2+vds2vds1-vgs2+vgs3

IRF-

R

Rbias

vds1-vgs2+vds3

vccs

M5

Ids4

Ids4+Ids5

vref=vds1-vgs2+vds3

M4

vcm

vcm

vref-vgs5+vds5

(to other half-circuit)

VX

VX

 

Fig. 14. Negative feedback gm amplifier (half-circuit). 
 
 

 
The simulated impulse response of the Daubechies’ scaling function filter 
and the upconverted waveform are seen in Figure 15. By scaling down the 
capacitance even lower than 0.1pF as well as the coefficients in the matrices 
A and B, smaller pulse widths are attainable because of the trade-off between 

3.5. Simulations 
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bandwidth and gain. Figure 16 shows the frequency spectrum of the 
Daubechies’ scaling function upconverted with a 7GHz carrier. As seen in 
the figure, the pulse generator’s performance can now be optimized for 
maximum energy efficiency.  

 

     

 

 
th

Upconverted waveform. 
 
 

Fig. 15. Top) Impulse response of the 8  order Daubechies’ function filter Bottom) 
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GPS Band
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Indoor Limit
Part 15 Limit

 

 

 
 

It must be noted that there is still some residual signal in the 0.96-
1.6GHz frequency band. However, this will be filtered out by the UWB 
antenna [1]. The simulation parameters of the delay filter are given in    
Table 1. 

 
 

Table 1. Simulation Parameters. 
  

Specifications Simulated  

Waveform  Scaling Function of Daubechies’ 
Mother Wavelet 

Bandwidth 4.2-9.7GHz 

Frequency coverage @ 85% 

Current consumption 25mA @ 1.2V 

Size 1.25mm2 

Process IBM CMOS 0.13µm 

 
 
 

Fig. 16. Frequency spectrum of the upconverted waveform. 
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4. Quadrature Downconversion Autocorrelation 
Receiver 

 
In the transmit reference scheme proposed by Hoctor and Tomlinson [27], 
consecutive pulses are transmitted with a predefined delay τd between them. 
The first pulse acts as a reference, whereas the second pulse is modulated. 
The autocorrelation receiver correlates the incoming signal with a delayed 
version of the previous signal. The absolute value of the output after 
integration is in fact the energy of the pulse while the polarity of the output 
contains the data.  

A Quadrature Downconversion Autocorrelation Receiver (see       
Figure 17) [3] is designed to operate in the presence of strong narrowband 
interference, while still being able to detect the incoming UWB signal. 

 

XI

LNA

>15dB S21
<-10dB S11

fosc≈fc

900

τd

XQ

τd

to ADCVCO

 

Fig. 17. Quadrature downconversion autocorrelation receiver. 
 
 

The QDAR employs the principle of frequency wrapping; it folds the 
ultra-wideband frequency spectrum around the origin. At the same time, the 
narrowband interferers at 5.5 and 2.4 GHz are positioned outside the band of 
interest and are simply removed by the means of a band-pass filter (see    
Fig. 3). Besides resolving the issues of synchronization and capturing 
multipath energy, the QDAR exploits the fact that detection with an 
autocorrelation receiver is feasible as long as the relative polarity and shape 
of consecutive pulses is preserved. 

In regards to the transmit reference scheme and from an implementation 
point of view, one is drawn to the conclusion that the bottleneck to this 
concept is the physical realization of an accurate continuous-time delay 
required to execute the autocorrelation function at high frequencies. 
Therefore, we propose two types of time delay circuits, as seen in the 
following sections. 
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Frequency (GHz)
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Filtered Bandwidth

5Ghz fosc
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5Ghz

|S(f)|

-5Ghz

 

 
 

5. A Quantized Analog Delay (QAD)   
 

As delaying a binary signal requires significantly less hardware complexity 
as compared to a continuous-time signal, the continuous-time incoming 
signal should be “quantized” before it is delayed. Consequently, this section 
presents a quantized analog delay [4] to be used in the QDAR’s 
autocorrelation function.  

 
5.1. System Architecture 

 
As illustrated in Figure 19 (left), the proposed quantized delay is comprised 
of a quantizer or “n” bits, multiple binary delay lines and an adder circuit.  
Being the foremost element, the quantizer consists of a series of comparators 
(2n-1), each one comparing the input signal to a unique reference voltage. 
The comparator outputs connect to binary delay lines, which constitute a 
cascade of synchronized D-latches. In autocorrelation receivers the accuracy 
of the delay element is paramount for proper detection, hence a synchronous 
delay line is employed. Finally, by using an adder circuit, the outputs 
available at each delay line are linked together to reconstruct the quantized 
signal.  

Fig. 18. Top) Frequency spectrum before downconversion  
Bottom) after downconversion. 
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Fig. 19. Top) Quantized Analog Delay derived from a conventional Flash ADC. Bottom) 
Probability of error for an AWGN limited system for different quantization levels. 
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5.2. System Analysis 
 

The quality of the approximation of the incoming signal is directly related to 
the number of bits of the quantizer (n) and thus influences the power 
consumption. For varying quantization levels as well as signal-to-noise ratios 
(SNR), the probability of error is plotted in Figure 19 for the QDAR with two 
QAD’s. This quantitative analysis undoubtedly shows that by increasing the 
amount of quantization levels, one is capable of reducing the probability of 
error during autocorrelation. In addition, the value of n is determined based 
upon the trade-off between power consumption and bit precision, as well as 
taking into account the probability of error at the desired SNR. n=0 refers to 
the state of no quantization. 

 
5.3. Simulations 

 
In UWB systems, it is generally seen that either the 1st or the 2nd derivative 
of the Gaussian monocycle is used as the transmitted pulse. Thus, a Morlet 
waveform (i.e., derived from a Gaussian waveform) is used as the input 
signal to the QAD with a center frequency at 4.6GHz. 

Figure 20 illustrates the performance of the quantized analog delay 
synchronized to a clock frequency (fclk). The time delay (τd) between the 
analog and the quantized signal is calculated using the following equation, 

 

1
clk

d o
f ( n )
2

τ
−

= ⋅ (3) 

where no denotes the number of D-latches per level. Just to re-iterate, the 
delay time is paramount for autocorrelation and not the exact preservation of 
the waveform. A detailed list of specifications is given in Table 2. The time 
delay of 549ps seen here differs from the actual value by only 0.02 %, which 
is acceptable based on the plots in Figure 6 in [4]. A realistic 10 GHz clock 
signal was used. In addition, Figure 21 illustrates the simulated and extracted 
waveforms. 
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Fig. 21. Quantized signal – simulated vs. extracted. 

Fig. 20. Top) Frequency spectrum of the input Morlet waveform 
 Bottom) Quantized signal vs. analog signal. 
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Table 2. Simulation parameters. 
 

Specifications Simulated (w.r.t Morlet Waveform) 

Quantizer Precision (n) 3 

Time delay (τd) 
no=10 

Actual 
550ps 

Simulated 
549ps 

Current consumption 36.7mA @ 1.6V 

Max. operating freq. 4.6GHz  

Clock frequency (fclk) 10GHz 

Process IBM CMOS 0.13µm 

Size 1.25mm2 
 

 
6. A Filter Based Delay 

 
As the interferers may be stronger than the UWB signal their presence 
after downconversion and filtering may still deteriorate the outcome of the 
autocorrelation function. Hence, to further reduce the influence of the 
narrowband interferers, frequency selectivity is introduced in the delay 
element [5]. Assuming that the incoming waveform at the receiver, x(t), is a 
Morlet given by, 

 

2)())(cos()( ττα −−⋅−⋅= tettx  (4) 

where α is the center frequency and τ is the time instant at which the 
Morlet waveform is centered, the impulse response, h(t), of the delay filter is 
chosen to match the incoming signal (i.e. h(t)=x(t)) and therefore the output 
of the time delay, y(t), is the convolution of the incoming signal and the 
impulse response of the filter, given by, 

 
∫ −−−⋅−−⋅⋅−−⋅−⋅=
t

dtetety
0

1
)1(

1
)1(

1
22

))(cos())(cos()( ττττταττττα

  

(5) 

From comparing (4) with (5), one sees the distinct resemblance between 
the convolved waveform and the incoming Morlet signal. The design 
procedure of the filter based time delay is the same as described in III. 
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The simulated impulse response of the Morlet filter is seen in Figure 22. 
By scaling down the capacitance even lower than 0.2pF as well as the 
coefficients in the matrices A and B, smaller pulse widths are attainable 
because of the trade-off between bandwidth and gain. 

 

Fig. 22. Impulse response of an 8th order Morlet filter centered at 2.2 GHz. 
 

Figure 23 shows the time delay (τ) between the Morlet waveform and the 
convolved signal. 

τd=2.72 ns

τ=2.72 ns

 

Fig. 23. Time delay between the incoming Morlet waveform and convolved signal. 
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7. Dual-Loop Negative-Feedback Broadband Low-Noise 
Amplifier Design 

 
In order to achieve a broad bandwidth, a dual-loop negative feedback 
topology is favorable because of the possibility to accurately define the input 
impedance [28]. This section presents a power-to-power (i.e. having accurate 
input and output impedances) dual-loop negative feedback LNA with a 
transformer in one of the loops. The topology allows for separate 
(orthogonal) noise matching and impedance matching.  

The design procedure takes into account the influence of transformer 
non-idealities on the noise and impedance performance of the LNA.  

Nullor

Transformer modelZ1

Z2

Ls

Lp

Rs1

Rs2

Cf

n:
1

 

Fig. 24. Power-to-Power amplifier topology with transformer model. 
 
 

Figure 24 shows the power-to-power dual-loop negative feedback 
topology with the transformer model and a nullor as the active part. Ls is the 
series inductance of the primary winding of the transformer. Lp is the parallel 
inductance of the secondary winding. Rs1 and Rs2 are parasitic series 
resistances. Cf models the parasitic capacitance between the windings. The 
substrate loss can be considered negligible due to the high resistivity of the 
GaAs substrate. All the impedances in the figure, Z1, Z2, Rs1 and Rs2 have 
series noise sources, which can be transformed to the input of the LNA to 
analyze the noise performance. Ignoring parasitic capacitance Cf for the 
moment, the input equivalent noise power spectral density (in V2/rad/s) 
equals: 

 ( ) ( )
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When designing the input impedance, the parasitic capacitance of the 
transformer needs to be considered. Cf shown in Figure 24 models the 
effective parasitic capacitance in the feedback loop originating mainly from 
the port-to-port capacitance and which introduces a pole and a zero in the 
frequency response of the input impedance (Zin). This pole narrows the band 
of Zin to several hundreds of MHz. To broaden the bandwidth, Z2 is made 
inductive. As a result, the input impedance becomes, 

 
2 2 1 1 2

2 2 2 1

( ) (1 ) ( ) ( )
( ) (1 )

L Zero zero
in

L s

R S L n R Lp Cf R S SZ
n R S Lp R S L R S R Cf

ω ω+ ⋅ ⋅ + ⋅ ⋅ ⋅ ⋅ ⋅ + ⋅ +
=

⋅ ⋅ + + ⋅ + ⋅ + ⋅ ⋅  (7) 

where RL is the load impedance.  
 

 

Fig. 25. Top) Noise Figure; Bottom) S11 and S21. 
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The LNA is to be fabricated in the 0.2µm GaAs process of OMMIC,  
Philips. The process provides P-HEMTs with cut-off frequencies around 
60GHz. The die area amounts to 1.5×1mm2. Due to the fact that the 
manufacturer provides all the models of real elements including the 
transmission lines and bends for connection, the simulation results provide a 
good prediction of the actual performance. Figure 25 shows the simulation 
results of the LNA. The noise figure is smaller than 0.5dB between 0.6-
1.6GHz. The simulation of stability was made from 10 Hz to 100 GHz. The 
stability circles, together with the input and output reflection coefficient, 
show that the LNA is stable. 
 
 

8. Conclusions 
 

Impulse radio based UWB has its advantages but at the same time, the 
impression of straightforwardness in implementation is misleading. UWB is 
not free from frequency translation and neither from filtering. Most UWB 
front-end will require some sort of frequency translation (i.e. 
downconversion to baseband) in order to reduce the constraints on the RF 
analog blocks (e.g., the delay lines) as well as the mixed signal circuitry. It 
would be fair to consider that the radio requirements for radio based UWB 
are demanding (e.g. such as meeting the spectral mask definition in the 
transmitter). Trade-offs in the areas of antenna design, IC technology should 
be taken into account in order to achieve a robust design for a radio based 
UWB system. Only through unconventional methodologies, such as the co-
design approach described in this paper, will one deliver a UWB radio with 
the optimum cost, performance and power consumption mix. 

In this paper we introduced design techniques for an ir-UWB transmitter 
as well as the receiver. We have shown the co-design of an impulse 
generator and antennas, a Daubechies based impulse generator for the 
frequency optimization of the FCC mask, a receiver topology (i.e. the 
QDAR), which relaxes the design constraints on the delay lines in the auto-
correlation function and double-loop negative feedback amplifier techniques 
to realize true wideband LNA’s for the receiver front-end.  
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Abstract 
 
This work describes ongoing research into system architectures, circuit 
design techniques, and new technologies applicable to low power 
wireless sensing. We will present completed proof-of-concept research 
as well as propose ideas for future architectures. It is shown that 
MEMS-based transceiver blocks in combination with a dedicated 
carrier sense receiver can substantially reduce the communications 
energy of a sensor network. Additionally, novel methods for power 
regulation and modular packaging will be introduced. 
  

1. Introduction 
 
The focus of this work is on low power communications circuits and 
supporting technologies for wireless sensor networks. Among the many 
design considerations for sensor networks transceivers, three stand out as the 
most crucial: power consumption, implementation volume, and cost. This 
paper describes research in three areas aimed at enabling new applications in 
wireless sensing. The first research topic involves the utilization of RF 
MEMS components in the design of transceiver blocks. The goal of this 
effort is to shift the burden of filtering RF signals from the active circuitry to 
passive micromechanical components, relaxing the specifications on the 
active circuitry. The second topic involves the design of a carrier sense 
receiver aimed at reducing the overall energy and latency of the network. 
While operating at very low quiescent power levels, this receiver will sense a 
transmit beacon and enable the main data radio when a packet is available on 
the network. The third topic concerns miniature assembly and packaging 
techniques to allow a modular-yet-small form-factor. Section 2 will describe 
our system requirements and a prototype proof-of-concept integrated chip.  
Section 3 proposes new building blocks of future low power transceivers. 
Section 4 describes a carrier sense architecture to increase link efficiency.  
Section 5 presents an overview of power management and enclosure design 
for low power wireless sensors. 
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2. System Requirements 
 

Of the many challenges involved in the implementation of ultra-small 
wireless sensors, one of the largest is the design of the communications link. 
Typically, the network must support peer-to-peer connections between 
nodes, so the radio link must be symmetric. This eliminates the possibility of 
using RFID-type passive radios for receiving data. Since both sides of the 
data link are energy constrained, the receiver sensitivity must be high. Thus, 
for a given link range, a tradeoff exists between design for low receiver noise 
and high transmit power level. Size and cost considerations are also 
paramount in such ubiquitous systems. Unfortunately, a traditional 
implementation with multiple off-chip components adds prohibitively to the 
cost and form-factor, so an entirely thin-film, batch fabricated solution is 
desirable. 

There has been great progress in the MEMS community in recent years 
in designing MEMS filters and switches for use in communications systems 
at very high frequencies. From an RF circuit architect point of view, these 
emerging technologies hold the potential to dramatically reduce the power 
consumption and complexity of the RF active circuitry. For example, a steep 
bandpass channel select filter can ease the linearity requirements of the LNA 
or even allow a sub-sampled receive architecture. Also, since MEMS devices 
are batch-fabricated on semiconductor substrates, they are physically small 
and ultimately integratable with the electronics. 

As a specific example, recent advances in BAW resonator technology 
have allowed very high quality factors (>1000) at GHz frequencies [1]. 
Measured data from a 2.4GHz BAW resonator is shown in Fig. 1. 

 
 

Fig. 1. Measured impedance of single 2.4GHz BAW Resonator. Inset photograph shows the 
100um × 100um active resonator area. 
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The high Q nature of the structure is clearly visible in the impedance 
plot. In this proof-of-concept work we utilize the high Q and stable 
oscillation for creating RF oscillator circuits. In past implementations, we 
have leveraged this unique transfer function to construct an extremely 
selective RF amplifier [2]. The form factor of the resulting system can be 
further reduced by wafer thinning and flip-chip assembly.  

These techniques were used to demonstrate a second-generation low 
power super-regenerative transceiver. This design used two high-frequency 
1mm2 BAW resonators alongside a 2mm2 0.13µm CMOS chip [3]. 
 

 
 

 
 

The receiver consumes less than 400µW when active, and supports 
datarates up to 50kbps. A three-wire SPI interface bus controls all receiver 
functionality, including variable datarate, RF chain bias current, baseband 
gain, and baseband bandwidth. A sensitivity of approximately -100dBm 
permits a very low transmitted power level. A small capacitor bank allows 
frequency compensation of the relatively large BAW temperature coefficient. 
The remainder of this brief builds on these concepts and introduces research 
leading to next generation wireless devices. 
 
 

3. BAW-Referenced Tunable Oscillators 
 

In previous work, BAW-referenced CMOS RF oscillators have been 
demonstrated [4]. However, the usefulness of fixed-frequency oscillators is 
limited and tunability is desired in many radio architectures. This section 
discusses preliminary work in the development of another key building block 
of low power transceivers. Quadrature voltage controlled oscillators (QVCO) 

modulation/demodulation.  In low-IF, zero-IF or wide-band multi-standard 

Fig. 2. CMOS/BAW Resonator Transceiver Implementation.

In these architectures, quadrature sinusoids are needed for I/Q 
are a crucial component in highly-integrated image-rejection transceivers. 
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transceivers [5], quadrature signal generation by the VCO requires a 
minimization of the power consumption, quadrature phase error, and phase 
noise. These conflicting requirements become even more severe in the 
implementation of highly integrated, low power transceivers for sensor 
networks. Several creative implementation techniques exist for quadrature 
signal generation [6][7][8]. The goal of this work is to overcome the tuning 
limitations of a BAW referenced oscillator to construct a low phase noise 
QVCO. 
 
 

3.1. VCO Design Using MEMS Resonators 
 
High Q resonators are appealing for oscillator design since they promise low 
phase noise for a given signal power. There are, however, two main 
challenges that limit their applicability to use in a VCO. First, high Q 
structures are inherently limited in their tuning range. The insensitivity of the 
oscillation frequency to external impedances is one of the great advantages 
of the ubiquitous quartz crystal oscillator. This is in direct conflict with the 
need for a QVCO with a wide tuning range. Additionally, unlike LC 
resonators, MEMS resonators do not provide a stable DC oscillator operating 
point, introducing additional circuit design challenges.  

Fundamentally, the structure of BAW can be visualized as a capacitor 
whose dielectric material is piezoelectric. Excitation of the acoustic wave 
occurs upon the application of an alternating voltage across the capacitor, 
which causes the piezoelectric material to cyclically expand and contract, 
thus eliciting energy oscillation between mechanical and electrical domains. 
Fig. 4 shows an equivalent electrical circuit of a BAW, where Lx, Rx and Cx 
represent motional inductance, resistance and capacitance, respectively. The 
impedances Co and Ro represent shunt capacitance and resistance and Zs and 
Zp represent the series and parallel loading on the resonator due to the CMOS 
circuitry, respectively. 
 

 
 

Fig. 4. Electrical equivalent of a BAW resonator. 
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The resonance frequency can be tuned by modifying Zs and/or Zp from 
the CMOS circuit. For example, as shown in Fig. 5, the frequency tuning can 
be achieved either by digitally tuning a capacitor bank in parallel with 
resonator to change its resonance frequency or by electrically switching 
different resonators. Alternatively, if electrostatic MEMS resonators are 
employed, the resonance frequency can be modified by varying the resonator 
bias voltage [9]. 
 

CMOS Active Circuit
+ 

BAW 
N-Bit Digital V CONTROL

C1 C2 Cn

 

CMOS Active Circuit

BAW1

N-Bit Digital V CONTROL

BAW2 BAWn

 
Fig. 5 (a). Tuning using capacitor bank. Fig. 5 (b). Tuning using multiple BAWs. 
 
 

 
The electrical tuning of a VCO using a MEMS resonator becomes a critical 
design issue because the inherent mechanical properties of the resonator 
itself cannot be dynamically changed. One viable option is to digitally switch 
between multiple resonators to obtain course variable frequencies.  The 
digital switching of high Q MEMS resonators operated in their parallel 
resonance can be realized since the switch resistance will not dramatically 
degrade the resonator quality factor. The sensitivity of oscillation frequency 
to capacitive variation using MEMS devices is much less than the case of LC 
resonator design with lower Q, and thus it requires very fine frequency 
control with relatively large switched capacitors.  

A low power, low phase-noise QVCO can increase the efficiency of 
sensor node transceivers and allow more efficient modulation schemes. This 
ongoing research involves the design and fabrication of a MEMS-referenced 
QVCO in the GHz frequency range.  
 
 

4. Carrier Sense Radios 
 

In a sensor network environment, where communication is relatively 
infrequent and packet lengths are short, the power consumed by a node while 
monitoring the channel for activity can become significant. The most 

3.2. Tuning Issues and PLL Architectures Using QVCOs 
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common solution is heavy duty cycling of the transceiver physical layer, 
which greatly reduces the average power consumption.  However, in order 
for communication to be successful, there must be a rendezvous method to 
ensure that both the transmitting and receiving nodes are active 
simultaneously.  In this section, the circuit techniques for a hardware 
implementation of a truly asynchronous rendezvous scheme are discussed. 

 
4.1. Motivation 

 
Several different classes of rendezvous methods have been proposed [10].  In 
a fully synchronous approach, all nodes are globally synchronized and wake 
up simultaneously.  While attractive for very dense networks, it is be difficult 
to maintain global synchroniszation in an ad-hoc network.  So-called pseudo-
asynchronous rendezvous techniques combine periodic duty-cycling with a 
beaconing process, where one node transmits its desire to communicate 
repeatedly until the receiving node enters the active state. Pseudo-
asynchronous rendezvous obviates the need for global synchronization but 
increases the network latency. In addition, the power consumed by the 
beaconing process can become significant. 

An alternative approach is a truly asynchronous rendezvous, where 
nodes continuously monitor the channel for beacons using an auxiliary 
carrier sense receiver (CSR), and wake up only when data is being 
transmitted.  The system is illustrated in Fig. 6, where the carrier sense 
receiver detects a beacon signal and activates the main receiver for data 
transfer.  Because the CSR is continuously monitoring the channel, its power 
consumption must be a fraction of that of the main receiver to have a net 
energy savings.  However, the power consumed by transmitter beaconing in 
the pseudo-asynchronous approach is greatly reduced.  In addition, the 
network latency is diminished because the carrier sense receiver typically 
responds to the first beacon signal sent by the transmitter. 

 

 
 

Fig. 6. Block diagram of the asynchronous carrier sense concept. 
 

 

B.  Otis et al.



291 

Clearly, a truly asynchronous rendezvous scheme using an auxiliary 
CSR may provide power savings and improved network latency.  In the next 
section, the design considerations for such a receiver are outlined in more 
detail. 

 
 

4.2. Design Considerations 
 

The design specifications of the CSR are closely tied to the network 
characteristics of the target application.  For example, if packet traffic in the 
network is low, there will be long periods of monitoring the channel without 
communication and the CSR power consumption must be very small.  On the 
other hand, under high traffic conditions the time spent monitoring compared 
to communicating will be smaller, relaxing the power specification of the 
CSR.  Additionally, the properties of the main data radio strongly influence 
the design of the CSR.  In terms of power, the ratio of power consumption of 
the main radio to the CSR is the important metric. Consequently, a low 
power main radio requires a correspondingly low power CSR. It is also 
critical that the two receivers have equal communication range. Clearly, if 
the CSR has shorter range than the main radio, then it will be impossible to 
awaken some nodes that are within the communication range of the main 
radio. For similar reasons, it is desirable for the two radios to use 
approximately equal carrier frequencies.  Varying channel conditions, such 
as deep fading, can occur in one band but not in another, again with the result 
that either the CSR or main receiver is unreachable.  Furthermore, similar 
carrier frequencies allow the two receivers to share the same antenna, which 
is necessary from an integration perspective. 

The CSR system is also unique because, compared to a traditional 
receiver, a higher bit error rate (BER) can be tolerated.  For the CSR, bit 
errors translate into either missed wakeups or false wakeups.  For the former 
case, the transmitter must re-send the wakeup beacon; in the latter case the 
main receiver is awoken erroneously by the CSR and no data is received.  In 
both cases, the overall power increases due to unnecessary operation of the 
main data radio. In addition, missed wakeup errors negatively impact the 
network latency.  However, preliminary simulations indicate that the overall 
system power will not increase appreciably until the rate of CSR errors 
approaches 10-1. Fig. 7. shows a system simulation of the global average 
power consumption as the amount of CSR errors are increased.  

Compared to conventional wireless receivers, the acceptable error is 
about 2 orders of magnitude higher, allowing a relaxed SNR specification at 
the output of the CSR. 
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Fig. 7. Effect of carrier sense errors on average power consumption. 

 
 

Examining the considerations above, the CSR specifications for a typical 
sensor network application can be determined.  State-of-the-art transceivers 
for sensor nodes consume 1mW or less for the receiver and several 
milliwatts for the transmitter [3].  High levels of integration are required to 
reduce node size and cost, leading to the choice of relatively high carrier 
frequency.  A summary of the resulting CSR specifications, designed to 
operate with the main data radio from [3], is shown in Table 1. 

 
 

 

Carrier frequency 2 GHz 

Range (0-3dBm Tx power) 10 m 

Power consumption < 50µW 
 
 

The challenging power consumption requirement (50µW) dictates a 
greatly simplified RF frontend and aggressive use of power-saving circuit 
techniques. Next, two example circuit design blocks for the CSR are 
discussed. 

Table1. CSR specifications for a sensor node application. 

B.  Otis et al.



293 

 
In order to explore the limits of minimum power receiver design, the first 
example illustrates a “passive” tuned RF receiver operating at 1.9GHz.  The 
frontend can be considered passive because there are no active gain blocks 
before the frequency downconversion. The RF input signal passes through a 
high-Q channel select filter and is fed directly to an envelope detector 
comprised of an NMOS transistor operating in the subthreshold region.  The 
envelope detector acts as a self-mixer, converting the RF-modulated signal 
down to baseband.  The frontend schematic and die photo are shown in    
Fig. 8. 

In this design, a BAW resonator is employed to achieve high-Q filtering 
in a small form factor.  The BAW can be seen in the photo, wire-bonded to 
the CMOS die.  The measured performance of the passive receiver is 
summarized in Fig. 9.  Although the power consumption is very low, the 
sensitivity is inadequate for a peer-to-peer sensor network environment.  
Nevertheless, the passive receiver implementation establishes a benchmark 

 

  
Fig. 8. Passive receiver schematic and implementation die photo. 

  

Fig. 9. Passive receiver input match and performance summary. 

4.3. A Passive 1.9GHz Receiver 

 

 

 

Measured Performance  

Technology (CMOS) 0.13µm 

Rx power 200 nW 

RF bandwidth (-3dB) 4 MHz 

Sensitivity (12dB SNR) -38 dBm

Measured |S11|: -9.3dB 
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4.4. A Low Power Tunable 1.9GHz Oscillator 
 

The RF oscillator is a component employed in most receiver architectures, 
and its performance has a significant influence on overall receiver 
performance.  However, the oscillator also frequently consumes a significant 
portion of the overall power budget.  The oscillator described in [11] aims to 
ascertain the feasibility of an ultra-low power RF oscillator for use in the 
implementation of the CSR. 

Two principal techniques are utilized in the design to lower the power 
consumption.  First, the main transconductor devices are designed to run in 
the weak inversion regime, where the available transconductance is higher 
for a given bias current. In modern scaled CMOS technologies, sufficient 
device ft is available to allow transistors to be biased in weak inversion, even 
for operation at RF.  Secondly, the architecture and biasing are chosen to 
enable the use of a 0.5V supply, which is less than half the nominal supply 
for the 0.13µm CMOS technology.  In addition, bondwire inductors (3nH) 
are used to take advantage of their high quality factor. Fully digital frequency 
tuning is accomplished through a bank for switched capacitors, providing 
150MHz of tuning range around 1.9GHz with minimum frequency steps of 
less than 200kHz. 

 

 
 Fig. 10. Low power oscillator die photo and performance summary.  
 
 

Measured Performance  

Supply voltage 0.5 V 

Power 100 µW 

Center frequency 1.87 GHz 

Tuning range 155 MHz 

Tuning resolution 200 kHz 

Differential output swing 250 mV 

Phase noise @ 1 MHz offset -114dBc/Hz 

for a minimal power, high frequency receiver design.  In the next section, the 
power performance of an active circuit, the RF oscillator, is investigated. 
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Two oscillators were fabricated in 0.13µm CMOS, with one oscillator 
using an integrated inductor to allow performance comparison with the 
bondwire version. A photo of the bonded die is shown in Fig. 10, along with 
a summary of the measured performance.   

The bondwire oscillator was also tested at supply voltages below 0.5V, 
and the circuit operated without performance degradation down to supply of 
0.3V.  At this bias point, the test oscillator demonstrated at least 100mV 
output swing while consuming around 60µW. The implementation validates 
the subthreshold design techniques and demonstrates the feasibility of an RF 
oscillator operating under 100µW.  Together with the passive receiver proof-
of-concept, the low power oscillator establishes a baseline for the design of 
the 50µW CSR. 
 
 

5. System Design Issues 
 
The circuits discussed so far were designed to consume very little power and 
realize high levels of integration.  However, in order to properly utilize these 
advances, the system built around the radios must also be efficient and small.  
For example, supply voltage generation and packaging cannot be neglected 
and can add significant power and size overhead to a miniature sensor node. 
In this section, ongoing work in the areas of power management and 
enclosure desigis discussed.   
 

5.1. Power Management 
 

The effect of power management on overall system power efficiency is often 
overlooked. Power consumption of commercial off-the-shelf (COTS) devices 
has historically been orders of magnitude below the total system power 
budget. However, as the total system 
power enters the microwatt range, the 
proportion of power lost in manage-
ment becomes significant.  For 
example, Fig. 11 shows the efficiency 
graph of a typical step-down switching 
regulator.  Below 1mA the efficiency 
drops sharply to the point where the 
regulator consumes nearly 70% of the 
source power when delivering 100 µA, 
which is still greater than the average 
requirement expected from advanced 
sensor electronics.   
 Fig. 11. Efficency vs. Load 

Current for typical switching 
regulator. 

 Circuits and Technologies for Wireless Sensing



296 

If voltage regulation requirements can be relaxed, the switched-capacitor 
charge pump offers improved efficiency at low loads, since the internal 
losses are mostly due to the internal oscillator and equivalent resistance of 
the flying and storage capacitors.  If demands are light, the oscillator 
switching frequency can be low and I*R losses in the capacitors are small.  
One potential drawback to the prototypical switched-capacitor circuit is an 
unregulated output.  Regulated charge pumps are available but incur a power 
penalty for an oscillator modulation circuit.  In general, however, switched 
capacitor circuits tend to be more suitable for low power electronics than 
inductor-based solutions. 

Two important points derive from the above observations:  1) any time a 
voltage conversion is required from source to supply rail, significant 
efficiency losses can be expected, and 2) 
circuits that can tolerate an unregulated 
supply reduce losses due to power 
management.  Ideally, of course, all 
electronics in a sensor node would utilize 
the voltage directly from a battery to 
avoid power management losses.  With 
typical circuit design techniques, this is 
not feasible, especially since the power 
supply on a sensor node will be powered 
from a volatile energy harvesting source.  

Off-the-shelf devices are typically 
designed to provide tens or hundreds of 
milliamps of current. Some, like the TI 
TPS60313, have operating modes where 
sections of the regulator are unused but 
the outputs are still operational at low 
load currents. Fig. 12 shows the 
efficiency graph of the TPS60313; 
snooze mode offers greatly improved 
efficiency at load currents under 100 µA. 

Even so, with the best available COTS devices losses due to power 
management are high when operating in the average power range enabled by 
research outlined in this paper. In fact, in low duty-cycle circuits where rails 
are gated in quiescent mode, power consumed by the management circuitry 
approaches 100% of average. 

If voltage level conversion and regulation is required, the best way to 
limit losses is to customize the management circuit for the application.  
Based on a standard switched-capacitor ladder architecture, the device 
pictured in Fig. 13 will consume less than 100 nanowatts while providing all 
required supply voltages for the sensor node.  Fig. 14 is a schematic diagram 
of the converter block.  Control logic runs on a current-starved ring oscillator 

Fig. 12. Efficiency vs. Load 
Current for TPS60313 charge-
pump 
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while an ADC measures the output, controlling an up/down frequency 
register.  A current DAC controls a second ring oscillator for gate drive.  The 
on-chip low dropout linear regulators (LDO) provide regulation, consuming 
on the order of 10nW of power each.  

 
 

5.1. Packaging Considerations 
 
To become truly ubiquitous, the entire sensor node platform must be 
extremely small. There are many parameters that affect size, among them 
component count, degree of integration, printed circuit board (PCB) form 
factor, and modularity requirements.  Although high levels of integration will 
reduce component count, component size, and PCB size, it adversely affects 
modularity.  The flexibility enabled by modularity generally means an 
increased need for interconnect.  Interconnect by itself requires physical 
space but does not add capability to the sensor.  In that sense it is the 
physical analog of power management: usually essential but mostly 
undesirable.  Form factor is deceptively important for a sensor node, 
particularly if it is to be self powered, because the power scavenging 
technology will impose dimensional constraints.  For example, solar panels 
are always thin and flat while an electromagnetic motion transducer has 
significant size in three dimensions.  The solar panel solution matches nicely 
to a traditional, flat, rectangular, monolithic PCB.  On the other hand, the 
electronics for a motion transducer would demand a non-conventional “3-d” 
assembly. 

One of our low power sensor applications is a self-powered tire pressure 
monitoring system. The energy scavenger in this prototype is a motion 
transducer called a “shaker”. The shaker is composed of a tube with 
embedded wire windings and a magnet inside the tube sliding from one end 

Fig. 13. Custom regulator block diagram.  
Boxes represent package terminals. 

Fig. 14. Switched capacitor converter 
detail. 
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to the other as the tire rotates.  When the magnet passes the windings, an AC 
current is generated in the windings.  A single traditional rectangular PCB 
does not accommodate this form factor efficiently, so the electronics for the 
tire pressure sensor are assembled onto a stack of PCBs roughly forming a 
cube. 

Another advantage of this arrangement is the ability to change parts of 
the circuit, such as a radio, without rebuilding the powertrain or digital 
components of the node.  As noted previously, this modularity comes at the 
cost of increased interconnect.  The target dimension of the cube is 1cm3 so 
space for interconnect is highly constrained.   

One of the smallest available multi-pin connectors is an elastomeric core 
material wrapped by a foil with conductors on the order of 0.05mm wide on 
0.1mm centers.  The connectors can be less than 1mm in height and width.  
Contact is made by pressure against an immersion silver or gold PCB pad, so 
they do not require soldering. Fig. 15 is a photograph of the top of an 
elastomeric connector. 

Four PCBs comprise the electronics 
stack:  a battery/rectifier board, a digital 
board, a sensor board, and a radio 
board. Power management is 
distributed. Fig. 16 is a layout diagram 
of the sensor board. The main 
component is a tire pressure sensor die 
set mounted via chip-on-board (COB). 
The pads surrounding the core are 
contact points for four elastomeric 
connectors, one on each side. Precise 
vertical board separation and elastomer 
compression is controlled by a small plastic ring shown as the inner square 
on the sensor board layout.  This ring also acts as an inner retainer for the 

 

Fig. 16. The sensor board. 

Fig. 15. Top view of a 1mm wide elastomeric connector showing 
the conductors. 
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connectors. The entire assembly, boards, rings, and connectors, is inserted 
into a thin-walled plastic cube. Fig. 17 shows a physical mockup with the 
internal spacing rings and a test PCB. This prototype uses sample connectors 
(the gold color inside the cube) that are one-third taller than required by the 
electronic components.  The dimensions of the mockup are 1cm in x and y, 
and the operational node will be 1cm or less in height. 

The prototype was used to 
determine reliability, contact 
resistance, and current 
capacity of the connectors. 
Performance in all three areas 
was exceptionally good:  
Reliable connection was made 
with the specified 5% 
connector deflection, top to 
bottom resistance (four PCBs 
and three connectors) is 0.06 
ohm, and there was no 
noticeable degradation in 
connectivity when conducting 
200 mA over more than 5 
minutes, pad to pad. Since 
peak current through any given 
interconnect path will be less 
than 2 mA these connectors 
are more than adequate. 

An operational “PicoCube” is expected in early June 2006.  In the first 
version, a TI MSP430 microcontroller will be used for gathering sensor 
samples and controlling the radio for packet transmission.  Both the 
microcontroller and sensor are in deep sleep mode most of the time; the 
sensor contains a timer that interrupts the microcontroller every six seconds.  
Power management for the “always on” sensor and µC supplies will be 
performed by the TI TPS60313 switched capacitor charge pump described 
above.  Since the sensor and microcontroller are in deep sleep mode between 
samples, only the charge pump is fully active.  Due to the TPS60313 snooze 
mode, average power is about 6µW, dominated by the charge pump.  With 
the integrated regulator, average power will be reduced to the sub-microwatt 
range, dominated by the microcontroller.  Future efforts to reduce system 
power may include a customized digital section, which is expected to push 
average power into the low hundreds of nanowatts.  
 
 
 
 

Fig. 17. Components of a physical 
mockup. 
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6. Conclusions 
 

This work has described three proposed techniques for implementing low 
power wireless links. First, the use of RF MEMS components to explore new 
transceiver blocks and architectures was described. A proof of concept 
system was presented, and future proposed work was outlined.  Secondly, an 
architecture featuring a carrier sense receiver was presented. This would 
allow a large reduction in average link power consumption and latency. The 
carrier sense radio has a very aggressive power specification, and multiple 
techniques to achieve this goal were proposed. Finally, a custom, distributed 
power train is proposed to perform efficient supply regulation at very low 
current levels. This work also presented recent efforts in developing robust, 
miniature 3d packaging techniques that allow the modular integration of the 
electronics, sensor, and energy harvesting devices. 
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 Abstract 

 
This paper studies the different power-performance trade-offs at 
architectural and block level to come to the most energy-efficient UWB 
system for operation in the 0-960MHz frequency band. This is achieved 
by designing for the lowest energy per useful received bit. Different 
receiver architectures are explored and compared against each other. 
After the selection of the most optimal architecture, the trade-offs inside 
the different analog building blocks of this receiver are studied. Our 
results show that the most energy-efficient solution makes use of a 
complex analog correlation UWB receiver, with an LNA with a Pin,1dBc 
back-off of -5dB, 3-bit ADC’s and a 500MHz QVCO. The 
requirements for the ADC offset, QVCO phase noise and mixer 
linearity are rather relaxed, which enables a low-power implementation. 

  

1. Introduction 
 
During the last decade, ultra-wideband (UWB) communication has attracted 
a lot of attention from the research community.  One of its flavors, pulsed 
UWB communication ([1]), is based on the transmission of ultra-short pulses 
in time.  As a result, the energy of these pulses is spread over a wide 
frequency range, with a very low power spectral density. In 2002, the Federal 
Communications Commission (FCC) defined UWB as any wireless 
transmission scheme that occupies a fractional bandwidth ≥ 20%, or has 
more than 500MHz of absolute bandwidth [2]. The fractional bandwidth is 
defined as W/fc, with W the transmission bandwidth and fc the band center 
frequency. Furthermore it must meet the spectrum mask specified by the 
FCC, which allows UWB in the 0-960MHz (for imaging, ranging) and 3.1-
10.6GHz bands.  

Not only does this wide bandwidth allow communication with very high 
data rates over a short distance. It also enables very accurate localization, 
robustness against fading and multipath channels and simple, low-power 
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transmitter and receiver designs. As a result, ultra-wideband becomes also 
increasingly popular for power-efficient ranging, imaging and distance 
measurement with communication at low data rates. In this application 
domain, the main implementation issues are the energy consumption and 
robustness against noise and interference rather than achieving high data 
rates.   

Due to the low transmit power levels, the loose linearity requirement and 
its duty cycled nature the transmitter will not contribute significantly to the 

energy-efficient UWB communication system should hence be on the 
receiver, which has the difficult task to synchronize to the very short and 
broadband pulses. 

In this paper, the different power-performance trade-offs at architectural 
and block level will be studied aiming for the most energy-efficient UWB 
receiver for operation in the 0-960MHz frequency band. The total receiver 
energy (including header reception, synchronization energy,...) to receive a 
single bit with a certain bit error rate is a very good metric to compare 
different designs against each other [3]. By designing for the lowest energy 
per useful received bit, both communication theory and implementation 
theory are considered and weighted carefully. Since the possible energy 
savings are the largest at the highest levels of abstraction, it is very important 
to start this exploration at architectural level.  Therefore, this paper will, after 
a short description of the UWB system in section 2, determine the optimal 
receiver architecture in section 3.  In section 4 the different building blocks 
of the analog front-end are studied to find the optimal joint power-
performance trade-off for each of them. During this optimization, the 
implications of every block level decision on the total system’s performance 
are taken into account. This system-block level co-design results in an 
energy-efficient UWB receiver design for low-power, low data rate 
applications. Finally section 5 studies the migration from the 0-960MHz 
band to the more common 3-5GHz band. The implications on the 
performance and power consumption of the receiver alternatives are 
examined to investigate whether the same conclusions still hold. Section 6 
concludes the paper. 
 
 

2. UWB System 
 
In UWB communications, data is modulated on a stream of short-duration 
pulses. Figure 1 (solid line) shows such a 0-960MHz pulse in the time and 
frequency domain. Every bit is replaced by a set of Ns pulses, with Ns the 
length of the spreading code used. This spreading code is employed to 
increase the processing gain of the receiver, enable multi-user access and 
reduce the spectral spikes of the transmitted waveform. Assuming BPSK 

energy consumption of an UWB transceiver. The focus of the design of an 
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data modulation, the polarity of every pulse is determined by the transmitted 
data bit and the corresponding bit of the used spreading code. As a result, the 
transmitted waveform can be described as:  

Fig. 1. Time and frequency domain plots of an UWB pulse and a windowed sine. 
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with pulse repetition period Tp, symbol period Ts = NsTp, total energy per 
pulse Ep. bn ∈ {−1, 1} and ak ∈ {−1, 1} are respectively the nth transmitted 
information bit and the kth bit of the used spreading code of length Ns. wtx(t) 
is the transmitted pulse form, with unit energy. 

The received signal at the receiver antenna can be denoted as: 
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with n(t) additive white Gaussian noise (AWGN) with zero mean and power 
spectral density N0/2 over the bandwidth W of the receiver and i(t) 
interference caused by other users of the spectrum. wrx(t) is the received 
pulse waveform, distorted by the multipath channel and antenna. 

To detect the transmitted data bits bn in the receiver, the incoming signal 
srx(t) has to be decorrelated with both the received pulse form wrx(t) and the 
used spreading code. This is depicted in figure 2, which shows a general 
UWB receiver.  After amplification, the incoming pulses are correlated with 
a locally stored pulse template wtempl(t). This consists of a multiplication, 
followed by an integration (or accumulation). The result of this correlation is 
multiplied with the spreading code in a second correlator, which outputs the 
decorrelated data bits. 
 

 Design of an Energy-Efficient Pulsed UWB Receiver



306 

 

 
 

Fig. 2. General system view of a pulsed UWB receiver. 
 
 

3. Architectural Level Exploration 
 

In this stage of the design process, different system architectures will be 
compared against each other. Since it is too time consuming to come up with 
a detailed implementation of all architectures under study, it is not possible 
to do a perfect power estimation of every proposal, nor to take all underlying 
circuit non-idealities into account.  Using as good as possible power 
approximations and performance simulations, the decision can be made 
which architectures should be studied into more detail. As the receiver is 
dominant in the power consumption of the UWB system, only the non-
idealities that have a large effect on the receiver power consumption 
(acquisition power) or its performance (channel transfer function, 
interference, imperfect pulse matching) will be taken into account at this 
stage of the design process.   
 

3.1. Position of the ADC 
 

As can be seen in figure 2, the ADC can be placed at position A, B or C. This 
section will analyze and compare the different alternatives. 

Placing the ADC at position A results in a fully digital architecture [4].  
This has the advantage of being very flexible, scalable and easy to design.  
Moreover, a very fast acquisition is possible, due to the ability to do many 
parallel correlations in the digital domain. In this architecture, the ADC 
however has to work at Nyquist rate, i.e. at approximately 2GHz.  This high 
sampling speed, together with a high resolution will cause the ADC to 
consume most of the power.  [5] proposes to reduce the resolution to 1 bit to 
save power. Both alternatives (called ‘Inf-bit FD’, resp. ‘1-bit FD’) will be 
explored in this section. 
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The next alternative (analog correlation receiver, called ‘AC’, [6]) places 
the boundary between the analog and digital domain after the pulse matched 
filter at point B.  Only the correlation with the spreading code is executed in 
the digital domain.  This seriously relaxes the ADC sampling speed, but 
increases the complexity of the other analog blocks. It also becomes harder 
to do Rake reception, since the pulse template will now have to be 
constructed in the analog domain.  Possible implementations for this 
template generator will be discussed in section 3.2.  

Finally, placing the ADC at position C (called fully analog receiver, 
‘FA’) reduces the ADC sampling speed even more.  The difficulty of 
generating the pulse template in the analog domain remains, and the 
acquisition speed will also be a problem, since it is impossible to do many 
correlations in parallel in the analog domain. 

The performance and power consumption of the alternatives discussed 
above will now be investigated: 
 
A) PERFORMANCE 
Assuming Gaussian noise, the decision variable at the output of the receiver 
will be Gaussian with conditional mean: 
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ηcap is the energy capture efficiency of the receiver, which is a measure for 
how well the matching template correlates to the incoming (distorted) signal: 
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Assuming a noiseless template, the variance of the decision vector will 
only be caused by the  noise present at the input of the receiver: 
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As a result the bit error probability (Pe) of the receiver can be written as: 
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This formula gives the theoretically ideal performance of the UWB 
receiver. This performance will degrade due to the finite-resolution ADC’s 
and due to an imperfect matching of the template with the incoming signal 
(ηcap<1).  Based on a Matlab model, these effects have been simulated for the 
proposed UWB receivers, operating in various environments: perfect 
(AWGN) channels, line of sight (LOS) channels, non-line of sight (NLOS) 
channels and interference dominated (with interference data from real 
measurements) NLOS channels. The LOS and NLOS simulations are 
averaged over 100 802.15.4a channels [17]. The high-resolution fully digital 
(Inf-bit FD), low-resolution fully digital (1-bit FD), analog correlating (AC) 
and fully analog (FA) receiver are simulated. In the fully digital receivers, 
the pulse template is constructed by averaging the incoming signal over a 
training sequence of 50 bits (=NA), at the beginning of every data packet of 
500 bits (=ND). The acquisition of the analog correlating receiver will take 
longer (100 bits), because less can be parallelized. The acquisition method 
used here, is explained in [15]. The length of the acquisition in the fully 
analog receiver finally goes up with an additional factor Ns, due to the 
inability to correlate in parallel with different shifted versions of the 
spreading code. Since an infinite-bit ADC is assumed for the AC and FA 
receiver, their performance curves fall on top of each other. The simulations 
are done for Ns =10, Tp = 40ns. Figure 3 shows the results.  

As can be seen from the plots, the analog correlating receiver performs 
particularly bad in NLOS channels.  This is due to the fact that this receiver 
is unable to do perfect channel compensation.  The 1-bit fully digital receiver 

average performance (=required input SNR for a Pe =1e-3) of every receiver 
over the 3 realistic environments (LOS, NLOS and interference dominated 
NLOS) will be used to compute the consumed energy per useful received bit. 
This is possible since (under AWGN) the difference in performance of all 
receivers, translates to a difference in required spreading code length to 
obtain a predefined Pe and hence results in a different power consumption.  

 

performance degrades significantly in the presence of interference. The 
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Fig. 3. Bit error probability (Pe) of the FD, AC and FA receiver in a gaussian channel (a), 
LOS channel (b), NLOS channel (c), interference-dominated NLOS channel (d).  Ns=10, Tp = 

40ns, Epr = pulse energy at the receiver entrance. 

 
B) POWER 
The power consumption of every alternative has to be estimated.  Various 
figures of merit (FOM) and circuits described in literature will be used to do 
this first estimation. The infinite-bit fully digital (Inf-bit FD) alternative will 
be replaced by a more realistic 4-bit version.  

All architectures can use the same LNA.  An LNA for UWB 
communication in the 0-960MHz band is described in [7] and consumes 
0.72mW. The fully digital solution does not have other analog blocks 
operating on the incoming signal.  The AC and the FA alternatives need an 
analog template generator and an integrating mixer. The mixer has to be 
wideband (500MHz) and its power consumption can hence be extracted from 
[8]. The template generation can be implemented in many ways. Section 3.2 
will explore this block into more detail. Finally note that two mixers and 
ADC’s are used in these CA and FA alternative, since two orthogonal analog 
paths are needed to take care of synchronization and clock offset tracking. 
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The power consumption of the ADC’s can be estimated based on a 
commonly used FOM [9]: 

 

2 *N
sampl

ADC
ADC

f
FOM

P
=

 (7) 

with N the number of effective bits of the ADC, fsampl the sample frequency 
and PADC the ADC power consumption.  In a survey of over 100 ADC’s 
published in literature between 1978 and 1999, the FOMs range from 1e10 to 
1.2e12 [9].  In our computations a FOM of 5e11 is used.  The VCO and PLL 
of the fully digital alternatives have to work at 2GS/s and with low phase 
noise [10].  Most of the hybrid and fully analog solutions on the other hand, 
only need a less accurate 500MHz signal, which allows them to position the 
pulse template with a resolution of 2nsec [11]. The power consumption of 
the digital part finally depends on the clock frequency of the digital part and 
on the effective capacity switched every cycle (physical capacity*switching 
activity). The latter will be different during acquisition (A) and during data 
reception (D). During acquisition a lot of correlations will have to be done in 
parallel, to come to packet synchronization and find the start of the spreading 
code.  The digital part of the AC and FA alternatives consume much less, 
since they only have to work at pulse rate (speed = /80) resp. bit rate (speed 
= /800). 
 

Table 1. Computation effective energy/bit for the different alternatives. 
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After adding the contributions of the different blocks to the power 
consumption, a total power consumption of every alternative during 
acquisition (PA) and data reception (PD) can be computed (see table 1).  To 
compute the consumed energy per effectively received bit, also the 
performance and the length of the preamble have to be taken into account.  
The performance loss (Lperf) can be derived from figure 3 and is normalized 
to 0dB for the Inf-bit FD solution.  The average consumed energy per 
effectively received bit (under AWGN conditions) can be computed as [3]: 

 
* * * *

/ *A A p D D p
perf

D

P N T P N T
energy bit L

N
+

=
 

(8) 

From this computation it is clear that it isn’t smart to go after the least 
power consuming alternative, nor the alternative with the best performance. 
The overall optimal architecture is the architecture with the best trade-off 
between these two parameters, or in this case alternative AC. When it is 
possible to use a reconfigurable topology, alternative AC is suited best 
during acquisition and alternative FA for data reception. 
 

3.2. Front-End Architecture 
 

Correlating with the pulse template in the analog domain will however only 
be optimal if the pulse template can be generated efficiently in the analog 
domain. This section takes the exploration for the most energy-efficient 
architecture one step further by exploring various alternatives for the analog 
front-end.  They all differ in the way they generate the pulse template for the 
first correlation.  

The first alternative (figure 4(a), called ‘DAC’) makes use of a perfect 
pulse template. Since it is impossible to generate the perfect pulse template 
in the analog domain, it will have to be stored in the digital domain and 
converted to the analog domain with a fast DAC. Three similar analog 
branches have to be used here in parallel to do early-late tracking. One very 
fast (4-bit) ADC is still needed during acquisition to learn the pulse template. 
Alternative b (called CAC) is described in [14]. It will not try to reconstruct 
the ideal pulse template.  Instead it will use a windowed sine as pulse 
template.  This results in a performance loss, but reduces the power 
consumption drastically. To speed up acquisition and enable clock offset 
tracking, the incoming signal will at the same time be mixed with the 
orthogonal signal: a windowed cosine. The last alternative (c, called ‘TR’) 
will not create a local version of the pulse template.  Instead every pulse is 
replaced by two pulses: a reference pulse and an information bearing pulse.  
This transmitted reference ([12]) system will delay the reference pulse and 
use it as a template for the second, information bearing pulse. This 
alternative has the advantage of being very simple and straightforward.  
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Transmitted reference receivers need hardly any synchronization and 
automatically capture all multipath components of the received signal. On 
the other hand, they suffer a large performance degradation due to the very 
noisy template [12]. The performance and power consumption of every 
alternative will be investigated below. 
 

Fig. 4. The three alternatives for the pulse template generation. 
 
 

A) PERFORMANCE  
The performance of alternative DAC and CAC can also be computed with 
formula (6). ηcap will be 1 for ideal template matching (alternative DAC).  
Simulations show an ηcap of approximately 0.85 for alternative CAC under 
AWGN. The performance of alternative TR can however not be computed 
with this formula, since the variance of the decision vector (formula (5)) will 
contain an additional noise term due to the noisy template. The performance 
of this alternative can be expressed as [13]: 
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with Tcorr the duration of the correlation operation.  A large Tcorr will result in 
a large ηcap, but also in a large noise-cross-noise term and vice versa. This 
effect can also be seen in the simulation results of figure 5. As can be seen 
from formula (9) the difference between the performance of the transmitted 
reference system and the other alternatives is proportional to Ns.  
 
B) POWER 
The power consumption of every alternative can be computed in the same 
way as in table 1. The first alternative (DAC) learns the pulse template in the 
digital domain during the acquisition phase. Its power consumption is hence 
equal to alternative ‘Inf-bit FD’ in section 3.1. During data reception, the fast 
ADC is disabled and a fast (2Gsps) 5-bit DAC is used to generate the pulse 

Fig. 5. Performance of the DAC, CA and TR  receiver in a gaussian channel (a), LOS channel 
(b), NLOS channel (c), interference-dominated NLOS channel (d).  Ns=10, Tp = 40ns,               

Ef = 2*Epr (TR); Ef =Ep (others). 
 

template in the analog domain. Three analog paths (mixer+DAC) are needed 
in the DAC receiver to enable early-late detection. A significant part of the 
power consumption also goes to the fast shift registers and register file 
necessary to steer these DAC’s. The second alternative is the complex analog 
correlating receiver. The template generation hardly consumes additional 
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power here, since only a sine and cosine wave have to be generated.  This is 
easily done by replacing the (already accounted for) VCO by a QVCO.  The 
power consumption of the QVCO is assumed to be twice the one of the 
corresponding VCO, which is a slight overestimation. Remark that the power 
consumption of the ADC and mixers are doubled in this architecture due to 
the two orthogonal paths in the front-end. Finally, in the transmitted 
reference system (TR) the template generator only consists of a delay line.  
Up to the authors’ knowledge, the only published analog delay line for UWB 
communications can be found in [16].  Although this design is made for 
UWB communications in the 3-5GHz band, the results can be migrated to 
the 0-960MHz band.  This yields a power consumption of 13.1mW for a 
maximal delay of 2.5nsec. This small delay is however not enough for UWB 
communication in the 0-960MHz band, but can be increased at the cost of 
additional power consumption.  

In the same way as in table 1, the total power consumption, average 
performance loss (based on figure 5) and the average consumed energy per 
effectively received bit are computed (see table 2). The results show that the 
TR system is not favorable due to its bad performance. This effect 
reduces/increases for smaller/larger Ns. Both the DAC and the CAC receiver 
show the best performance and have a roughly equal estimated energy per 
useful received bit.  The DAC receiver however needs a high speed ADC, 
together with 3 parallel analog paths, each containing a mixer, an integrator 
and a 5-bit 2Gsps DAC.  This of course would result in a huge chip area, 
which makes the CAC receiver a much more elegant solution. 
              . 

Table 2. Computation effective energy/bit for alternatives a, b, c. 

 DAC (a) CAC (b) TR (c) Remarks 
LNA 0.72mW 0.72mW 0.72mW [7] 
mixer(s) (A)0mW 

(D)3*3.7mW 
2*3.7mW 3.7mW [8] 

template 
generation 

(A)0mW 
(D)2+3*3mW 

see (Q)VCO >13.1mW [16]  

ADC (A)64mW   
(D)3*0.8mW 

2*0.8mW 
 (25MHz, 4b) 

0.8mW 
(25MHz, 4b) 

[9] 

VCO+PLL 7.6mW 
(2Gss) 

2*0.3mW 
(500MHz) 

0.3mW 
(500MHz) 

[10], [11] 

digital  (w.o. 
shiftreg) 

(A)75mW 
(D)2.5mW 

(A)5mW 
(D)2.5mW  

 2.5mW [4] 

Total power (A)147.3mW 
(D)35.3mW 

(A)15.4mW 
(D)12.9mW 

(A)0mW 
(D)>21.2mW 

 

Lperf 0dB 5.0dB 15.2dB (fig. 5) 
NA/ND 50/500 100/500 0/500  
Energy/bit 
@ Pe=1e-3 

20.0nJ/bit 20.1nJ/bit >281.2nJ/bit  
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This section explored different architectures for a pulsed UWB receiver 
based on the energy consumption per effectively received data bit [3].  It 
became clear that it isn’t smart to go after the least power consuming 
alternative, nor the alternative with the best performance. The optimal 
architecture is the architecture with the best trade-off between these two 
parameters.  The next section will further explore the most promising 
architecture: the complex analog correlating receiver, described in [14].  The 
block diagram of this receiver is plotted in figure 6. 
 

 
 

Fig. 6. Block diagram of the complex analog correlating receiver. 
 
 

4. Block Level Exploration 
 
This section will explore the different building blocks of the complex analog 
correlating receiver of figure 6. For every block (LNA, correlator, QVCO 
and ADC), the power-performance trade-off is studied at block level to find 
the energy-optimal values for the degrees of freedom of every block.  
 

4.1. LNA 
 

Due to its wide bandwidth, in-band interferers are one of the largest 
problems of UWB communications. This has a severe impact on the linearity 
requirement and power consumption of the LNA, which are studied in this 
paragraph. 
 
A) SIGNAL/INTERFERENCE STRENGTH 
Our LNA exploration starts with the computation of the expected signal and 
interference power at the input of the receiver. The FCC imposes for the 
pulse spectrum a -49.2 dBm/MHz EIRP limit (216-960MHz) [2,18]. 
Assuming a fictive isotropic reference antenna at the lower end of the 

3.3. Conclusion 
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spectrum (240 MHz) and applying the Friis equation results in a maximum 
available received power PR at the terminals of the receiving antenna of: 

 
2

102 22.4 20 20log ( ),
(4 )R T T RP P G G dBm d

d
λ
π

= = − − −  (10) 

where PT is the average transmitted power, GT and GR are the transmitting 
resp. receiving antenna gain which is chosen to be 0dBi at the lowest notch 
in the pulse spectrum, d is the distance between transmitter and receiver and 
λ the wavelength at the lower end of the spectrum. As a result, the available 
pulse power at the input of the receiver will vary from -43dBm to -63dBm at 
1 resp. 10 meter link distance in line-of-sight (LOS) conditions. From the 
average received power, the peak pulse power values can now be 
determined: 

 ,

*R p
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P T
P
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For a pulse period Tp of 40ns and a pulse width PW of 4ns, the peak power 
ranges from -33dBm to -53dBm in the previously stated conditions. As a 
comparison: the integrated thermal noise power in the band of interest (240 – 
720MHz) at 298K is less than -87dBm. 

Our simulations are based on a power class 5 GSM interferer under 
worst-case conditions. The maximum output power averaged over a 
transmitting timeslot is 29dBm [24]. The interferer power available at the 
UWB antenna will then vary from 9dBm to -11dBm at 1 resp. 10 meter 
distance in LOS conditions. This leads to a signal to interferer power ratio 
(SIR) of -22dB to -62dB at the input of the LNA. In contrast to carrier-based 
applications, distortion emerges at the lower end of the SIR range. The BER 
performance of this case study cannot be predicted using the well-known 
Gaussian distribution based CDF. The modulation technique of the GSM 
interferer is Gaussian filtered minimum-shift keying (GMSK), which is a 
constant-envelope modulation scheme. The bandwidth of this interferer is 
small enough to consider it as a fixed sinusoidal carrier, which has a 
sinusoidal distribution [19]. In paragraph C the performance degradation due 
to this interferer will be simulated. 

B) LNA PERFORMANCE: THEORY 
Although interferers are suppressed by the transfer function of the correlator, 
this does not alter the LNA’s linearity requirements, since it is still exposed 
to the full incoming RF power, filtered only by the antenna characteristics. A 
50Ω resistive terminated differential LNA is employed for this case study. 
The available interferer power at the output of the antenna terminals spans 
from -11dBm to 9dBm, which leads to a peak voltage amplitude of -21dBV 
to -1dBV between the gates of the input MOS transistors. 
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The input-referred 1dB compression voltage (Vin,1dBc) is a useful 
parameter in the UWB situation. The simplified transfer characteristic of a 
MOST differential pair is given by [20]: 
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  (12) 

with Vid the differential input voltage, iod the differential output current and 
IB/2 the biasing current of each transistor. The 1dB compression voltage of 
this amplifier is [20]: 

 ,1 1.141 ( ).in dBc GS TV V V= ⋅ −   (13) 

Input signals exceeding this point will cause additional signal distortion, 
which results in bit error rate performance degradation.   

C) LNA PERFORMANCE: SIMULATION 
Figure 7 shows simulation results of the receiver performance (bit error rate) 
as a function of the back-off of the LNA (the ratio of the input amplitude of 
the LNA to Vin,1dBc). The product of the signal to interference ratio (SIR) and 
Ns is kept constant during the simulations, equal to 2.55.  This results in a bit 
error rate of 1% in a distortionless front end. As expected, no noticeable 
performance degradation will occur as long as the back-off factor is small. 
Figure 7 shows that starting from -5dB back-off, the bit error rate (Pe) will 
increase about 10dB/decade, which is proportional to the interferer power. 
Finally, notice that  once full clipping occurs, the performance degradation 
becomes again independent of the back-off factor. It follows that a minimum 
data throughput can be guaranteed, even for extreme operating conditions. 
 

      
 
Fig. 7. Bit error rate versus back-off                                 Fig. 8. Bit error rate versus SIR·PBB  
from Vin,1dBc, while SIR·Ns is 2.55.                                  (only valid for Ns>4 and SIR<-3dB). 
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Figure 8 shows the same receiver performance as a function of SIR·Ns 
for a sinusoidal interferer. Three operation regions are shown: distortionless 
(no clipping, Vin,1dBc large), full clipping of the pre-amplifier (Vin,1dBc small) 
and operation at -5dB back-off. By increasing the back-off factor, the 
performance curve will shift more and more towards the curve for full 
clipping. 
 
D) TRADING POWER FOR PERFORMANCE 
The simulations show that a back-off factor of less than -5dB is needed to 
avoid a performance reduction due to the LNA. For a realistic peak voltage 
amplitude of -10dBV, this results in a required compression point of -5dBV 
(Vin,1dBc = 0.56V) at the input of the differential LNA. In case of the 
simplified MOST amplifier (equation (13)), this compression voltage of -
5dBV will require a minimum overdrive voltage of (VGS-VT) = 0.49V. Since 
this number is difficult to achieve in today’s low-voltage technologies and 
will result in an increased power consumption, it should be explored whether 
it isn’t better to allow some distortion in this case: 

If the back-off factor can be decreased, the power efficiency of the LNA 
can be increased. Distortion however will now decrease the performance. To 
compensate for this loss, the number of pulses per bit will have to go up, 
which will again increase the power consumption per received bit.  

In Figure 7, it can be seen that reducing the back-off by 3dB (doubling 
the power efficiency) will increase the Pe by a factor 2. From equations (12) 
and (13), one can derive that the current efficiency Iod/IB is inversely 
proportional to the input-referred 1dB compression voltage Vin,1dBc. As a 
result, the power consumption is proportional to the power back-off.  Since 
the contribution of the LNA to the total power consumption was estimated 
around 10%, increasing Pe by a factor of 2 reduces the overall power 
consumption by 5%. 

The performance loss due to the reduction in LNA power has to be 
compensated by an increase of the number of pulses per bit (Ns). In the 
vicinity of the 1dB compression point and for a Pe=1e-2,  a decrease of the 
performance by a factor of 2 can be compensated by increasing Ns by 18% 
(see figure 8).  This however also increases the energy consumption per bit 
by 18%, which is more than the 5% we initially gained by reducing the back-
off factor.  It can hence be concluded that in the most energy-efficient 
solution no clipping is allowed and the LNA needs a back-off around -5dB. 
 

4.2. Correlator 
 

A proper choice of the mixer architecture can solve a lot of distortion 
problems. The most straightforward circuit implementation of the correlator 
is the four-quadrant mixer connected to a capacitor which performs the 
integrating part of the correlation (figure 9). The differential RF input signal 
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is injected in parallel with the mixer lines. The cascode transistors offer good 
impedance matching at the output of the LNA. 

The parallel injection makes the mixer less sensitive to distortion since 
the complete correlation operation is current driven. Ideally the mixing 
transistors act as low-impedance switches and the RF input current is 
injected in the sampling capacitor which converts the injected pulse energy 
into the demodulated output voltage. As long as the bias current of the circuit 
is larger than the injected current, the effect of distortion is negligible.  

The following measurement results were obtained from a UWB test 
radio front end (0.18µm CMOS) for the 3.1-10GHz band, but can also 
applied to the lower UWB frequency spectrum. The bias current through 
each branch of the mixer is 327µA. The mixer frequency of the receiver is 
6GHz, while an interferer signal at 6.0008GHz is supplied at the mixer 
inputs. At the output of the receiver, the interferer power in the spectrum of 
the demodulated samples (93.75Mpulses/sec) was determined. 

Figure 10 shows the relative fundamental and IM3 components versus 
the absolute input power as they were read from the spectrum analyzer. 
Distortion  levels remain very low until the input power exceeds 0dBm. The 
main reason is that the pulse charge-to-voltage conversion by the sampling 
capacitor is a linear operation. The voltage followers buffering the sampling 
capacitor will finally start to clip due to supply voltage constraints. Mixer 
power can thus be neglected compared to the LNA power consumption.  

  
 
 

 

           

Fig. 10. Fundamental and IM3   
with cascode inputs. components versus input power.  

Fig. 9. Four-quadrant mixer  
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4.3. Template Waveform & QVCO 
 

After the LNA, the received signal is correlated with windowed sine and 

phase, the digital back-end will search for the optimal window position, 
which is when the signal peak falls in the middle of the window. When the 
window gets misplaced, less signal energy will be captured but the noise will 
remain the same, so the received SNR will degrade. Figure 11 shows the 
SNR-degradation for several window lengths as a function of the window 
misplacement. It is clear that a longer window is less sensitive to severe 

The figure shows that when no misplacement is present, the longest window 
(6ns) performs worse than the smallest window (3ns). If the window 
placement is controlled with a clock frequency cf , the maximum timing 
error is half the clock period. Figure 12 shows the control clock frequency 
versus the SNR degradation. Because the dynamic power consumption scales 
linearly with cf , one can conclude that it is not power-efficient to use a 
clock frequency higher than 400MHz. 

Assuming BPSK, the received (I,Q) data points at the input of the digital 
back-end (see figure 6) will be located along the I-axis of the constellation 
diagram, 180˚ apart from each other. The phase θ = arctan(Q/I) will be used 
to determine the received data point and yields information regarding clock 
offset and synchronization. Due to QVCO non-idealities, the points will have 
the tendency to shift from the ideal position. In the next paragraph the 
influence of typical non-idealities of the QVCO on the receiver will be 
investigated.  
 

Fig. 11. SNR degradation due to window misplacement. Fig. 12. SNR-degradation versus 
 control clock frequency. 

cosine waves. The window is implemented using the switches seen in figure 9. 

window misplacement, but on the other hand, also introduces more noise. 

When the switches are open, the window is closed. During the acquisition 
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A) QUADRATURE OUTPUT IMBALANCE 
The first non-ideality studied is the phase error φ  between the two QVCO 
outputs (see figure 6). Let ( ) ( ) ( ) ( )rx txs t s t h t n t= ⊗ +  denote the received 
signal. ( )txs t  represents the transmitted signal, ( )h t  is the channel response 
and ( )n t  is a noise term. The I/Q outputs (before the ADC) and the 
corresponding phase θ  are then given by: 
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where IdealI and IdealQ are the I/Q-outputs that would have been received with 
an ideal quadrature VCO ( 0φ = ) and Ideal

θ  is the corresponding phase. Any 
phase error φ  will introduce an error in the received phase θ . A good 
measure for the efficiency of a modulation scheme is the Euclidean distance 
between the received points in the constellation diagram. Due to the 
erroneous received phase, the Euclidean distance can degrade. Phase errors 
of QVCO’s are typically less then a few degrees. A value of 10 degrees will 
yield a maximum loss of Euclidean distance of less than 9% which, related to 
SNR, equals a performance loss of 0.4dB. So for small values of φ  and 
keeping in mind the BPSK modulation, the error on the received phase is 
negligible. 

Due to clock offset, the received points in the constellation diagram will 
have the tendency to slowly rotate on a circle with a constant speed of 
rotation. The digital back-end can estimate this rotation based on previously 
received signals and compensate for it by inversely rotating the next received 
point with the proper amount. The result is that all received points are rotated 
back to the I-axis. Due to the phase error φ  however, the points will rotate 
along an ellipse in stead of along a circle and the speed of rotation is no 
longer constant. No perfect correction is possible and the effect of this is that 
less energy is present in the corrected I-output as can be seen in figure 13. 
Figure 14 shows the worst-case SNR-degradation due to this effect. It is 
noteworthy that even for quite large values of φ  only a very small SNR-
degradation is noticeable when BPSK is used. 
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Fig. 13. Principle of correction              Fig. 14. SNR Degradation due to φ . 
 for clock-offset and effect of phase error. 
 
 

In order to verify the above statements, simulations were carried out with 
Simulink. Channel effects were included making use of the IEEE 802.15.4a 
channels specific for baseband UWB. Figure 15 shows BER plots for 
different values of phase error φ , assuming a reasonable 20ppm clock offset. 
One can clearly see only a fairly small influence which is in agreement with 
the above. 
 
B) PHASE NOISE 
Phase noise is another typical non-ideal behavior any VCO will exhibit. In 
the proposed receiver architecture, the effect of phase noise will be that the 
points in the constellation diagram will move around the ideal point. Figure 
16 shows simulations with a phase noise of -100dBc/Hz at 1MHz offset. It is 
clear that phase noise has only a small effect even for fairly modest values 
when BPSK is used, since there is almost no degradation in the Euclidean 
distance between two opposite points in the constellation diagram. This is 
not surprising. Figure 1 showed the spectra of the UWB-pulse and the 
windowed sine. Due to phase noise, the spectrum of the windowed sine will 
slightly shift randomly around the desired center frequency. Given the 
wideband nature of the spectra, most of the signal energy is still captured. 

When the VCO output is used as a reference for the digital clocks, phase 
noise relates to jitter which has an effect on the window placement. Jitter can 
be seen as an added random small timing error (order of magnitude 10ps – 
100ps) on top of the already present fixed window misplacement. In figure 
11 it is shown that jitter up to 100ps has almost no effect when the initial 
window misplacement is less than 1ns. 
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We can conclude that the specifications for the QVCO in the proposed 

receiver architecture are quite relaxed. The oscillation frequency is only 
500MHz. Phase noise of -100dBc/Hz at an offset of 1MHz and a quadrature 
phase error of up to 10 degrees can be tolerated. Literature research of low-
power quadrature VCO’s shows that these requirements can be met with for 
example coupled differential LC VCO’s using power saving techniques as 
current reuse and back-gate biasing [21,22]. Since the specification for the 
phase noise is quite low, even ring oscillators [23] can be used in order to 
lower the overall power consumption. 
 
 

4.4. ADC’s and Digital Backend 
 

Not only the power consumption of the ADC, but also that of the digital 
backend is highly dependent on the number of bits of the ADC.  It is hence 
very important to keep this number as low as possible, without degrading the 
performance too much. Figure 17 (a) shows the bit error probability as a 
function of the input SNR for various ADC resolutions. In this simulation, 
Gaussian noise is assumed at the entrance of the receiver A perfect AGC 
makes sure the input signal spans the complete ADC input range. Due to the  
decorrelation with the spreading code in the digital domain (and the resulting 
processing gain), the  SNR at the input of the ADC will be low.  Therefore, 
the quantization noise can be fairly large, without degrading the receiver 
performance too much. Our simulations show for a bit error probability of 
1e-4 a degradation of respectively 1.2dB, 0.6dB and 0.15dB for a 1-bit, 2-bit 
and 3-bit ADC respectively in comparison with an infinite-bit ADC. Figure 
17 (b) shows the same simulation, but with interference dominated input 
noise. Due to the non-Gaussian distribution of the noise, the ADC’s will 
suffer from more clipping. As a result, the performance loss for low 
resolution ADC’s increases in relation to the ideal AWGN simulations. 

diagram(-100dBc/Hz @ 1MHz). Fig. 15. BER-plots for different values of phase error φ . Fig. 16. Effect of phase noise in the IQ-
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Fig. 17. Bit error probability for different values of the ADC resolution in the 

the input of the ADC’s, Ns=10. 
 

 
Assuming a flash ADC, the power consumption of the ADC increases 

exponentially with the number of bits of the ADC (equation (7)).  The power 
of the digital domain can be split in a fixed part and a part that increases 
linearly with the number of ADC bits. Figure 18 shows the estimated power 
consumption of the CAC receiver with 1-bit to 5-bit ADC’s, based on 
previous assumptions and the power numbers from table 2.  

The second plot of figure 18 combines this power consumption and the 
performance degradation due to quantization noise (based on figure 17 (b)) 
to come to the power per useful bit. Reducing the number of ADC bits 
decreases the power consumption at the cost of a decrease in performance.  
Figure 18 shows an optimum for a receiver with 3-bit ADC’s.  Note that this 
optimum is computed for Ns=10.  Increasing this code length, would result in 
a decrease in the SNR at the input of the ADC’s. This causes the curves of 
figure 17 to come closer to the ideal curve and as a result the optimum will 
shift to a smaller number of bits for the ADC’s.  

Figure 19 shows the performance degradation due to ADC offset for a 3-
bit ADC CAC receiver.  As can be seen, this degradation is very limited, 
which proves that no power should be wasted in optimizing this parameter. 
The sensitivity to this offset increases when moving to lower-resolution 
ADC’s.  

 

presence of AGWN noise (a) and in the presence of interferers (b) as a  function of the SNR at 
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Fig. 18. Total power and energy per effectively received bit for receivers with 1-bit 
to 5-bit ADC’s. 

 
 

 
 

Fig. 19. Bit error probability for different values of the ADC  offset (for a 3-bit ADC) as a  
function of the SNR at the input of the ADC’s, Ns=10. 

 
 

5. Migration to the 3-5GHz Band 
 

Two frequency bands are available for UWB, 0Hz-960MHz and 3.1GHz-
10.6GHz. The previous sections all dealt with signaling in the lower band. 
This section will investigate the trends in performance and power 
consumption after migration to a higher frequency band for the different 
receiver architectures described in section 3. Since 802.11a is a strong 
interferer, present at 5GHz, a frequency band of 3.1GHz-4.9GHz will be 
used. 
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A) PERFORMANCE 
Almost two times as much bandwidth is available here and fewer interferers 
are present resulting in at least 3dB better performance. Furthermore the 
antenna gain will increase significantly unless an unrealistic large antenna 
for the baseband UWB would be used. On the other hand path loss will 
increase. Since the center frequency is about eight times higher, path loss 
will introduce about 18dB additional performance loss. Some additional 
performance loss is expected due to more scattering at higher frequencies. It 
can be expected that the overall picture will provide a slightly better 
performance in the 3.1GHz-4.9GHz band compared to the 0Hz-960MHz. 

Formulas 6 and 9 can be used to evaluate the performance of the 
different architectures relative to each other. The wider bandwidth allows a 
larger Ep and hence a smaller Ns. Since scattering and path loss increase, ηcap 
will decrease in multipath environments.  This effect will be the largest in the 
CAC architecture, which can not do perfect Rake reception. Looking at 
formulas 6 and 9 and taking into account the aforementioned effects, one can 
conclude that the different architectures will perform the same relative to 
each other, except the CAC receiver, which will have a performance 
decrease in multipath NLOS environments. 
 
B) POWER 
Again all architectures can share the same LNA. It is obvious that the LNA 
has to operate at higher frequencies over a wider range, which contributes to 
power consumption. After the LNA, several options are available to deal 
with the incoming signal, centered around 4GHz. The signal can be 
downconverted to baseband and the same architectures, as discussed in 
section 3, can be used. The same conclusions apply, keeping in mind that a 
2GHz wide band is used in stead of 1GHz. Another solution is to directly 
feed the passband signal to the receiver without downconverting. Recall that 
the FD architectures don’t have analog blocks other than the LNA, whereas 
the AC and FA correlate in the analog domain. The fully digital architectures 
employed ADC’s sampling at the Nyquist rate and digital circuitry clocked at 
this frequency. Employing techniques as subsampling, still at least 4Gss are 
needed to sample the 2GHz wide signals. Compared to the 2Gss, one can 
state that the overall power consumption will be roughly twice as high for the 
fully digital receivers. The AC and FA architectures require a template 
generator for which three possible alternatives were discussed, the DAC, 
CAC and TR. The DAC alternative needs to generate a signal with two times 
as much bandwidth, meaning that power consumption of this template 
generator will roughly double. The CAC uses a QVCO, which has to be 
clocked at an eight times higher frequency. Since the signal bandwidth is 
only twice as high, this means that the phasenoise specification will roughly 
become four times more stringent. An oscillator with a higher Q is required 
resulting in a higher power consumption. The delay line described in [16], 
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was designed for this higher band and provides a delay of 550ps consuming 
58mW. After this first correlation, signals at pulse rate are present. Since the 
overall performance is slightly better in the higher band, fewer pulses per bit 
can be used for the same bit-error-rate. The ADC’s and the digital back-end 
need to handle signals only at pulse rate resulting in slightly lower power 
consumption for these parts. 

Looking at table 1 and 2 and taking into account these trends, one can 
conclude that the CAC receiver still outperform the other template generator 
in terms of power consumption. However, the specifications for the analog 
blocks are not as relaxed as in the lower band and the overall power is 
higher.  

To finally make a fair comparison between these receiver alternatives 
and between the high and the low frequency band, the energy per useful 
transmitted bit should again be compared. This requires a more detailed 
investigation of the performance and the power changes which is beyond the 
scope of this paper.  These first trends however seem to indicate that the 
CAC receiver stays the most promising architecture in LOS and light 
multipath environments. In dense multipath environments, the DAC and 1-
bit FD receiver becomes better. 

 
 

6. Conclusions 
 

This paper has studied the power-performance trade-offs in an ultra-low-
energy pulsed UWB receiver for the 0-960MHz band to obtain the design 
consuming the least energy per effectively received bit.  After an exploration 
at architectural level, the complex analog correlating receiver has been 
selected. For this receiver, the trade-offs inside the different building blocks 
are investigated.  The most energy-efficient solution makes uses of an LNA 
with a Pin,1dBc back-off of -5dB, 3-bit ADC’s and a 500MHz QVCO.  The 
requirements for the ADC offset, QVCO phase noise and mixer linearity are 
rather relaxed, which enables a truly low-power implementation. 
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 Abstract 

 
The number of available electronic implantable devices is increasing 
every year.  The complexity and functionality of these devices is also 
increasing at a significant rate.  Communications with these complex 
devices for physician adjustment and to collect data is becoming 
increasingly important to provide the maximum patient comfort and the 
most effective treatment for medical conditions.  A Communications 
band has been allocated in both North American and Europe 
specifically for communications with implanted devices.  This paper 
reviews some of the unique requirements for an implanted wireless 
transceiver, regulatory requirements of the Medical Implantable 
Communication Service (MICS) band, provides a description of a 
product competing in this arena and a unique crystal startup circuit that 
can significantly reduce power consumption in power critical implant 

 
 1. Introduction 

 
In 1960 the first totally implantable pacemaker was implanted in a human. 
Since that time the number of applications of implantable electronics has 
been increasing at a steady pace. In 2006 roughly $10 billion will be spent on 
cardiac rhythm management devices alone. Implantable medical devices 
(IMDs) are successful in the treatment of many diseases and neurological 
disorders. These devices can interact directly with the brain and nervous 
system and target the treatment of a range of problems such as heart 
regulation/stimulating, hearing loss, epilepsy, depression, and even obesity. 
Given the aging population, there is an increasing need for more advanced 
healthcare treatments, including wireless implant devices that are able to 
deliver ongoing and cost effective monitoring of a patients condition.  
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2. Design Constraints of Implantable Devices 
 

Implantable medical devices, communicating with the outside world have 
design constraints, which create unique challenges for system designers as 
well as the IC designers. Careful analysis of these impacts is required to find 
the best compromise amongst them.  
 

2.1. Ultra Low Power Consumption 
 
There are 2 strategies currently utilized to provide power to medical 
implantable devices. One is to supply the system by means of an internal 
non-rechargeable battery. The other is to provide power by means of 
inductive coupling. Experimentation is on going with a number of energy 
scavenging techniques, however if they are to be used, they must have little 
impact on the patient.  These techniques, if successful will not fundamentally 
alter the ultra low power design constraint. 

Implanted battery powered devices have a typical requirement of 
operation for 5 to 7 years. This means that the system designer as well as the 
IC designer need to analyze and reduce the power consumption as much as 
possible.  

One of the best ways to conserve power is the most evident one. Turn as 
much of the circuitry off when its operation is not needed.  

However in the sensor/transceiver application it is unknown by the receiver 
when data is being transmitted. Systems have evolved in a way that the 
transmission message is generally preceded with a header of some specified 
length. It is then possible to periodically turn on the receiver to look for the 
header transmission. This type of operation is known as  Sniff  Mode TM. 
Every 0.5 to 16 seconds the receiver wakes up and listens to find out if it is 
being interrogated. If it detects no signal the device goes back to sleep. If a 
transmission is detected the receiver remains on to receive the transmitted 

In sleep mode the digital domain will typically still have the power 
supply connected in order to keep the states of the device. Static leakage and 
characterization thereof is crucial for the IC design. At feature sizes below 
350nm the off state leakage rises rapidly due to lower VT scaling. At feature 
sizes below 130nm the gate leakage start to play a significant role. Process 
technology choice is of vital importance in implantable medical devices. 

In order to quantify the threshold voltage effect, the standby power 
consumption Pstat can be modeled by the following formula:  
 

Pstat=I0*10-(VT/S) *VDD      (1) 
 
Where VT  is  the  device  threshold  voltage,  I0  is  a  constant,  proportional  to 
the total transistor width of the chip. S is the sub threshold slope. (for a .35 

data. 
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um technology this value is typically 80mV/decade). Vdd is the supply 
voltage in sleep mode. As a reference the impact of VT on the static power 
consumption at a typical Vdd of 1V is plotted in figure 1.  
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 Fig. 1. Vt influence on Standby Power (reference Vt = 0,6V). 

 
Hence techniques are introduced to reduce the leakage power such as 

multi Vt CMOS technologies and back biasing to increase the Vt during idle 
mode. 

It is critical that the analog blocks have a power down state that will be 
controlled by the system’s power management controller. The faster the 
system can be powered up, perform it’s function and power down, the less 
power will be needed. An analog function that typically requires a long 
power up time is a crystal oscillator. In section 4 the detailed and patented 
implementation of a quick start crystal oscillator will be described.  
 

2.2. The Human Body as Medium 
 
Transmission in the human body has it’s own challenges. The human body is 
composed of materials that are partially conductive and that have different 
dielectric constants. Furthermore when analyzing the implemented antenna 
the antenna can not be viewed in isolation of the body, the human body 
should be viewed as part of the antenna. This is because the radiation pattern 
and efficiency are influenced by the size, shape, location and composition of 
the body. The antenna, hence the implanted medical device will behave 
differently when implanted in the arm of a person, than when implanted in 
the abdomen. 
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The effective permittivity εer and conductivity σe of different human 
tissues, relevant for IMDs are given in table 1.  
 

 
Tissue εer σe (S/m) 
Muscle 57.1 0.797 
Fat 5.6 0.041 
Lung 23.8 0.375 
Skin (dry) 46.7 0.690 
Skin (wet) 49.8 0.670 
Bone Cancellous 22.4 0.235 
Brain gray matter 57.4 0.739 
Brain white matter 42.0 0.445 

 
Testing of antenna and system performance of an implanted antenna in 

the lab is done by means of tissue simulating fluids. These fluids are the 
same ones that are used to measure specific absorption rates (SAR) in the 
evaluation of mobile handsets. These fluids are combinations of water, sugar, 
salt (NaCl) and Hex (Hydroxyethylcellulose).  

The layered structure of the human body, like the interface between 
muscle and fat, gives rise to reflections that need to be taken into account.  

Additionally the antennas are small in size, which makes the antennas for 
implantable medical devices very inefficient. The receivers will have 
requirements for high sensitivity and low noise figures to overcome the path 
loss, poor antenna performance and low transmit power levels.  
 

2.3. Regulatory Requirements 
 
In the early 1970s low frequency inductive links were the most frequent 
communication methods. They were characterized by low data rates (in the 
order of 1-30Kb/s) and operated in a frequency range of tens to hundreds of 
kHz.  

The inductive links also had the limitation of being very short range 
operation.  

Newer systems are designed to overcome the limitations of low data rate 
and short range. These systems are ultra low power RF, operating in the 
433MHz to 915MHz Industrial, Scientific and Medical (ISM) bands or in the 
recent established 402-405MHz Medical Implantable Communication 
Service band (MICS band).  

The Medical Implant Communications Service (MICS) is an ultra-low 
power mobile radio service for transmitting data in support of diagnostic or 
therapeutic functions associated with implanted medical devices. It serves 
implanted applications such as cardiac pacemakers and defibrillators. The 

Table 1. Dielectric parameters human tissue at 403.5MHz. 
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typical MICS system block diagram is represented in figure 2. The allocation 
of this band supports the use of longer range (typ. 2m), high speed wireless 
links. 
 

 

 
 

Fig. 2. The typical MICS system. 

 
The key Medical Implantable communication services regulatory 

requirements are listed below:  
    

- The controller must initiate all non-medical event communications 
- The controller must perform a Clear Channel Assessment (CCA) 

prior to any MICS Transmissions. The controller scans all 10 of the 
300kHz channels and is allowed to transmit on the channel with the 
lowest ambient signal level. 

- The implanted Medical Device may transmit a medical event without 
a CCA 

- The implant scans channels for the controller TX signals 
- 300KHz Maximum Emission Bandwidth 
- +/- 100 ppm Frequency Stability 
- 25 microwatts Equivalent Isotropic  Radiated  Power  (EIRP) [ -16 

dBm] 
- Data Communication Only (No Voice Communication is allowed) 
- Radio Must Be Certified 

 
2.4. Other Requirements 

 
Besides low power requirements there is the mission critical requirement for 
the use of technologies, processes and design techniques with a high 
reliability. Providing components and services for implantable medical 
devices requires extensive certification. The Federal Drug Administration 
(FDA) regularly inspects device manufacturers as well as their suppliers. 
Techniques applied in the frame of QS-9000 for automotive equipment 
manufacturers are applied to medical designs like Design Failure Mode and 
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Effect Analysis. Design techniques in order to reduce soft error rate (SER) 
sensitivity are also applied. 

Furthermore it is desired to minimize the usage of external components. 
Medical grade components are costly and every connection or solder joint 
adds additional reliability risk.  

The trauma of implantation needs to be minimized, which brings 
requirements of miniaturization and size and the implantable medical device 
needs to be built out of materials that ensure biocompatibility. 
 
 
3. A Frequency Agile Transceiver for Low Data Rate RF 

in Medical Applications 
 
In the section we will describe the latest product, the AMIS-53000, out of the 
AMI Semiconductor ASTRICTM family. The product is providing a good 
overview of the functional analog and digital design blocks required for 
transceivers in medical applications. The product is suited for low to 
moderate data rate (up to 128kbps), low power, sub 1GHz, narrow band, 
FSK/GFSK/OOK multiple channel wireless applications. The integrated 
circuit is designed in a 350nm technology that includes EEPROM.  

 
 

 

Fig. 3. Circuit diagram. 
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A low IF conversion receiver architecture was selected for the 
implementation. The mixer operates at 500kHz offset from the received 
carrier and achieves 1dB NF, and more than +80dBm IIP2. [1] The receiver 
3dB blocking wideband selectivity is better than 60dB for frequency offset 
+- 1MHz and higher. 

The transmit current is typical 50mA (15dBm), the sleep mode current of 
the device is less then 1uA. Features like Sniff modeTM and multi channel 
frequency setting simplify the design of a MICS compliant protocol.  

The device requires a single external crystal working with an internal 
VCO and PLL to generate frequencies from 300 to 928MHz. The device 
supports On/Off Keying (OOK) at data rates from 1 to 19,2 kbps and 
(Gaussian) Frequency Shift keying (FSK/GFSK) at data rates from 1 to 
128kbps. Internal capacitors eliminate the need for external load capacitors. 
Fast start up is achieved with the patented quick start crystal oscillator. 
 
 

4. Quick Start Crystal Oscillator Design Example 
 

As mentioned in the design constraints, implantable medical devices require 
reliable fast power up and power down. One of the most difficult circuits to 
turn on quickly is the crystal oscillator. The design example given here will 
show how the start-up time can be reduced from 5 to 10 milliseconds [2] to 5 
to 10 microseconds. The fundamental design principle is to get the crystal to 
oscillate quickly by energizing the crystal tank with a controlled stimulus 
until there is enough energy to sustain oscillation [3]. The circuit is used in 
several AMIS transceivers to turn on the receiver in Sniff Mode TM and is 
implemented in AMI Semiconductor’s 0.35um CMOS process. 
. 

4.1. Top-Level Architecture 
 

Figure 1 shows a top-level block diagram of the crystal oscillator and quick 
start circuitry.   

The circuit has four major blocks. The crystal oscillator block, a 
temperature compensated binary trimmed ring oscillator, control logic and 
calibration circuitry. The calibration circuitry is used to trim the ring 
oscillator frequency to match the resonant frequency of the crystal.  

The objective of quickly starting the crystal oscillator circuit is to get 
enough energy into the quartz crystal so that the differential voltage across 
its terminal will be large enough to have the output buffer to produce a 
square wave output signal. To achieve this, it is necessary to integrate as 
much current into the inductor, as per the crystal equivalent electrical model 
as fast as possible (4). 
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Fig. 4. Top level architecture. 
 

( )0
0

1 tidtv
Ls

i
t

LL ∫ +⋅⋅=
 

  (4) 

 
This is accomplished by applying an alternating differential voltage signal 

across the terminal of the crystal at a rate that is as close to the crystal’s 
resonant frequency as possible.   

By applying the AC signal at the resonant frequency, the impedance 
across the terminals is at a minimum, thus maximizing current flow through 
the crystal.  This signal is applied until there is enough energy to provide a 
stable clock signal.  If the frequency of the applied signal is different than the 
resonant frequency of the crystal, a beat note occurs at a frequency equaling 
the difference between the applied signal and the resonant frequency.  When 
this occurs the build up of energy into to crystal will have a cyclic 
characteristic.  This means that the energy will build up and decay at the rate 
equal to the frequency of the beat note. To maximize the amount of time 
available for energizing the crystal (one half of a beat note cycle), an 
accurate alternating differential stimulus voltage with a frequency as close to 

 
 
 
 

the crystal as possible needs to be designed. 
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4.2. Quick Start Circuitry  
 

A binary weighted current controlled ring oscillator is used to provide the 
alternating differential energizing stimulus to the crystal. A series of current 
controlled delay cells are cascaded with the inverting output fed back to the 
input to form a ring oscillator. Each delay cell contains a capacitor that is 
charged and discharged at a rate dependent upon a binary weighted 
controlled current source.  

To ensure that the ring oscillator frequency would match the resonant 
frequency of the crystal, a few design requirements had to be made. This 
design required that the frequency of the ring oscillator had to be voltage, 
temperature and process independent.  

To meet the voltage independency, the voltage supply was regulated to a 
voltage of 100mV below the minimum specified battery operating range. 
The regulated circuit used a constant voltage reference provided by a band-
gap circuit, which varied only a few millivolts over its voltage and 
temperature operating range. Process variation was removed by calibrating 
the ring oscillator once the system is powered. This will be discussed in the 
following section. The temperature independency required a tightly 
controlled temperature compensation circuit. The temperature compensated 
circuit provides a current to the ring oscillator that has a DC component that 
sets the frequency of the ring oscillator and a linear positive sloped 
temperature dependent component (5). 
 

DCPTATBias IeTemperaturII +⋅=
   (5) 

 
The temperature dependent current will provide more current to the ring 

oscillator when temperature increases and CMOS transistors slow down and 
inversely provide less current when the circuit speeds up at colder 
temperatures. This current compensation has a temperature coefficient (TC) that 
inversely matches the TC of the ring oscillator. 

However, the ring oscillator requires a different compensation slope 
when the trim word varied from 00h to FFh. To adjust for a varying 
compensation slope, a current mirroring structure was designed to provide a 
separate compensation slope for both trim boundaries. The inputs to the 
temperature compensation circuit consisted of a DC current source provided 
from the band-gap circuit and a PTAT (proportional to absolute temperature) 
current source. The DC current supply is used to set the low and high 
frequency limits of the ring oscillator. PTAT current is needed for 
temperature compensation.  
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As seen in figure 4, these two currents are mirrored to four independent 
transistors. Each transistor is sized to adjust for the lower and upper 
frequency range as well as adjust the compensation slope for the entire trim 
range.  The currents are summed together and connected to each of the ring 
oscillator’s delay cells. 

 

 

Fig. 5. Temperature compensation.
 

 
 

Knowing the frequency deviation for the ring oscillator through 
simulation and the resonant frequency of the crystal, control circuitry can be 
used to quickly start the crystal oscillator.   

By calculating a worst-case difference between the ring oscillator and the 
crystal, a terminal counter can be programmed to optimize the duration of the 
excitation cycles of the crystal. Optimal duration is defined when the energy 
in the crystal has peaked in the first beat note. When start is asserted high, a 
state machine resets the terminal counter, enables the tri-state buffers and 
waits for the terminal counter to terminate. After the crystal has been started, 
the state machine disables the tri-state buffer and power downs the ring 
oscillator.  

Once the state machine has completed the quick start cycle, the crystal 
has enough energy to sustain a stable oscillation and provide enough voltage 
swing to the buffer to produce a square clock signal. When start is de-
asserted, the state machine will reset and wait for another start to go high. In 
between quick start cycles, the crystal oscillator is powered down and the 
energy inside the crystal will fully dissipate, otherwise the quick start circuit 
wouldn’t be necessary.  
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4.3. Self Calibration Circuit  
 

In order to alleviate frequency variation due to process, a digital circuit is 
used to trim the ring oscillator to be within an acceptable frequency tolerance 
of the crystal’s resonant frequency. When the battery voltage is first applied 
to the system, a signal is asserted (calEn) that initiates a calibration routine. 
The calibration first waits 15 to 20 milliseconds for the crystal to self-start. 
Once the crystal has self-started, the ring oscillator is also started. The 
calibration circuit in figure 5 consists of two terminal counters - one being 
clocked by the buffered clock output of the crystal oscillator circuit and the 
other by the ring oscillator. 
 

 
Fig. 6. Calibration Circuit.   

 
A state machine is used to reset the counters and waits to determine which 

counter terminates first. Depending on which counter terminated first, the 
state machine will either increment or decrement the binary weighted current 
trim value controlling the frequency of the ring oscillator. Time is allowed 
for the ring oscillator to settle to its new frequency and the terminal counters 
are reset and the process happens again. Once the ring oscillator’s frequency 
is adjusted to within an LSB of the crystals frequency, the increment and 
decrementing of the trim word will begin to toggle back and forth. After a 
series of back and forth toggles between incrementing and decrementing an 
output will be asserted high to stop the calibration. This process will not 
occur again until the battery is replaced in the system or software initiates a 
re-calibration. By calibrating, differences in crystal frequency due to process, 
component and board layout variations can be eliminated. 
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With the implementation of the quick start oscillator circuit, the turn on time 
is approximately 10us. By characterizing the ring oscillator, a maximum 
deviation between the crystal resonant frequency and the ring oscillator 
allowed excitation of the crystal to be between 5us to 8us. After the crystal 
oscillator is started and the amplifier returns to its steady state, the total turn 
on time is 10us. In figure 6, a plot of the quick start is shown. The XTAL1 
and XTAL2 signals are the voltages at the crystal pins. The signal REF_CLK 
plots the reference clock.  

Fig. 7. Start Up Sequence.  
 

Even though the crystal energy hasn’t reached its steady state after 
excitation, the clock is close enough to its steady state value to allow the 
system to function correctly. In the Sniff Mode TM  application, the PLL can 
begin locking during the excitation of the crystal and is locked within 40us 
after the system has started. After another 50us of operation, the wireless 
receiver, which uses the crystal for a frequency reference, is able to 

4.4. Start Up Sequence 
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determine whether or not signal is present.  If not, the receiver will turn to 
the off state. 
 
 

5. Conclusions 
 
Communications with increasing complex implanted medical devices is 
becoming a requirement to allow these devices to be used in their most 
effective manor, providing the greatest benefits for the patient. The severe 
conditions placed upon the wireless components due to the in body 
environment and limited power availability require special design techniques 
to be used to maximize performance and minimize power consumption. This 
paper reviews some of the limitations imposed by the implant environment 
and the wireless regulations. A product operating in this environment is 
described and an innovative circuit that can quickly start a crystal oscillator 
is also presented.  This circuit can significantly reduce power consumption 
on startup, a critical parameter of implanted devices.  
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Abstract 
 

Autonomy and size are the most important challenges faced when 
designing radios for distributed wireless sensor networks (WSN). 
Reducing power consumption requires optimization across all the 
layers of the communication stack. The WSN platform developed at 
CSEM therefore uses a co-design approach that combines WiseMAC, 
a low-power media access control protocol, with the WiseNET SoC, a 
complex system-on-chip sensor node to exploit the intimate 
relationship between the MAC-layer and the radio transceiver 
parameters. This paper reviews the design and realization of the 
WiseNET SoC featuring a low-power 1V short-range UHF radio 
transceiver implemented on a 0.18µm standard digital CMOS process. 
The WiseNET radio consumes only 2.3mW in receive mode with a 
sensitivity smaller than −108-dBm at a BER of 10−3 for 25kb/s FSK in 
the 433MHz ISM band. The design, simulation and validation of the 
WiseMAC protocol are also detailed in the context of the deployment 
of a small ad-hoc network experiment at CSEM, demonstrating that 
the consumption of the WiseNET solution is more than an order of 
magnitude lower than a comparable Zigbee-based solution. 

1. Introduction 
 

A wireless sensor network (WSN) designates a system composed of 
numerous nodes distributed over an area in order to collect information. 
Applications of sensor networks are numerous, ranging from environmental 
monitoring, home and building automation to industrial control [1]. 

Most applications of wireless sensor networks require both a low sensor 
node cost and a lifetime of multiple years. These two application 
requirements translate in the ultra low-power system requirement. Low 
power design must be addressed both at the level of hardware and software. 
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On the hardware side, low power design can be addressed at the 
technological, logical and system levels [2]. The technological level refers to 
the integrated circuit (IC), for example with the proper choice of circuit 
voltage and current levels, their frequency of operation or the minimization 
of parasitic capacitances on high-frequency nodes. The logical level refers to 
power aware circuit design with the implementation of power-efficient 
clocking schemes, and designing the blocks for fast turn-on, turn-off and 
turn-around times. The system level concerns the minimization of the energy 
consumed between the transceiver IC, the CPU or the other peripheral 
circuits that may be embedded on a specific application PCB. 

On the software side, power aware design consists on the one hand to 
adapt the CPU frequency to the processing needs, to go into sleep mode 
whenever possible, and to turn on hardware peripherals only when needed. 
One of the most power-consuming hardware peripheral in a wireless sensor 
is the radio interface, whose power management needs to be addressed by the 
application and by all layers of the communication protocol stack. The 
application may decide to turn off the transceiver during specific periods, but 
when data must be transmitted, the communication protocol stack must also 
rely on energy efficient mechanisms. 

A clear objective for the WiseNET project running at CSEM was to 
ultimately reach the lowest possible power consumption at both hardware 
and software levels. The overall design therefore required an intimate co-
design approach by building up progressively the pieces of the physical layer 
in parallel with those of the communication protocol. 

This co-design approach resulted in the design of both a low-power 
sensor node system-on-chip hardware (WiseNET SoC) and a low-power 
communication protocol stack (WiseNET Stack). A crucial component of the 
WiseNET stack is the WiseMAC protocol. The WiseMAC protocol is a 
medium access control protocol specifically designed to meet the 
requirements of sensor networks. It trades latency and maximum throughput 
against low power consumption under low traffic conditions and high energy 
efficiency under high traffic conditions. 

Some important constraints underlie the design of the WiseNET SoC and 
protocol: 

1) In order to achieve the targets of low cost and of multiple years 
lifetime, it was deliberately chosen to use a single AA alkaline 
battery as the energy source. This constraints the supply voltage of 
the WiseNET SoC from 1.6V to as low as 1V. Furthermore, with a 
capacity of 2.6Ah and a leakage of 10% of the initial capacity 
(amounting to roughly 30µA leakage current), it can be observed [3] 
that the average power consumption must be below 100µW to reach 
a lifetime of more than two years. 
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2) Ultra low power consumption requires shutting down the radio 
transceiver whenever possible. In order to achieve low latency 
communication, any protocol requires to frequently switch the 
transceiver on and off. To minimize the energy spent in transitions, it 
is important to minimize the energy required to turn the transceiver 
on. In the WiseNET project, a wake-up mechanism (called preamble 
sampling) based on a periodic measurement of the energy present on 
the radio channel was selected. As a result, special care has been 
given to the minimization of the energy spent for sampling. 

3) A transmission power was chosen to be set at to 10dBm which is the 
maximum allowed in the targeted 433MHz frequency band. The 
motivations for this choice are on one hand the need of many 
applications to have a long transmission range and the fact that 
having a variable transmission power leads to inefficiencies. On the 
other hand, because the WiseMAC protocol uses a wake-up scheme 
based on periodically listening, on the contrary to other protocols 
such as 802.15.4 that require the periodic transmission of beacons, it 
was possible to afford a large power consumption in transmit state 
without significantly penalizing the overall average power 
consumption. 

This paper presents the WiseNET SoC in Section 2 and the WiseMAC 
protocol in Section 3. Section 4 presents multi-hop sensor networking 
experimental results from the WiseNET project, and Section 5 concludes. 

2. The WiseNET Transceiver SoC 

2.1 
 

The radio transceiver peripheral is one of the most critical blocks in terms of 
power consumption at the hardware level for a wireless sensor node. The 
deliberate choice of a 1.6V alkaline cell as the power source implies that the 
hardware must be compliant with a supply voltage as low as 1V which is the 
end-of-life voltage of the battery.  

This low-voltage requirement brings in an interesting design constraint 
for the radio. Previously published radio circuits clearly confirm the interest 
and feasibility of low voltage 6V alkaline cell as the power source implies 
that the hardware must be compliant with a supply voltage as low as 1V 
which is the end-of-life voltage of the battery radio blocks such as a            
1V CMOS RF receiver-only in [4], a 1V RF transmitter-only in [5] and a 1V 
transceiver in [6] and [7]. The WiseNET SoC presented here is a fully 
integrated 1V wireless system-on-a-chip, whose block diagram is illustrated 
in Figure 1. It is clearly a complete system in the sense that it embeds not 
only a low-datarate short-distance low-power UHF radio transceiver, but also 

Overview of the System-On-Chip 
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a sensor interface with signal conditioning and with analog-to-digital 
conversion, a control unit based on a low-power RISC micro-controller with 
a on-chip SRAM, and a power management unit. 
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Fig. 1. Block diagram of the WiseNET SoC. 

 
 

An important design constraint was to achieve a high degree of 
integration of all the system blocks on a single die. For this purpose, the 
chosen technology was a “standard digital” 0.18µm CMOS process. As a 
matter of a fact, the low VT and high fT of the 0.18µm transistors allow 1V 
operation at sub-GHz frequency by operating the devices in weak and 
moderate inversion regions where the gm/I ratio remains near its optimum 
value [8], thus even for the circuits of the RF front-end of the WiseNET SoC.  

Furthermore, the choice of such a deep-submicron CMOS process 
enables the realization of highly integrated systems especially in the case 
where the SoC includes large and complex digital blocks jointly with analog 
or RF circuitry. The low cost issue for the wireless sensor node dictated the 
deliberate choice of a “standard digital” CMOS process, which means 
without precision components such as capacitors and resistors, nor dedicated 
RF technology options such as substrate isolation and thick top-level 
metallization. From a commercial point of view, the high degree of 
integration achieved on the standard digital 0.18µm CMOS process enables 
both the miniaturization of the WiseNET sensor nodes, because most system 
parts happen to be integrated on the SoC, as well as the reduction of the 
overall cost thanks to the reduced bill of materials. 

The WiseNET system-on-a-chip in Figure 1 is organized around a 
control unit (CTRL) based on a CoolRISC C816L core and peripherals [9], 
with embedded low-leakage SRAM [10]. This is a low-power oriented RISC 
micro-controller that is used for the configuration of all the system blocks, 
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especially the sensor’s signal acquisition, conditioning and monitoring 
throughout the sensor interface, and the operation of the radio link with the 
operation of the WiseNET stack. The sensor interface (SENS) is built in 
order to allow typical low frequency wireless sensors to be handled, and 
comprises an analog-to-digital conversion stage, whose output data can wake 
up and then be processed by the control unit. The power management unit 
(POW) starts from a 1.0V-1.6V AA battery voltage and generates the supply 
voltages for supplying noise-sensitive blocks in the transceiver as well as the 
control unit by means of dedicated linear regulators. 

The UHF radio transceiver consists in a receive (RXRF) and a transmit 
(TXRF) front-end that targets the 433MHz ISM band. It uses a common 
back-end for the receiver’s and the transmitter’s baseband channels (RXBB 
and TXBB). The RF front-ends also include a common frequency 
synthesizer block (SYNTH). The following sections describe the main radio 
characteristics and building blocks. 

Main Radio Characteristics 
 
The transceiver is a short-range low-datarate radio, whose main 
communication characteristics are summarized in Table 1. 

Table 1. Main WiseNET radio communication specifications. 

kHz600Channel spacing
MHz433.3,  433.9,  433.5Primary frequencies

kHz12.5 / 50 / 100FSK, min / typ / maxFrequency deviation
kb/s12.5 / 25 / 100FSK, min / typ / maxData rate
m~2k outdoor - ~10 indoorTargetPropagation range

MHz433.050 – 434.790ISM bandOperating frequency
V1.0-1.6AA alkaline batterySupply voltage
UnitValueConditionParameter

kHz600Channel spacing
MHz433.3,  433.9,  433.5Primary frequencies

kHz12.5 / 50 / 100FSK, min / typ / maxFrequency deviation
kb/s12.5 / 25 / 100FSK, min / typ / maxData rate
m~2k outdoor - ~10 indoorTargetPropagation range

MHz433.050 – 434.790ISM bandOperating frequency
V1.0-1.6AA alkaline batterySupply voltage
UnitValueConditionParameter

 
 
 
The receiver and transmitter channels are built according to a two-step 

super-heterodyne architecture such as in [11]. The first and second local 
oscillator (LO) frequencies are set to respectively 8/9 and 1/9 of the 
operating RF value. Both the receiver and the transmitter share a common 
frequency synthesizer PLL and division chain for the generation of the LO 
signals, and thus the same frequency plan. 

For a 433MHz RF, this yields an intermediate frequency fIF=48MHz 
with a LO frequency fLO=386MHz. The frequency synthesizer uses a VCO 
running at fVCO=772MHz and a dedicated /2, /8 division chain for generating 
the required LO signals at, respectively, 386MHz and 48MHz. 

2.2. 
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The Receiver Channel 
 
The architecture of the receiver is illustrated in Figure 2. 

 RX RF Rx BB

 DEMOD
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 IF AMP  LNA

 LO1 LIM

 RSSI

 I

 Q

 LO2
 FILTER

300µA200µA100µA70µA150µA50µA

 MIX1 MIX2  SWITCH

 
 

Fig. 2. Overview of the receiver architecture with the current 
consumption breakdown for the main sub-blocks. 

 
The receiver path consists of an LNA, a first down-conversion mixer 

(MIX1) to the intermediate frequency, an IF amplifier and a second direct 
conversion mixer (MIX2). The backend includes a baseband filter, limiters, 
RSSI and an FSK demodulator.  

With the 1V supply constraint, designing for a reasonable rejection of 
strong out-of-band interferers would require a very high dynamic range, 
which would translate into prohibitive current consumption for a wireless 
sensor node. Therefore an external SAW RF filter is used. 

Although the super-heterodyne architecture means additional blocks at 
the intermediate frequency when compared to direct conversion 
architectures, it proves to be an interesting choice in term of power 
consumption. Operation at a rather high IF of 48MHz happens not penalize 
their current consumption, because even with a low bias current, the required 
60dB of SFDR can be achieved easily while presenting the required 
frequency response for the IF blocks thanks to the high-fT MOS transistors of 
the 0.18µm CMOS process. In addition, gain can be added at IF in order to 
reduce the contributions of the following stages to the overall noise, at much 
lower current expense than if the same gain had to be applied on the RF 
stage. Yet another advantage of the chosen super-heterodyne architecture is 
to allow the introduction of AC-coupling blocks between each stage that 
enable the suppression of DC components along the signal path. 

With respect to mixer noise, and particularly 1/f noise, the super-
heterodyne architecture presents the advantage of relaxing the design 
constraints on the first and second down-conversion mixers [12]. For the first 
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down-conversion mixer from RF to IF (MIX1), the flicker noise contribution 
is not an issue as the output frequency (fIF=48MHz) has been set by 
construction well above the 1/f noise corner frequency for the 0.18µm 
process, which lies around a few hundreds of kHz with reasonable device 
sizes and bias conditions. If a direct-conversion, or even a low-IF, 
architecture had been chosen, the design constraints on the direct-conversion 
mixer would have been much tougher as the output frequency, in this case in 
baseband, would be lying below the 1/f noise corner frequency, making the 
1/f noise contribution of the mixer significantly higher. The 1/f noise 
contribution would then need to be reduced as low as possible by increasing 
the bandwidth of the mixer’s internal node up to at least several times the RF 
bandwidth [13], at the expense of high current biasing. Hence, a direct 
conversion approach was not chosen here, with respect to the affordable 
current budget for a wireless sensor node.  

These 1/f noise constraints nevertheless apply to the second down-
conversion stage (MIX2) which is clearly a direct-conversion mixer. 
Fortunately, the impact appears not so stringent when compared to a RF 
direct-conversion mixer as the input frequency is here the IF and not RF. 
Taking advantage of the high fT capability provided by the 0.18µm process, 
the bandwidth of the internal node of MIX2 can be set in the order of a GHz, 
therefore easily achieving a ratio between internal node bandwidth and input 
frequency (fIF=48MHz) well above ten, hence with sufficient margin for 
reducing significantly the 1/f noise contribution of the down-conversion 
mixer. 

Considering the high-frequency section of the receiver channel, the RF 
input drives a single-ended LNA built around an MOS transistor with 
integrated inductive load and source degeneration. With the use of an 
external high-Q input inductor for impedance matching, sufficient gain is 
achieved for a low bias current since the MOS is operated in moderate 
inversion (Ib=300µA, Av=24dB). A single-balanced first mixer is used with 
the input device sized in strong inversion for linearity purposes whereas the 
switching devices remain in weak inversion to comply with the 1V supply. 
At low bias current, noise and linearity considerations limit the mixer output 
load and therefore the mixer gain (Ib=200µA, Av=6.5dB). Altogether, the 
LNA and mixer present a 60dB SFDR. The image frequency is rejected by 
the SAW filter. IF amplification is achieved with a gm-pair whose gain is 
digitally adjustable with three 4.5dB steps by switching different 
degeneration resistor values, and biased in moderate inversion with 100µA. 
Down-conversion to DC is done using a I-Q double-balanced mixer whose 
input devices are biased at the highest possible inversion mode at 1V, 
yielding a 6dB gain and 76dB of SFDR for a 100µA bias current. The mixer 
load includes a programmable 40-470kHz second order passive filter adding 
rejection of out-off band signals without degrading linearity. Its cut-off 
frequency is placed sufficiently high taking into account the +/-25% RC 

 WiseNET, an Ultra Low-Power RF Transceiver SoC  



352 

dispersion due to process variations in order not to disturb the subsequent 
baseband channel filter characteristics. 

On the baseband side, the channel filter consists of a 12.5kHz first order 
high-pass pole to reject DC and 1/f contributions, and a Butterworth 3rd 
order active low-pass continuous-time gm-C filter whose cut-off frequency 
(50kHz nominal) is automatically adjusted to the crystal oscillator reference 
of the radio PLL and can be programmed between 25kHz and 150kHz. A 
cascade of eleven 6dB gain stages with a limiter at the output provides 
saturation before feeding into the digital FSK demodulator. The nominal 
FSK operation is 25kb/s with a 50kHz frequency deviation, but the channel 
can be programmed for 12.5kb/s to 100kb/s data rates and frequency 
deviations within 12.5kHz and 100kHz. An RSSI function with a range of 
66dB and 3dB resolution is provided by collecting and rectifying the 
baseband signal along the 6dB gain stages. The 3dB resolution is achieved 
through interpolation between the taps of the cascade of 6dB stages. 

The receiver current is 2.3mA for a -111dBm sensitivity in FSK (at 
25kb/s, 10-3 BER, without SAW and Rx/Tx switch). BER measurements are 
given vs. input power in Figure 3. A plot of the spurious immunity versus 
frequency offset is given in Figure 4. 
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Fig. 3. BER measurement for the receiver. 
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433MHz spurious immunity
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Fig. 4. Plot of the receiver spurious immunity. 

 

The Transmitter Channel 
 
The transmitter architecture is illustrated in Figure 5. 
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 DDFS

D A
 MOD

 Tx RF

DA
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Fig. 5. Overview of the transmitter architecture with the current 
consumption breakdown. 

 
The transmitter uses the same PLL and LO generation block as the 

receiver. This has the advantage of allowing for fast Rx/Tx turn-around 
times, which is an important issue for communication protocols. 

2.4. 
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The 433MHz transmitter back-end starts with the baseband modulator 
using a digital sine wave generator. I and Q signals are converted from a 
digital table containing one period of a sine- and cosine-wave. The 
transmitter front-end uses a two-step up-conversion to RF, with the same IF 
value as in the receiver. The first up-converter relies on an I-Q double-
balanced mixer whose switching devices are biased in weak inversion to 
comply with the 1V operation. The input device is an MOS transistor biased 
in the triode region for maximal linearity, in order to reduce as much as 
possible the distortion on the baseband signal.  

The same I-Q up-conversion principles are used to build the second 
mixer stage. The baseband signals present the largest possible amplitude for 
linearity reasons, which means a low overall conversion gain of 0dB with a 
current consumption of 1.7mA for the entire conversion chain. The up-
converted signal feeds into a two-stage pre-amplifier that consists of a first 
differential stage and a second pseudo-differential stage which drives a 
differential on-chip resonant network. The pre-amplifier is followed by a 
class C differential PA. Due to the constant envelope signal of the FSK 
modulation, a highly nonlinear, high-efficiency transmitter architecture can 
be used. The PA’s transistors present open-drain outputs which are 
connected to external inductors. The PA yields a maximum efficiency on a 
load of about 120Ω. An external differential-to-single-ended SAW filter is 
used to further suppress the out-of-band spurious contents. 

The total transmitter current is 27.6mA for a 10dBm output at 1V supply 
for the 433MHz output. Measurements of the output power and global 
efficiency (PA and preamplifier) vs. supply voltage are given in Figure 6, 
and a plot of the output spectrum is given in Figure 7. 
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Fig. 6. Transmitter output power and efficiency. 
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Output spectrum, 434MHz, FSK D=25kb/s, dev=50kHz 
(rbw=1kHz)
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Fig. 7. Transmitter output spectrum. 

 

The Rx/Tx/Antenna Interface 
 
As illustrated in Figure 8, the RF front-end uses an integrated Rx/Tx switch 
and drives an external differential SAW filter. The latter reduces the spurious 
contents in Tx and provides stronger immunity against out-of band 
interferers in Rx, and rejection of the image frequency. The use of an on-chip 
Rx/Tx switch structure presents the advantages of saving an external Rx/Tx 
component in the bill of materials, but also the need of a high-voltage control 
signal for commuting such external parts. 

In receive mode, the RF switches are turned on, whereas the PA output 
devices are cut off. One output node of the SAW is grounded by the switch 
on the left, and the signal from the antenna goes through the SAW in single-
ended mode. The signal then passes through the switch on the right and the 
matching network before feeding to the LNA input.  

In transmit mode, the RF switches are turned off. The LNA input is thus 
isolated from the PA output that directly drives the external inductors in 
differential mode. Because the RF switch on the SAW output is cut off, the 
SAW device does also the differential to single-ended conversion of the 
signal before feeding to the antenna. 
 

2.5. 
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Fig. 8. Overview of Rx, Tx and antenna interface. 
 
 

The Rx/Tx switch structure presents an insertion loss of 2dB and an 
isolation of 38dB. 

The Frequency Synthesizer 
 
The architecture of the frequency synthesizer is sketched in Figure 9.  
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Fig. 9. Overview of frequency synthesizer with the current breakdown for 

the major blocks. 
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An integer-N synthesizer architecture has been chosen to generate the 
different LO signals because it presents a good trade-off between power 
consumption, simplicity and required settling times for the WiseNET 
application. The integer-N divider loop is built around a VCO running at 
fVCO=772MHz. At the output of the VCO, a dual-modulus divider 
implemented with dynamic latches is used to divide by 75/76 and is 
combined with a programmable swallow counter that counts up to P, but 
detects an intermediate state S, where it switches the modulus of the front 
divider, on the overall providing fVCO=(75(P)+S)fref. The other PLL blocks 
such as the charge pump and the loop filter are all implemented in a 
differential manner to achieve a good immunity against supply noise. The 
loop filter is external so that large capacitors can be used to reduce the PLL 
in-band noise. The reference signal is provided by a 12.8MHz crystal 
oscillator followed by a divide-by-R counter. By slightly changing the 
division ratio (different R, P, S triplet), narrower but unequally spaced steps 
can be achieved. Within the bands of interest, the maximum step between 
any two channels over the 433MHz ISM band is narrower than 6.25kHz, 
although the reference frequency is close to 100kHz. 

LO-

Tune-

Tune+

LO+

L1 L2

CV1 CV2

VCO core

 
 

Fig. 10. Schematic of the VCO. 
 
In order to keep the VCO current consumption as low as possible and 

provide low phase noise, the tank is built with two external high-Q inductors. 
The variable part of the tank is integrated on-chip with a differential 
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accumulation MOS varactor yielding a global loaded Q-factor close to 20. 
To limit further the VCO power dissipation, an amplitude regulation loop is 
used. A schematic of the VCO is illustrated in Figure 10. 

The power consumption of the PLL is 1mA with 950µA for the VCO, 
the latter generating 1.8V peak-to-peak differential signals. The PLL division 
chain consumes only 50µA for dividing the fVCO=772MHz LO signal down 
to the 100kHz reference frequency. A few other microamperes are sufficient 
for the charge pump and loop filter in lock mode.  

The plot on Figure 11 shows a measured spectrum of the PLL. The spur 
at a reference frequency of 100kHz is lower than -55dBc and the phase noise 
at 600kHz offset is below -110dBc/Hz. 
 

Fig. 11. Plot of the VCO phase noise. 
 

WiseNET Transceiver Implementation 
 

The main measured characteristics of the transceiver section of the WiseNET 
SoC are listed in Table 2. 
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The current breakdown in Rx and Tx modes is illustrated in Figure 12. 

Fig. 12. Current breakdown in receive and transmit modes. 
 

As will be detailed in section 3, the WiseMAC protocol implies that the 
sensor nodes are expected to be more in receive mode than in transmit mode. 
Therefore, from a global power efficiency point of view, special care was 
given to the receiver current consumption rather than to the transmit current. 
Roughly two-thirds of the current is used by the VCO and the LO drivers, 

Table 2. Main WiseNET radio measurements. 
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the remaining third by the RF front end with a fraction for the backend. This 
was the motivation for choosing an external high-Q inductor, rather than 
integrating the tank’s inductor on-chip, because the degraded quality factor 
of on-chip inductors would have translated into a much larger PLL current 
[4], with a direct impact on the Rx current. 

For the transmitter, an output power of 10dBm was chosen. This was to 
achieve the largest possible range knowing that with the WiseMAC protocol 
and assuming a low average traffic, it would not penalize significantly the 
average power consumption. This translates in a total Tx current of 25.8mA 
under 1V. Unlike the receiver, where all blocks, especially the VCO and LO 
drivers, need to be optimized carefully, the transmitter requires essentially 
the pre-amplifier and the PA to be designed with care, as they are by far the 
largest contributors. 

A micrograph of the WiseNET SoC is given in Figure 13. The integrated 
circuit is implemented in TSMC’s standard digital 0.18µm CMOS and has a 
size of 3.3mm by 3.6mm. 
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Fig. 13. Die photography. 
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3. WiseMAC for Low Power Multi-Hop 
Communication 

Energy Efficient Communication in Sensor 
Networks 

 
With today’s technology, regardless of potential optimizations at the physical 
layer, the power consumption of a RF transceiver suitable for WSNs is above 
1mW in receive mode, and much more in transmit mode. In order to achieve 
an average power consumption enabling years of lifetime on a low cost 
battery, the average power consumption should be kept below 100µW, as 
mentioned in Section 1. It is hence mandatory to turn the radio transceiver 
off most of the time. A transceiver may not listen to the channel all the time. 
A duty cycle of a few percent at maximum can be tolerated. 

Because the transceiver of the sensor nodes may only be turned on 
during a small fraction of the time, there is a clear need for algorithms that 
organize the sensor nodes such that the source and the destination of a 
communication are turned-on at the same time. The WiseMAC protocol was 
thus designed in this specific context, and the following sections will 
highlight its main features and describe how power saving can be done 
efficiently at the MAC layer. 

Medium Access Control Protocols for Sensor 
Networks 

 
Because the requirements of WSNs are different from those of wireless 
LANs and mobile computer networks (MANETs), a specific MAC protocol 
is required. Such a protocol must minimize idle listening (the time spent 
listening to an empty channel), overhearing (the time spent listening to traffic 
addressed to other nodes), collisions and its own overhead (headers and 
MAC level signaling). 

A variety of WSN MAC protocols have been proposed recently, the 
major proposals can be classified into scheduled and unscheduled protocols 
[3] as illustrated in Figure 14.  

Scheduled protocols [16][17][18][24][25][26] rely on a network wide 
synchronization and the use of time division multiple access (TDMA). 
TDMA appears at first glance as a very appealing protocol for WSNs. It 
causes neither overhearing nor collisions and sensor nodes may sleep in 
between assigned communication slots. On the other hand, it is only energy 
efficient when transporting periodic traffic, while many sensor network 
applications can be expected to generate sporadic or bursty traffic. Secondly, 
the setup of the TDMA schedule between nodes can be a complex issue 
requiring usually a complex protocol implementing some distributed 
consensus.  

3.1. 

3.2. 
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 WSN MAC 

Scheduled Unscheduled 

Guaranteed Hybrid Random Random 

Ext. wake-up Periodic TX Periodic RX 

STEM [21] 
WiseMAC [20] 
B-MAC [23] 

PicoNET [15] 
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PicoRadio [14] 
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T-MAC [24] 

EMAC [18] 
LMAC [25] 

SMACS [17] 
LEACH [26] 

 
 

Fig. 14. A classification of WSN MAC protocols. 

 
 

Unscheduled protocols [14][21][23][15][19] or WiseMAC [20] do not 
need a network wide synchronization. They use a mechanism to wake-up the 
destination of a message when needed. Such wake-up mechanisms include 
the use of an external ultra low-power wake-up hardware, the detection of a 
message transmission using a form of periodic listening or the announcement 
of one’s availability for packet reception through the periodic broadcast of a 
beacon. 

In the WiseNET project, it was deliberately chosen to design a MAC 
protocol that is unscheduled, contention based with a wake-up scheme using 
periodic listening. The choice of a contention protocol was motivated in 
order to avoid the complex tasks of synchronizing a multi-hop network and 
of allocating time slots. Many examples such as Ethernet [27] and IEEE 
802.11 [28] have shown that they can provide very good performance in 
most cases. Because the power consumption in transmit mode is most of the 
time larger than the one in receive mode, the periodic listening approach was 
preferred for the wake-up scheme to the periodic transmissions in order to 
minimize the basic power consumption of the protocol [3]. 

The next section will introduce the WiseMAC protocol, an unscheduled 
contention protocol using a wake-up scheme based on periodic listening. 

 
WiseMAC [20][3] is based on the preamble sampling technique. This 
technique consists in regularly sampling the medium to check for activity. 
By sampling the medium, it is meant listening to the radio channel for the 
duration required to measure the received power (i.e. a few symbols). All 
sensor nodes in a network sample the medium with the same constant period. 
Their relative sampling schedule offsets are independent. If the medium is 
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found busy, a sensor node continues to listen until a data frame is received or 
until the medium becomes idle again.  

At the transmitter, a wake-up preamble of size equal to the sampling 
period is added in front of every data frame to ensure that the receiver will be 
awake when the data portion of the packet arrives. This technique provides a 
very low power consumption when the channel is idle. The disadvantages of 
this protocol are that the (long) wake-up preambles cause a throughput 
limitation and a large power consumption overhead in transmission and 
reception. The overhead in reception is not only bared by the intended 
destination, but also by all other nodes overhearing the transmission.  

The WiseMAC protocol aims at reducing the length of this costly wake-
up preamble. The solution used by WiseMAC consists in learning the 
sampling schedule of the direct neighbors to use a wake-up preamble of 
minimized size. This simple scheme provides a significant improvement 
compared to the basic preamble sampling protocol, as well as to S-MAC [16] 
and T-MAC [24]. 

Because the wireless medium is error prone, a link level 
acknowledgement scheme is required to recover from packet losses. The 
WiseMAC ACK packets are not only used to carry the acknowledgement for 
a received data packet, but also to inform the other party of the remaining 
time until the next sampling time. In this way, a node can keep a table of 
sampling time offsets of all its usual destinations up-to-date. Using this 
information, a node transmits a packet just at the right time, with a wake-up 
preamble of minimized size, as illustrated in Figure 15. 
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Fig. 15. Principle of operation of WiseMAC. 

 
The duration of the wake-up preamble must cover the potential clock 

drift between the clock at the source and at the destination. This drift is 
proportional to the time since the last re-synchronization (i.e. the last time an 
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acknowledgement was received). The first communication between two 
nodes will always be done using a preamble as long as the wake-up period. 
Once some timing information is acquired, a wake-up preamble of reduced 
size can be used. The length of the wake-up preamble being proportional to 
the interval between communications, it will be small when the traffic is 
high. As a result, the per-packet overhead decreases with increasing traffic. 
In low traffic conditions, the per-packet overhead is high, but the average 
power consumption caused by this overhead is low. One of the major 
WiseMAC features is thus to provide a low average power consumption in 
low traffic conditions and a high energy efficiency in high traffic conditions. 

Overhearing is naturally mitigated when the traffic is high, thanks to the 
combined use of the preamble sampling technique and the minimization of 
the wake-up preamble duration. As already mentioned, sensor nodes are not 
synchronized among themselves, their relative sampling schedule offsets are 
independent. In high traffic conditions, the duration of the wake-up preamble 
being smaller than the sampling period, short transmission are likely to fall 
in between sampling instants of potential overhearers. 

The synchronization mechanism of WiseMAC can introduce a risk of 
systematic collision. Indeed, in a sensor network, a tree network topology 
with a number of sensors sending data through a multi-hop network to a sink 
often occurs. In this situation, many nodes are operating as relays along the 
path towards the sink. If a number of sensor nodes try to send a data packet 
to the same relay, at the same scheduled sampling time and with wake-up 
preambles of approximately identical size, there are high probabilities to 
obtain a collision. To mitigate such collisions, it is necessary to add a 
medium reservation preamble of randomized length in front of the wake-up 
preamble. The sensor node that has picked the longest medium reservation 
preamble will start its transmission sooner, and thereby reserve the medium. 

Additional schemes, include the repetition of data frames in long 
preambles to minimize overhearing, the transmission of data packets in 
bursts thank to “more to come” indication in the packet header, the 
avoidance of interrupting data-ack transactions through a mandatory inter-
frame space larger than the data-ack interval, the selection of a receive 
threshold well above the noise floor to minimize useless wake-ups and the 
selection of a carrier sensing threshold below the receive threshold to 
mitigate the hidden node effect. 

 
The performance of the WiseMAC protocol has been studied through 
simulations, theory and real world implementation. 

In order to simulate a low power protocol such as WiseMAC, it is 
required to implement in the simulation tool a model of the radio transceiver 
that closely matches the behavior of the real radio transceiver with respect to 

3.4. Performance 
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the different states that the transceiver can be in and the time and energy 
spent in the transitions between states. Indeed, with a low power protocol, 
the energy spent in transitions can be dominating. Figure 16 shows the finite 
state machine of the implemented radio model. 

PZ
DOZE

RECEIVE
PR

TURN AROUND 
TX-RX

PRT

SETUP RX
PSR TSR

SETUP TX
PST TST

TRANSMIT
PT

TURN AROUND 
RX-TX

PTR TTR

TRT

 
 

Fig. 16. Radio Layer Model. 
 
 

In the DOZE state, the radio consumes a current of a few µA only. The 
radio quartz is turned off. In the SETUP_RX and the SETUP_TX states, the 
radio quartz and the radio are powering on. When in RECEIVE mode, the 
radio is able to measure the received signal strength and demodulate 
incoming data. The radio is in the TRANSMIT state when transmitting data.  

The average power consumed in the receive, turn around and transmit 
states have been defined as PR = PTR=PRT =2.3mW and PT =27.6mW and the 
turn around times of TRT=TTR=200µs have been defined according to the data 
in Table 2. The setup time and energy of a wake-up sequence have been 
measured, as illustrated in Fig. 17, through observation of the consumed 
current until a valid RSSI measurement can be started. The power on phase 
into RX needs TSR = 1.8ms and the required power integrates to 
approximately 1.7µJ, resulting in an average power of PSR=0.9mW. Because 
the final stage power amplifier in transmit mode is only powered on when 
effectively transmitting data bytes, the same values apply for TST and PST. 
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Rx current during power-on sequence
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Fig. 17. Current consumption of the WiseNET SoC when powering on 

into RX, until RSSI is stable, then turn off. 
 

 

As a comparison point, some measured parameters of the WiseNET 
solution are compared in Table 3 with those of an off-the-shelf state-of-the-
art XE1203 transceiver combined with the XE88LC06A microcontroller 
from Semtech [29][30][31], which was also used within the WiseNET 
project for implementing the WiseMAC protocol. In the case of the wake-up 
sequence illustrated in Figure 17, the energy gain reaches roughly a factor of 
30 with the WiseNET SoC. 

 
Table 3. Comparison of some parameters of the WiseNET solution vs a 

50µJ1.7µJRx wake-up sequence
32.3mW27.6mWTx Power
45mW2.3mWRx Power

3V1VSupply voltage
XE1203F & XE88LC06A WiseNET SoCParameter

50µJ1.7µJRx wake-up sequence
32.3mW27.6mWTx Power
45mW2.3mWRx Power

3V1VSupply voltage
XE1203F & XE88LC06A WiseNET SoCParameter

 
 
 
 
 

state-of-the-art off-the-shelf XE1203 solution. 
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Based on the radio layer model of Figure 16, the WiseMAC protocol has 
been modeled using the Glomosim simulation platform. To permit 
comparison, the S-MAC [16] and T-MAC [24] protocols were modeled as 
well. S-MAC (Sensor-MAC) is a well-known MAC protocol specifically 
designed for sensor networks. This protocol can be seen as a lower power 
and lower traffic version of the power save mode defined by the IEEE 
802.11 standard [28] for ad-hoc networks. T-MAC is an improvement of the 
S-MAC protocol providing support for a higher throughput. 

Figure 18 shows the average power consumption of a node forwarding 
packets in a multi-hop network as a function of traffic for different protocols. 
A lattice topology has been used with Poisson traffic flowing in parallel. The 
average power consumption is computed for a central node. Traffic flowing 
through neighbors is creating interference and overhearing overhead to this 
central node (see [20][3] for more details). The circles show the average 
power consumption that is consumed when using the WiseMAC protocol 
with the WiseNET SoC. Each circle is the result of a simulation; at the end 
of which the average power consumption is computed through recording of 
the time spent in each state of the radio transceiver model. The dotted line 
along these circles represents the theoretical power consumption of 
WiseMAC (see [3]). A good match can be observed. With very low traffic (1 
packet forwarded every 1000s), the power consumption goes below 20µW. 
In this area, the power consumption of the wake-up scheme, i.e. preamble 
sampling, is dominating. When the traffic increases, the power consumption 
with WiseMAC increases as well. A power consumption of about 100µW is 
observed for a traffic of 1 packet forwarded every 10s. It is interesting to 
observe that the power consumption of WiseMAC approaches, in the high 
traffic region, the one of the ideal protocol. With the ideal protocol, a node 
wakes up “by magic” whenever a packet needs to be received. The power 
consumption of the ideal protocol has been computed mathematically 
disregarding any collisions. 

A comparison with S-MAC and T-MAC shows that these two protocols 
can either provide a low power consumption (with a duty cycle of 1%) or 
provide the support of a high traffic (with a duty cycle of 10%) while 
WiseMAC supports both. 

An upper bound on the power consumption is given by the CSMA/CA 
protocol with which a transceiver is either in receive or transmit mode and 
therefore consume at least the power PR = 2.3mW. 

As a conclusion, it can be observed that WiseMAC can provide an ultra-
low power consumption in low traffic conditions, can support a relatively 
high traffic, and that it becomes energy efficient when traffic increases. 
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 Fig. 18. Average power consumed as a function of traffic. 

 
The IEEE 802.15.4 standard has recently been defined for personal area 

networks, targeting low cost and lower throughput than Bluetooth. The 
ZigBee alliance has specified routing protocols enabling the formation of 
multi-hop networks based on IEEE 802.15.4 devices, making IEEE 
802.15.4/ZigBee a potential basis for the implementation of multi-hop sensor 
networks. In the proposed routing protocol, every router (i.e. relay) must be 
IEEE 802.15.4 coordinator. Power saving in IEEE 802.15.4 is made possible 
through the periodic transmission of a beacon. Downlink traffic in 
announced in the beacons and uplink traffic can be transmitted right after the 
beacon. A coordinator can sleep after having sent a 19 bytes long beacon and 
waited in receive state during 55 bytes for potential uplink traffic. The 
devices of a coordinator can sleep in between receptions of the beacons. 

Figure 19 shows the average power consumption of a relay node 
receiving a packet of 32 bytes every 30s and forwarding it further in a multi-
hop network. The power consumption is computed theoretically for 
WiseMAC, S-MAC and IEEE 802.15.4, assuming the use of the same 
underlying hardware (the WiseNET SoC), and the use of the same wake-up 
period of 250ms for all protocols. The wake-up period is the sampling period 
with WiseMAC, the frame duration with S-MAC and the beacon period with 
IEEE 802.15.4. It is chosen equal for all three protocol to provide 
comparable hop delays. 

V.  Peiris et  al.



369 

It can be observed that WiseMAC provides a power consumption of only 
27µW, enabling multiyear lifetime on a single alkaline battery. With S-
MAC, the power consumption if 5 times higher, due to the higher overhead 
caused by periodically listening during the duration of a few bytes, instead of 
a few symbols with WiseMAC. With IEEE 802.15.4 ZigBee, the power 
consumption is 36 times higher because a node must periodically receive a 
beacon from its parent, periodically transmit a beacon to its children and wait 
for potential uplink traffic from its children.  

Fig. 20. Average power consumption when forwarding a 32 bytes packet 
every 30s with WiseMAC, S-MAC and 802.15.4 ZigBee, for the WiseNET SoC 

platform compared with the XE1203 platform. 
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When including the parameters of an off-the-shelf XE1203 transceiver 
[29][30][31] in the comparison, as illustrated in Figure 20, the power 
consumption calculated with IEEE 802.15.4 ZigBee is approximately 250 
times larger than with the WiseNET SoC running WiseMAC. 

4. Experimentation 
 
The WiseNET protocol stack has been implemented on the WiseNET SoC 
following the structure shown in Figure 21. 

Sensors, microcontroller, radio hardware

Hardware Abstraction Layer

WiseMAC

Routing
Embedded 
application

HCI

HCI

Host application

W
is

eN
od

e 
m

od
ul

e

Optional host 
controller

serial interface

SW

HW
 

 
Fig. 21. The WiseNET protocol stack. 

 
The hardware abstraction layer is a set of drivers that can be used by the 

upper layers to access radio, timer subsystem, serial and sensor interfaces. 
The communication stack is composed of the WiseMAC protocol and of the 
routing layer. Depending on the computing resources requirements of the 
application, it is possible to have either the application embedded in the SoC, 
or running on a second microcontroller. In the latter case, communication 
with the host microcontroller is done through a serial interface (SPI or 
UART) using a packet based HCI (Host Controller Interface) protocol. In the 
second case, the WiseNET SoC becomes a simple-to-use low power multi-
hop communication modem.  

In its current state, the WiseNET protocol stack uses about 19kB, leaving 
3.6kB for the application, as illustrated in Figure 22. From these 19kB, the 
MAC layer accounts for 5kB and the routing layer for 1.3kB. The rest is 
needed for drivers and low-level “gcc” libraries. 
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Init (0.7 kB) 
Radio Driver  
(2.9 kB) 

Timers Driver  
(1.3 kB) 

SPI Driver  
(2.1 kB) 

I2C Driver (1.7 kB) 

WiseMAC (5 kB) 

Routing  
(1.3 kB) 

HCI 
(0.9 kB) 

App  
(3.6 kB) 

libgcc (1.9 kB) 

ADC & EEPROM  
Drivers (1.2 kB) 

 
 

Fig. 22. The WiseNET protocol stack’s module sizes. 
 

Fig. 23. Wireless Sensor Node using the WiseNET SoC (left, middle) and 
example test network topology. 
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A test network has been deployed using wireless sensor nodes based on 
the WiseNET SoC as illustrated in Figure 23 (left). The lower part includes 
the SoC, crystals, filters and decoupling capacitors. The upper part holds the 
battery and the user interface (LEDs, buttons, switches). In order to have a 
sufficient number of nodes from the very start of the project, a second type of 
nodes [29][30] with over-the-air compatibility has been designed using the 
off-the-shelf XE88LC06A controller and the XE1203 radio from Semtech 
[31]. Source code compatibility between the two platforms has been obtained 
thank to the definition of the hardware abstraction layer. Test network with 
multi-hop topology have been deployed at CSEM using a mix of both 
platforms. The average power consumption of the radio transceiver of a node 
could be computed through the measurement by every node of the amount of 
time spent with the radio in the receive and in the transmit states. It was 
possible to confirm experimentally the power consumption predicted by 
theory (see [3] for more details). 

5. Conclusions 
 
This paper addresses the different issues faced when designing ultra low-
power WSN with a particular emphasis on the radio hardware that was co-
designed with a dedicated MAC protocol. 

The WiseNET transceiver SoC was designed and specifically optimized 
for the new WiseMAC protocol specially developed for WSN. It has been 
integrated on a standard digital 0.18µm deep-submicron CMOS process. It 
runs from a single 1.5V battery and operates down to 1.0V while consuming 
only 2.3mW in receive mode. It achieves a −108dBm sensitivity for 25kb/s 
FSK datarate with a 10−3 BER. The transmit power is 10dBm for a current 
consumption of 27.6mA under 1.0V. In addition to this low-power radio, the 
WiseNET SoC also includes all the functions required for data acquisition, 
processing and storage of the information provided by the sensor.  

The WiseNET solution comprising the WiseNET SoC together with the 
WiseMAC protocol consumes more than an order of magnitude less power 
than comparable solutions available today, using for example the IEEE 
802.15.4 standard. 
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Abstract
This paper examines system and circuit design techniques for a “micro-Watt node”
operating at a power level low enough to enable the use of an energy scavenging
source. Despite several architectures have been investigated in order to reduce the
overall system power consumption, none of them is able to guarantee robustness
of the link and ultra-low power consumption at the same time. A survey of the
most advanced architectures meant for ultra-low power transceivers is described.
Advantages and drawbacks of all these systems are discussed and the reasons for
an architecture based on Frequency-Hopping (FH) Spread-Spectrum (SS) are dis-
cussed. Finally a novel FH synthesizer based on a digital pre-distortion architec-
ture is proposed in order to reduce the power consumption of the hopping synthe-
sizer. The FH architecture together with a frequency offset robust demodulation
technique allows a reduction by a factor 8 of the power consumption compared
to the state-of-the-art synthesizers. Furthermore, a single RF block front-end is
obtained combining the VCO and the PA. The novel RF front-end can be directly
coupled to the antenna through a balun and the system is able to deliver -18 dBm
output power on a 50 Ω load at 1 mA current consumption (2 V power supply).
To prove the new synthesizer principle a communication link in the 902-928 MHz
ISM band has been set-up. The receiver, mainly software with a flexible RF front-
end, adopted a ST-DFT demodulation algorithm and achieved a BER smaller than
1.1% at -25 dBm output power, with TX and RX antennas placed at 8 meters
distance in a NLOS condition and in a common office environment.

1. Introduction

In recent years, a trend toward a world in which people will be sur-
rounded by networked devices that are sensitive and adaptive to their
needs can be foreseen. This trend has been expressed in a vision called
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Ambient Intelligence (AmI). It is possible to partition this world into
three different classes of devices called “Watt nodes”,“milli-Watt nodes”
and “micro-Watt nodes” [1].

The “Watt nodes” and the “milli-Watt nodes” demand a further im-
provement in technology scaling to meet the low-power target. In con-
trast, the design of a “micro-Watt” node requires to meet the limit of
miniaturization, cost reduction and power consumption. Therefore, the
complexity of this task is not in the number of transistors but in the
capability to optimally combine technologies, circuit and protocol in-
novation to obtain the utmost simplicity of the wireless node.

At the system level there are several challenges engineers have to
face to achieve such a reduction in terms of power consumption. Like
in a paging channel, a low-power wake-up circuitry will be required to-
gether with RSSI measurement circuits, so that energy expenditure can
be optimally adjusted. Finally, advances in energy sources and scaveng-
ing techniques are mandatory to avoid battery replacement.

2. Energy Scavenging Techniques

Several scavenging techniques have been studied in the recent years.
However it is unlikely that a single solution will satisfy the total appli-
cation space. For example a solar cell requires minimum lighting condi-
tions, a piezoelectric generator sufficient vibration, and a Carnot-based
generator sufficient temperature gradient.

One of the most common scavenging techniques is to harvest energy
from an RF signal. An electric field of 1 V/m yields only 0.26 µW/cm2,
but such field strengths are quite rare [2]. This technique is generally
used for RFID tags, which have a power consumption between 1 and
100 µW. Energy can be harvested by using solar cells. While 1 cm2

of standard solar cells produces around 100 mW under bright sun, it
only generates no more than 100 µW in a typically illuminated office
[2]. Also thermoelectric conversion can be used as an energy scaveng-
ing technique. Unfortunately the Carnot cycle limits the use of this
technique for small temperature gradients by squeezing the efficiency
below 5% for about 15 degrees temperature difference [2]. Another
possible solution to the scavenging problem can be found using vibra-
tional energy. If 1 cm3 volume is considered, then up to 4 µW power
can be generated from a typical human motion, whereas 800 µW can be
harvested from machine-induced stimuli [2].
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Considering the aforementioned state-of-the-art in energy scaveng-
ing techniques, researchers have plenty of room for improvement both
in increasing energy harvesting efficiency and in reducing the overall
power consumption of wireless nodes.

3. Low-power Wireless Systems Trends

Increasing demands in wireless systems for sensing and monitoring ap-
plications have culminated in a high demand for low power autonomous
devices. While AmI and the autonomous node concepts still are far
from an everyday reality, a lot of effort has been put in the elaboration
of novel standards, which can better match the low power trend. Fol-
lowing this novel trend, standards like Bluetooth and Zigbee have been
proposed in the recent years.

Whereas these standards have reduced power consumption at ex-
penses of a lower data-rate and Quality-of-Services (QoS), their proto-
col and their physical layer are still too complex to be implemented in an
autonomous wireless device. Indeed, even though recently a simplified
Bluetooth Low End Extension (LEE) [3] has been released, the over-
all transceiver power consumption remains too high for an autonomous
node. While the data-rate has been scaled down to less than 0.5 Mbps
and other constraints have been simplified both at the physical and MAC
layer, a state-of-the-art current consumption of 9 mA (at -2 dBm trans-
mitted power) in Tx mode and 8 mA in Rx mode have been reported for
a Bluetooth transceiver [3].

In the effort to reduce the transceiver power consumption, the Zigbee
standard has been recently released (Preliminary standard by Philips in
2001). Whereas the data-rate is reduced with respect to the Bluetooth
standard, the overall transceiver power consumption remains high due
to complex MAC and physical layers. A recent work [4] showed a Zig-
bee compatible radio transceiver, with 21 mW power consumption in
Rx mode and 30 mW in Tx mode (at 0 dBm output power). It fol-
lows that these standards cannot be used in the design of a “micro-Watt
node” where an average power consumption of less than 100 µW and
therefore, a peak power consumption lower than 10 mW, is required for
duty-cycles lower than 1%.
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4. Recent Advances in Ultra-Low Power Transceivers

Starting with university research, the interest in ultra-low power wire-
less devices has increasingly spread among companies as well. In the
wide scenario of ultra low-power devices, various pioneering investi-
gations have been conducted to prove the feasibility of a “micro-Watt
node” in terms of power consumption and robustness of the communi-
cation link.

4.1. Research in Industries

Several wireless products, which claim to be ultra-low power, are present
on the market. Rarely these products can be used as core block for a
“micro-Watt node”. Pioneering researches toward the development of
this kind of wireless nodes can be found in [5][6].

The Eco node [5] has been designed to monitor the spontaneous mo-
tion of preterm infants using the 2.4 GHz ISM band at 1 Mbps data-rate.
While showing a good form factor (648 mm3 by 1.6 grams), its power
consumption is still far away from the minimum target required by an
autonomous node. Indeed, even at 10 kbps and -5 dBm output power,
it consumes 20.4 mW in Tx mode and 57 mW in Rx mode (at 1 Mbps)
considering only the radio device. Whereas these nodes are designed
for duty-cycled operation, as stated in Section 3, peak power consump-
tion should not exceed 10 mW. Robustness of the link by frequency
diversity is achieved by using a Frequency-Hopping Spread Spectrum
(FHSS) technique.

The Telos node [6] complies with the ZigBee standard. As a result,
while having a reduced data-rate (250 kbps), it has an overall power
consumption of around 73 mW from 1.8 V power supply at 0 dBm
transmitted power.

4.2. Research in Universities

Different universities are involved in pioneering research on ultra-low
power devices and networks. At Berkeley university an ultra-low power
MEMS-based transceiver has been developed [7]. Whereas using a 1.9
GHz carrier frequency and only two channels, the receiver power con-
sumption is 3 mA from a 1.2 V power supply. The data rate is 40 kbps at
1.6 dBm output power. The low receiver power consumption is mainly
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obtained by using a high-Q MEMS resonator implemented as a Thin-
Film Bulk Acoustic Resonator (FBAR). If more channels are needed,
like in the case of an FHSS transceiver, the hardware requirement will
increase linearly with the number of channels, making this choice im-
practical from a low-power point of view. The transmitter part adopts
direct modulation of the oscillator and MEMS technology, eliminating
power hungry blocks like PLL and mixers, therefore reducing the over-
all power consumption.

Two major drawbacks can be foreseen in the proposed architecture.
While reducing the circuit and technological gap toward a “micro-Watt
node”, it relies on non-standard components (MEMS), which will in-
crease the cost and will require higher driving voltage. Furthermore it
lacks on robustness due to the use of only two channels, while requiring
a linear increase of the power consumption with the channels number,
if a more robust frequency diversity scheme has to be implemented.

At the CSEM institute the WiseNet [8] project aims to optimize both
the MAC and the physical layer to obtain a robust, low-power solution
for sensor networks. Whereas not using the worldwide available 2.4
GHz ISM band but the lower 433 MHz ISM band, it achieves a power
consumption of only 1.8 mW from a minimum supply voltage of 0.9
V in Rx mode. This result was achieved by a combination of circuit
and system innovative techniques and the use of the low-frequency 433
MHz band, which reduces the power consumption of the most power
hungry blocks like the frequency synthesizer. In Tx mode a high power
consumption of 31.5 mW was reported mainly due to the choice of a
high output power of 10 dBm. Data-rate is 25 kbps with FSK modula-
tion.

The proposed solution, while relying partially on the frequency band
choice to reduce the power consumption, still requires external com-
ponents like high-Q inductors for the LC-tank circuit and external RF
filters, which will deteriorate form-factor and power consumption at
higher frequencies.

5. System Level Aspects for Wireless Microsensor
Nodes

At system level, several trade-offs are present in order to optimize the
overall power consumption of wireless nodes. Several power models
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have been proposed in order to predict the optimum data-rate, which can
minimize the overall power consumption. In [9] a simple energy model
has been developed showing that, while increasing the data-rate and the
efficiency of the power amplifier can reduce the energy per bit required
to send the information, the inefficiency introduced by the short packet
size (common in low data-rate applications) demands for a reduction in
the start-up time.

Another simple model has been developed in [10]. The model con-
siders both transmission and reception of data-packets, while consider-
ing PA efficiency and power consumption during transient times. From
this model a fixed energy cost due to the oscillator power consumption
and the receiver circuitry dissipation can be reduced by increasing the
data-rate. Considering the energy per bit, results show that the optimum
data-rate should range between 10 and 100 Mbps. In [10] the wireless
node has a duty-cycle of around 2%, which is still too high for very
simple applications like a normal indoor temperature sensor or a light
switch. For these kinds of applications it is possible to imagine that a
single message, no longer than 1000 bits, is sent every 15 minutes.

We can approximate the average power required to transmit a data
packet Lpacket with the following relation:

Pd = Ptx
Ttx

T
+ Pdiss

(Ttx + Twu)

T
+ Pidle

(T − Ttx − Twu)

T
(1)

where Ptx is the power radiated from the antenna, Ttx is the time re-
quired for each transmission, Twu is the wake-up time of the transmitter
(i.e. the time required to start up the circuitry), Pidle is the power dis-
sipated in the idle mode when most of the transmitter functions are off,
Pdiss is the non-radiated power dissipated by the transmitter and T is the
time interval between two consecutive transmissions.

Given a required Eb/N0 for a given BER, a certain receiver noise
factor NF, a certain noise bandwidth Bnoise, a certain attenuation due
to the channel Loss1, the data bandwidth Bdata and the one sided noise
spectral density N0, the required transmitted power can be derived:

Ptx = N0 ×
Bnoise

Bdata

× Eb

N0

× NF · D
Loss

(2)

1To calculate the path loss the following expression has been used: Loss=27.56 − 20Log10(fc) −
20Log10(r0) − 10 · n · Log10( r

r0
) where fc is the carrier frequency expressed in MHz, r is the commu-

nication distance, r0 the reference distance for free-space propagation (unobstructed transmission distance
which is less than 2 or 3 meters in an indoor environment) and n is the path-loss exponent.
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The transmission time depends on the data-rate (D) and on the packet
size:

Ttx =
Lpacket

D
(3)

Substituting (2) and (3) in (1), an expression for the average transmitter
power consumption can be derived as a function of the data-rate.

Pd = K
Lpacket

T
+Pdiss(

Lpacket

D · T +
Twu

T
)+Pidle−Pidle

Lpacket

D · T −Pidle
Twu

T
(4)

where

K = N0 ×
Bnoise

Bdata

× Eb

N0

× NF

Loss
(5)

As can be seen from (4) and (5), the power required to transmit the data
packet can effectively be reduced by increasing the data-rate. On the
other hand, the improvement achievable by increasing the data-rate is
substantially reduced when the total average power dissipation is dom-
inated by the idle power. In Fig. 1(a) the minimum data-rate required
to have an average power consumption equal to Pidle + 10% is shown.
The power consumption can be considered to be dominated by the idle
current in very-low duty cycle systems. Consequently, if the idle current
decreases, the minimum required data-rate has to increase accordingly
to have an average power consumption that does not exceed the power
consumed in the idle mode by more than 10%. In Fig. 1(b) the simula-
tion has been performed at a transmission rate of one data packet every
15 minutes. The data-rate strongly depends on Pidle but it is anyhow
lower than 35 kbps.

Now looking at commercial low-power transmitter products, it can
be seen that idle power consumptions larger than 5 µW are very com-
mon. Therefore, from Fig. 1(b), it can be deducted that increasing
the data-rate will have a very small influence in decreasing the aver-
age transmitter power consumption. Furthermore, this will lead to a
much more complex hardware (analog and digital) and larger leakage
currents. The final effect is an increase in the power consumption in the
idle mode and therefore, an increase in the average transmitter power
consumption.

383   Ultra-Low Power Frequency-Hopping Spread Spectrum Transmitters



(b) 15 minutes between consecutive transmissions

Fig. 1. Minimum data-rates to have an average power consumption equal to
Pidle+10% versus Pidle and Pdiss; Lpacket=1000 bits, Twu=100µs, NF=20 dB,

Eb

N0=15dB .

Ultra-Wideband (UWB) transceivers, Super-Regenerative transceivers,
Subsampling transceivers as well as Spread-Spectrum based transceivers
(both Frequency Hopping and Direct Sequence).

5.1.1. Ultra Wideband Transceivers

Among different architectures suitable for an ultra-low power imple-
mentation, UWB based systems are gaining more and more attention.
FCC rules specify UWB technology as any wireless transmission scheme
that occupies more than 500 MHz of absolute bandwidth.

The most important characteristic of UWB systems is the capabil-
ity to operate in the power-limited regime. In this regime, the channel
capacity increases almost linearly with power, whereas at high SNR it

5.1. System Architecture Trends
Different radio architectures have been recently studied in order to re-
duce the power consumption. Some of these architectures comprise
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increases only as the logarithm of the signal power as shown by the
Shannon theorem

C = BW × log2(1 +
PS

PN

) (6)

where PS is the average signal power at the receiver, PN is the aver-
age noise power at the receiver and BW is the channel bandwidth. For
low data-rate applications (small C), it can be seen from (6) that the re-
quired SNR can be very small given an available bandwidth in excess
of several hundreds MHz. A small SNR translates in a small transmit-
ted power and as a result in a reduction of the overall transmitter power
consumption.
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Although UWB transceivers can have reduced hardware complexity,
they pose several challenges in terms of power consumption. In Fig.
2 a schematic block diagram of an UWB transceiver is shown. The
biggest challenge in terms of power consumption is the ADC. If all the
available bandwidth is used, the sampling rate has to be in the order
of several Gsamples per second. Furthermore, the ADC should have a
very wide dynamic range to resolve the wanted signal from the strong
interferers. This implies the use of low-resolution full-flash converters.
It can be proven [11] that a 4-bit, 15 GHz flash ADC can easily consume
hundreds of milliwatts of power. Even if a 1-bit ADC at 2 Gsample/s
is used, the predicted power consumption of the ADC remains around
5 mW [12]. Furthermore, the requirement on the clock generation cir-
cuitry can be very demanding in terms of jitter.

Besides these drawbacks, wideband LNA and antenna design are
challenging when the used bandwidth is in excess of some Gigahertz.
The antenna gain, for example, should be proportional to the frequency
[13], but most conventional antennas do not satisfy this requirement.
LNA design appears quite challenging when looking at power con-
sumption of state-of-the-art wideband LNAs [14]. A wideband LNA
consumes between 9 and 30 mW making it very difficult to fulfill a

Fig. 2. The building blocks of an impulse based UWB transceiver.
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constraint of maximum 10 mW peak power consumption for the over-
all transceiver. Neverthless several successful designs are recently pub-
lished showing the potential of UWB systems, their power consumption
remains too high to be implemented in a “micro-Watt node”. In [14] the
total power consumption is around 136 mW at 100% duty cycle. In [15]
a power consumption of 2 mW has been reported for the pulse generator
only.

5.1.2. RF-ID, Subsampling and Super-Regenerative Architectures

In the wide arena of low-power architectures, RF-IDs represent a good
solution when the applications scenario requires an asymmetric net-
work. In this case the “micro-Watt node” needs to transmit data and
to receive only a wake-up signal. The required energy is harvested from
the RF signal coming from the interrogator. In [16] the interrogator
operates at the maximum output power of 4 W, while generating by
inductive coupling 2.7 µW. This power allows a backscattering-based
transponder to send OOK-modulated data back to the interrogator in a
12 meters range using the 2.4 GHz ISM band. Unfortunately the limited
amount of intelligence at the transmitter side makes this architecture not
flexible and only suitable in a highly asymmetric wireless scenario.

The Nyquist theorem has been explored in subsampling based re-
ceiver in order to reduce the overall power consumption. The power
consumption of analog blocks mainly depends on the operating fre-
quency. Applying the theory of bandpass sampling [17], it can be proven
that the analog front-end can be considerably simplified reducing the
operating frequency. This has the potential to lead to a very low power
receiver implementation. Unfortunately due to the noise aliasing, it can
be proven that the noise degradation in decibels is:

D = 10Log10(1 +
2MNp

N0

) (7)

where M is the ratio between the carrier frequency and the sampling
frequency, N0 is the white noise spectral density and Np is the BPF
filtered version of N0. In this sense, the choice of the BPF filter as well
as the choice of the sampling frequency become quite critical. Beside
this, the phase noise specification of the sampling oscillator becomes
quite demanding. Indeed, the phase noise is amplified by M2 requiring a
careful design of the VCO. Consequently, when interferers are present, a
poor phase noise characteristic can degrade the BER through reciprocal
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mixing considerably. Consequently, up to now, this architecture has
been used mainly in interferer-free scenarios (space applications) [18].

Super-regenerative architectures date back to Armstrong, who in-
vented the principle. Despite many years of development, they still
suffer from poor selectivity and lack of stability, while having the po-
tential to be low power. Furthermore it is restricted to OOK modulation
techniques only.

In [19] bulk acoustic wave (BAW) resonators are used to reduce the
power consumption and to provide selectivity. In spite of achieving an
overall power consumption of 450µW, it relies on non-standard tech-
nologies (BAW resonators), which will increase cost and form factor of
the “micro-Watt node”.

In [20] a 1.2 mW receiver has been designed and fabricated in 0.35-
µm CMOS technology. Even though the power consumption is very
close to the requirements of a “micro-Watt node”, selectivity is quite
poor. Indeed, to demodulate the wanted signal in the presence of a jam-
ming tone placed 4 MHz far from the wanted channel with a BER of
0.1%, the jamming tone has to be no more than 12 dB higher than the
desired signal. Generally, to achieve a reliable communication, the re-
ceiver should be able to handle interferers which have a power level
40 dB higher than the wanted signal with a BER smaller than 0.1%.
This specification is very demanding for a super-regenerative architec-
ture and it requires the use of non-standard components like BAW res-
onator to achieve a better selectivity.

5.2. Spread Spectrum Systems

Among the various competing SS techniques, the FH system, in which
the transmitting carrier frequency is changing according to a prescribed
pseudorandom sequence, offers an attractive solution in terms of hard-
ware complexity, system performance and power consumption.

FH also enables the simplicity of using FSK modulation, which al-
lows the possibility of employing a direct-conversion receiver architec-
ture. In this way, a greater integration level and a lower power con-
sumption can be achieved. Furthermore, FSK modulation can be easily
superimposed on the hopping carrier by simple digital techniques. Fi-
nally, the modulated output has a constant envelope, and is amenable to
non-linear power amplification. A schematic block diagram of an FH
transmitter is depicted in Fig. 3(a), while the distribution of the signal
in the time-frequency plane is depicted in Fig. 3(b).
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(a) Block diagram of a frequency hopping transmitter
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(b) Frequency hopping signal

5.2.1. DSSS vs. FHSS

Differently from a DSSS system, the spreading code is applied on the
carrier frequency rather than on the modulated data. This choice has
some advantages as well as some drawbacks. In terms of power con-
sumption, the wake-up time required by the system will be consider-
ably lower. The wake-up time takes into account also the synchroniza-
tion time. It can be proven that the average acquisition time for an SS
system is

Ts = (C − 1)Tda(
2 − Pd

2Pd

) +
Ti

Pd

(8)

where Ti is the integration time for the evaluation of each cell in the
time-frequency plane, Pd is the probability of detection when the correct
cell is being evaluated, Tda is the average dwell time at an incorrect
phase cell, C is the total number of cells.

Now, assuming that no frequency uncertainty is present, there will be
a time misalignment between the two PN sequences at the transmitter

Fig. 3. A simplified example of an FHSS transmitter.
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and receiver side equal to ∆Ti. Therefore, while for a DSSS the system
has to be synchronized within ±Tc/2 where Tc is the chip duration, an
FHSS system needs to be synchronized within ±Tsymb/2, where Tsymb

is the symbol period. Due to the fact that in a DSSS system the process-
ing gain is related to the ratio between the chip rate and the symbol rate,
the chip period is at least an order of magnitude smaller than the sym-
bol period. As a result, the number of cells that have to be evaluated in
a DSSS system is considerably bigger than in an FHSS system. From
(8) the mean DSSS synchronization time is bigger than in the case of
an FHSS system. This will increase the wake-up time and therefore the
overall system power consumption.

(a) FHSS (b) DSSS

Fig. 4. Near-far sensitivity comparison between FHSS and DSSS.

Spread-Spectrum systems are generally affected by the so called
near-far problem. The near-far problem is the major limitation in DSSS
systems and increases the complexity of the transceiver due to the need
for power control circuitry. Without any power control, the perfor-
mances of a DSSS system in an environment in which other DSSS sys-
tems are present can be heavily spoiled.

As shown in Fig. 4, in an FHSS system, when User 1 is 5 times fur-
ther away from the receiver compared to User 2 , the BER is still below
5%. At the same relative distance, the DSSS system has already a BER
of about 50%. The results shown in these plots have been obtained using
SimulinkTM models, in which the users were interfering continuously
with each other and only an Additive White Gaussian Noise (AWGN)
channel has been considered. In reality, thanks to the low data rates,
the probability that 2 or more users will communicate simultaneously,
is in the order of a few percent. Consequently, the average bit error rate
should be scaled down accordingly. For example, a BER of 10% will
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translate to a BER in the order of 0.1%. In conclusion, there is a high
probability that in a DSSS system an Automatic Gain Control (AGC)
should be used while, in an FHSS system, it can be easily avoided, re-
ducing the complexity and the power consumption of the system.

Unfortunately, the requirements on the hopping synthesizer in terms
of settling time and accuracy in the frequency synthesis are quite strin-
gent. Therefore, the implementation of FHSS functionalities in a “micro-
Watt node”, requires a novel simplified architecture with a power con-
sumption an order of magnitude smaller than the state-of-the-art.

6. Frequency Hopping Spread Spectrum Synthesizers

The main challenges in the implementation of an FHSS system result
from the requirements for agile and accurate frequency hopping at very
low power levels. Several ways to generate the hopping bins have been
proposed in the recent years. Whereas widely used also for high data-
rate links, fractional-N [21] and Direct-Digital Frequency Synthesizers
(DDFS) [22] based synthesizers are relatively power hungry. In [21] the
synthesizer power consumption is 55 mW from a 2.5 V power supply
while in [22] the synthesizer dissipates 40 mW from a 3 V power supply.

Fractional-N based synthesizers have to deal with increased phase
noise coming from the Σ−∆ modulator. Indeed, the quantization noise
is filtered by the PLL phase transfer function and converted into phase
noise [23]. Concluding, a trade-off between phase noise and settling
time exists. Phase noise can increase the system BER by reciprocal
mixing. Therefore, it should be kept low by increasing the reference
frequency or the order of the loop filter [24]. This will increase in both
cases the overall power consumption.

Recently, a new system concept has been proposed based on Analog-
Double Quadrature Sampling (A-DQS) to relax the specifications on
the synthesizer [25]. The channel selection originally performed by the
synthesizer can be partitioned to the A-DQS. In this way, the step size
of the PLL synthesizer can be doubled and the locking position of the
LO in the entire frequency band is halved. Nevertheless, the power
consumption remains too high, mainly due to the ADC requirements
[26].

In a DDFS, a sinewave is synthesized in the digital domain through
the use of a simple accumulator, which produces, as an output, a ramp
proportional to the desired frequency, and a phase-to-sine amplitude
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converter. In the simplest case this converter is a Read-Only Memory
(ROM). A DAC and a Low-Pass Filter (LPF) are used to convert the
sinusoid samples into an analog waveform.

The main operation in a phase accumulator of N-bit length is the N-
bit addition. From [27] the energy required for an addition by an Arith-
metic and Logical Unit (ALU) can be considered in the range of 300 pJ
per addition (16-bit addition). If a bandwidth of 9.6 MHz (64 channels
spaced by 150 kHz in the 915 MHz ISM band) should be synthesized
using the architecture proposed in [22], then a 25 MHz reference clock
is needed and the power consumption of the phase accumulator can be
predicted by the following equation:

Pphase−acc = fref−clk × Eadd (9)

where fref−clk is the reference clock frequency and Eadd is the energy per
N-bit addition (300 pJ). From (9) the predicted power consumption for
the phase accumulator is 7.5 mW. The second block in a DDFS, which
to a great extent has significant power consumption, is the ROM.

Generally, even if a resolution of few Hertz is needed to keep the
spurious level low, practical words longer than 14 bits will lead to a very
large ROM even if compression techniques are employed. Considering
a truncated 14-bit phase word and a 12-bit wordlength for the amplitude
mapping, then the size of the ROM will be approximately 192 kbit.
Splitting, for convenience, the ROM in three banks of approximately 64
kbit, then it can be implemented by three 28 × 28 matrices.

Defining the storage array as a 2n = 2n−k × 2k matrix with 2n mem-
ory cells, 2n−k rows and 2k columns, then from [28] most of the power
consumption in a ROM comes from the pre-charge or the evaluation of
the 2k memory cells. Therefore, we can approximate the total power
consumption by the following:

Pmemcell = 3
2k

2
(cintlcolumn + 2n−kCtr)VddVswing (10)

where Pmemcell is the approximated power consumption of the ROM, the
factor 3 takes into account that the total memory required has been split
into three ROMs of smaller size, cint is the capacitance of a unit wire
length with minimum width, Ctr is the minimum size gate capacitance,
Vdd is the power supply voltage and Vswing is the voltage swing of each
memory cell. Defining the memory cell as dm×dm square, then the col-
umn interconnection length of the memory matrix is lcolumn = 2n−kdm.

391   Ultra-Low Power Frequency-Hopping Spread Spectrum Transmitters



Now, considering as an example the CMOS 0.18 µm technology, a
5.4 mW predicted power consumption for the ROM is obtained. As a
result, the peak power consumption of the DDFS excluding DACs is
higher than the 10 mW limit of a “micro-Watt node”.

6.1. Pre-Distortion-Based Hopping Frequency
Synthesizers

To reduce the overall power consumption to a level that allows the
implementation of “micro-Watt node”, a new architecture is proposed
based on the direct synthesis of frequency bins. The schematic block
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The incoming data, together with the wanted hopping code, addresses
a particular word cell in the ROM. The ROM has been split into two
blocks depending on the modulation bit. In each memory cell the pre-
distorted word that will drive the DAC with a defined data bit applied
is stored. The DAC then drives directly the varactor array changing
the capacitance and therefore the oscillation frequency according to the
desired frequency bin and data.

diagram of the proposed architecture is shown in Fig. 5.

Fig. 5. Proposed hopping frequency synthesizer architecture.
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The direct frequency synthesis is based on the well known relation
between frequency and tank capacitance in a resonator based VCO (LC-
VCO for example):

fosc =
1

2π
√

LC
(11)

where L and C are respectively the total capacitance and inductance of
the tank and fosc is the oscillation frequency. It is possible to change
the oscillation frequency of the VCO by varying the capacitance of the
tank. This, in practice, is realized by using a varactor diode, which
has a capacitance that varies non-linearly with its reverse voltage across
it. Therefore, applying the correct voltages to the varactor diodes, it
is possible to synthesize all the required frequency bins with minimum
hardware complexity (virtually only a VCO).

In an FHSS system the various frequency bins are addressed in a
pseudo-random fashion. Pseudo-random codes are generated in the dig-
ital domain, while the varactor diodes require an analog control voltage.
Consequently, a DAC is required as interface between the digital world
and the analog world. It is important to notice that the DAC employed in
a DDFS based frequency synthesizer works at a much higher frequency.
Indeed, it should be able to synthesize frequencies in the order of MHz
with certain spectral characteristics.

In this new approach the DAC has to be able to give a steady-state
voltage at a rate comparable to the hopping rate (kHz range) without
any constraint on its dynamic linearity (as long as the DAC settling time
is much smaller than the dwell time). This will considerably simplify
the design of the DAC allowing a current consumption as low as 100
µA [29].

6.1.1. PN-Codes Orthogonality

The architecture shown in Fig. 5 is an entirely feed-forward system.
Due to the fact that no feedback loop is present, errors cannot be cor-
rected. As a result, the system should be accurate in the absolute sense.
In CDMA applications, like the one envisioned for a micro-Watt net-
work, orthogonality of PN codes is of primary importance. Indeed, a
loss of orthogonality will produce a huge degradation of the BER when
two nodes with non-orthogonal codes communicate at the same time.
Any non-linear behavior in the transmitter chain depicted in Fig. 5 can
produce a loss of orthogonality between two orthogonal-generated PN
codes.
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Given a 150 kHz frequency separation between the center frequen-
cies of two adjacent channels, then the error in the synthesized fre-
quency should not exceed 100 kHz (50 kHz channel bandwidth) if code
orthogonality has to be preserved (see Fig. 6).

6.1.2. Frequency Offset Effect on Phase Noise Specifications

Unfortunately the allowed maximal frequency error has to be smaller
than the inter-channel spacing. When the inter-channel distance re-
duces, while the orthogonality of the PN codes is preserved, phase noise
of the unwanted channel will reduce the SNR in the wanted channel.
Moreover, through reciprocal mixing the SNR can be reduced well be-
low the minimum requirement to demodulate the incoming data with a
certain BER. While increasing the phase noise performance of the syn-
thesizer will allow to take into account this drawback, it requires an
increase of the overall power consumption. The only solution, when
the system is power constrained, resides in the reduction of the non-
linearities.

Therefore, the upper bound on the maximum allowed frequency er-
ror after pre-distortion is set by the phase noise specification. The most
critical specification for the phase noise is set by the third and beyond
channel [30], where the phase noise requirement is -100 dBc/Hz. The
influence of the frequency offset is different depending on the relative
position between the wanted and unwanted channels. It has the great-
est effect when the wanted and unwanted channel are adjacent and a

Fig. 6. Channel allocation scheme.

394  E. Lopelli et al.



Fig. 7. Phase noise requirements vs. frequency offset (Phase noise requirements are:
-70, -90, -100 dBc/Hz for the adjacent, alternate and third-and-beyond channel re-

smaller effect when they are two or more channels apart. This is clearly
shown in Fig. 7. Anyhow, from Fig. 7, the most critical specification is
still on the third-and-beyond channel regardless of the frequency offset.
In order not to degrade the BER through reciprocal mixing, a 0.5 dB
maximum degradation on the phase noise has been considered2. Under
this condition, a maximum frequency error of 25 kHz can be tolerated.

6.1.3. Effect of Quantization Errors and Non-Linearities on the
Frequency Synthesis Accuracy

The chain composed by the DAC, the varactor and the oscillator, intro-
duces the following non-linearities:

• Square-root relation between frequency and capacitance

• C-V characteristic of the varactor

2The error probability of a non-coherent BFSK modulated signal is given by 1
2
e
− Eb

2N0 . Considering a
0.1% initial BER, a 0.5 dB degradation in the phase noise translates in a 0.5 dB degradation in the SNR at
the demodulator input and therefore in a BER close to 0.2%.

spectively, when no residual frequency offset is present).
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• DAC Integral Non-linearity (INL)

A real DAC has a finite number of bits and therefore, the quantization
error will play a role in setting the residual frequency error. While pass-
ing through the previous non-linearities, the quantization error translates
in a non-linear frequency error. Besides this effect, also the INL of the
DAC plays a role in the frequency synthesis accuracy. The aim of the
pre-distortion algorithm is to compensate the effects caused by these
non-linearities in the digital domain by applying pre-distorted digital
codes to the DAC.

Looking at the varactor non-linearity and the square root relation
between frequency and capacitance in an LC resonator, the following
considerations apply. When the overall capacitance is the smallest (at
higher frequencies), an error on the capacitance due to uncompensated
non-linearity, will produce a larger error in the synthesized frequency.
In this situation, the reverse voltage applied to the varactor is at its max-
imum value (for example -1.6 V) and the quantization error will have
the greatest effect. In this region, however, the varactor exhibits a highly
linear behavior, while close to the minimum reverse voltage (for exam-
ple -0.2 V), it is highly non-linear. In this case the capacitance has its
maximum value and the synthesized frequency is the lowest possible.

It can be proven that the maximum allowed capacitance error3 in the
two cases is given by the following equations:

∆C√
LC =

1

[(2π(fmax + ∆f)]2L
− Cmin (12)

∆Cvar =
1

[2π(fmin − ∆f)]2L
− Cmax (13)

where fmax is the highest channel center frequency, fmin is the lowest
channel center frequency, ∆f is the maximum allowed frequency off-
set, Cmin is the capacitance at the highest channel frequency, Cmax is
the capacitance at the lowest channel frequency and L is the LC-tank
inductance value. Considering a 1.4 V swing on the varactor control
voltage, an inductance value of 4.1 nH, and 64 channels placed around
915 MHz (ISM band), it can be found that the varactor non-linearity
produces the largest frequency error, due to the quantization error in
the DAC, requiring a minimum voltage step of about 2.2 mV, which

3The capacitance value is calculated so that the maximum residual frequency error after pre-correction
is below the required specification of 25 kHz.
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translates in at least 10 bits resolution. Using a 10-bit DAC translates
in a frequency offset smaller than 25 kHz and roughly equal to 15 kHz
according to theory.

The system has been simulated in SimulinkTM and the results are
shown in Fig. 8. At 10-bits DAC resolution the residual frequency error
is around 12 kHz (Fig. 8(a)), a value very close to the predicted one of
15 kHz.

The varactor has been modeled with a 6th order polynomial. The
choice of the polynomial order depends on the maximum allowed ca-
pacitance error resulting from the approximation. It should be no more

Fig. 8. Simulated DAC resolution and INL requirements.
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than 10% of the other error sources in such a way to consider it neg-
ligible. The maximum frequency error, using a 6th order polynomial
with respect to the interpolated points, is around 3.5 kHz as shown in
Fig. 9. The maximum errors are also placed at the border of the varactor
control voltage (-1.6 and -0.2 V) and are minimum in the middle range.
Increasing the order of the interpolating polynomial above the 6th order
does not produce remarkable improvements. As a result, a 6th order
polynomial has been chosen for the interpolation.

The last non-linearity in the transmitter chain is the one introduced
by the DAC INL. The DAC INL has been modeled with a second-order
non-linearity and the maximum INL (INLmax) placed at the middle
code. Therefore, the output of the DAC can be modeled as a function of
the number of bits and the INLmax using the following expression

VDAC
out =

−INLmax

2N−1(2N − 1 − 2N−1)
X2

in

+[INLmax ×
2N − 1

2N−1(2N − 1 − 2N−1)
+

FSR

2N − 1
]Xin + 0.2 (14)

where FSR is the full-scale range of the DAC4, N is the number of bits
and Xin is the digital N-bits input code. As can be seen in Fig. 8(b), a

4The voltage range for the varactor ε [-1.6;-0.2] V.

Fig. 9. Dependence of frequency error from the order of the interpolating polynomial.
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10-bits DAC with an INLmax smaller than 1.5 LSB fulfills the required
specifications. On the other hand, INL requirements can be traded with
DAC resolution giving a degree of freedom in the design (see Fig. 8(b)).

6.2. Demodulation and Robustness

Though the 25 kHz upper-bound frequency error fulfills the require-
ments in terms of phase noise degradation and orthogonality of the
codes, it poses problems at the receiver side. Indeed FSK modulation is
very sensitive to frequency offsets. If a correlation-based demodulator
is considered, then the frequency error is not allowed to exceed the data
rate [31].

In the case of data rates between 1 and 10 kbps, this will pose strict
requirements on the DAC linearity and resolution as well as on the max-
imum process spread of the varactor C-V curves.

Concluding, it is important to find an algorithm and a demodula-
tor topology, which can successfully demodulate the incoming data un-
der offsets as big as 25 kHz. In [31] several demodulator topologies
have been studied, with respect to their performances, in the presence
of frequency errors. The results are shown in Fig. 10. As can be seen,
the Short-Time DFT (ST-DFT) algorithm, through differential encod-
ing, shows a remarkable immunity against static frequency offsets. Fur-
thermore it can be applied in the digital domain which has the potential
to be low power. Indeed, if a zero-IF architecture is employed, due to
the small signal bandwidth, the operating frequency of the ADC will be
around 100 ksample/s at the Nyquist rate (signal bandwidth equal to 50
kHz).

If a correlation based demodulator is used, the residual frequency
offset has to be much smaller than the data rate in order to not degrade
the receiver BER performance. This means that either the data-rate has
to be increased or the residual frequency error has to be reduced consid-
erably. Both the Arctangent and Digital Cross-Differentiate-Multiply
(DCDM) demodulators use the phase information embedded in the sig-
nal to recover the transmitted data. Due to their similarities, both the
DCDM and the Arctangent demodulators have the same performances.
They exhibit a higher immunity to the frequency offset but it is still not
sufficient for the required application.

As shown in [32], the capability of the ST-DFT algorithm to reject
the frequency offset depends upon the condition that the offset is slowly
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Fig. 10. BER vs frequency offset with Eb/N0

varying. In other words, the frequency offset should vary at a rate
smaller than the data-rate. Therefore, the offset between two consec-
utive bits can be considered the same and it will be canceled out when
differential encoding is applied. In this way also the frequency error due
to temperature and power supply variations can be tracked and actively
canceled out without requiring any additional circuitry.

In the particular case of an FHSS system, each bit is sent on a differ-
ent channel, which is affected by a different offset due to the INL distri-
bution of the DAC as well as the varactor non-linearity. This means that
two different bits will have two different offsets and, therefore, the sim-
ple differential encoding cannot cancel it out. This can be solved in the
transmitter by sending information about the frequency offset every bit
and with a receiver that tracks this information such that it cancels out
the residual offset for each bit. The description of the aforementioned
algorithm is beyond the scope of this paper and it will not be discussed

= 12dB.

further.

400  E. Lopelli et al.



7. FHSS Pre-Distortion Based Transmitter Design

Two different transmitter RF front-ends have been realized in bipolar
Silicon-on-Anything (SOA) technology. The front-end has to be as sim-
ple as possible while pushing the complexity in the digital domain. This
is achieved by using the pre-distortion technique previously described.
All the digital words stored in the ROM (see Fig. 5) are calculated so
that they take into account the DAC quantization error and its effect via a
non-linear transfer function (square root and varactor) on the frequency
error. The INL of the DAC has to be compensated separately for each
IC or can be left uncompensated if it is smaller then 1.5 LSB for a 10-bit
DAC(see Fig. 8(b)). The two architectures are depicted in Fig. 11.

(a) Oscillator-divider based front-end (b) Single building block front-end

In Fig. 11(a) a common oscillator-divider front-end is shown. The
system front-end consists of a resonator based LC-VCO, a divider and
an output stage able to deliver -25 dBm power on a 50 Ω load. To
minimize oscillator pulling the VCO operates at 1.8 GHz and is divided
down to the TX frequency. Vfc is the coarse control voltage and it is
used to calibrate the hopping channels inside the ISM band. The second
divider, connected to a second buffer, is used inside an FLL loop for the
initial center frequency calibration. Once this calibration is performed,
the FLL and related dividers are powered down, thus not contributing to
the total power dissipation. Vff is the fine control voltage and it is used

Fig. 11. Transmitter RF front-end.
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to synthesize the 64 channel frequencies. The FHSS control, which is
realized in baseband, generates the PN hopping code, and it outputs the
N-bits pre-distorted digital words. These words are applied to the D/A
converter to synthesize the required control voltage for the fine varactor
bank.

Figure 11(b) shows a single building block RF front-end. It is a
combination of VCO and PA, of which the coarse frequency calibration
code can be factory set and stored in an EPROM. This code will be con-
verted into an analog voltage by a DAC. The output of the DAC will
directly drive the coarse varactor on the power-VCO. The synthesis of
the channel frequencies is obtained in the same way as for the architec-
ture shown in Fig. 11(a). In this case, the oscillator center frequency is
at 915 MHz instead of 1.83 GHz, which can reduce the system power
consumption. Furthermore, no PA is required, but the VCO is directly
coupled to the antenna through a balun.

The baseband part has been implemented using discrete components
for both architectures. The microprocessor is a PIC18F627A, which
consumes 12 µA at 32 kHz, while the DAC is an AD7392, which draws
100 µA. The transistor level schematics of the two front-ends are de-
picted in Fig. 12.

The divider in Fig. 12(a) is a traveling wave divider. In this design
the often present external base-resistors of the upper stage are not used
and the design is optimized by proper transistor dimensioning to have
maximum divider sensitivity at 1.8 GHz and a low power dissipation
(200 µA). The output buffer (not shown) is a differential pair (2 mA).
The oscillator core consumes 550 µA while achieving a -109 dBc/Hz
phase noise at 450 kHz from the carrier.

The second architecture (Fig. 12(b)) consists only of a directly mod-
ulated RF cascoded Colpitts power VCO. Cross-coupled oscillators (Fig.
12(a)) have been preferred over other topologies for monolithic inte-
grated circuit implementation because they are easily realized using
CMOS technology and differential circuitry. Due to the use of the tail
current source, cross-coupled oscillator topologies present phase noise
performances worse than classical types of oscillator with one of the
active device ports grounded. In addition, classical type of oscillator
topologies provide larger oscillation amplitudes for a given bias current
because there is no voltage drop of the DC current across the current
source element enabling, in this way, optimization of the power con-
sumption.

402  E. Lopelli et al.



(a) FE1 transistor-level schematic

(b) FE2 transistor-level schematic

One of these configurations is based on the Colpitts topology. Isola-
tion problems can degrade VCO performances in terms of phase noise
and frequency stability through phenomena like VCO pulling. This
problem arises from changes in the load conditions, and therefore re-
quires a buffer stage between the VCO and the output stage, which will
increase the overall power consumption. To minimize the power con-
sumption, the VCO and its buffer are connected in series to reuse the
bias current between the two stages. For these reasons, a common col-
lector Colpitts oscillator has been chosen together with a common base
buffer stage, arranged in a cascode configuration.

Fig. 12. Transistor-level schematic of the realized front-ends.
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(a) FE1 die photo (b) FE2 die photo

In this way, the current consumption is minimized, pulling is reduced
due to better isolation between the tank and the load and no PA is re-
quired, instead the cascode stage can directly drive the antenna through
a balun. As a result, a single block RF front-end is obtained. A differen-
tial configuration has been chosen to reduce the second order harmonic
distortion term, which can degrade performances at the receiver side in
a zero-IF architecture.

The bias current level largely depends on the required output power
levels. It is desirable that phase noise requirements are met over a wide
output power range. The output power can then be controlled by chang-
ing the bias current while meeting the BER specifications over the entire
control range.

7.1. Experimental Results

The two RF frond-end ICs are shown in Fig. 13(a) and Fig. 13(b). The
FE1 front-end occupies 2.8 mm2 while the FE2 front-end 3.6 mm2. Fig.
14 shows the required bias current for the power VCO versus the output
power and phase noise performance at 450 kHz far from the carrier.
The required bias current ranges approximately between 1 and 2 mA to
obtain an output power between -18 dBm and -5 dBm. Simulated and
measured results show a good agreement allowing minimization of the
current consumption for a given set of output power and phase noise
specifications. Indeed in Fig. 14 the phase noise varies between -102
dBc/Hz and -115 dBc/Hz when the bias current changes between 1 and

Fig. 13. FE1 and FE2 die photos.
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2 mA, which is better than the required specification of -100 dBc/Hz at
450 kHz from the carrier.

In Fig. 15 the whole chain, from the look-up table in the micro-
processor up to the evenly spaced FH spectrum is shown. In the mea-
surement results shown in Fig. 15, the 64 channels are addressed se-
quentially rather than in a pseudorandom fashion. As can be seen,
the output of the DAC has a non-linear shape in time due to the pre-
distortion algorithm. Moreover, the channels are equally spaced with a
maximum frequency error smaller than 5 kHz. This frequency error is
smaller than theoretically predicted, due to the higher DAC resolution.
Indeed, a 12-bit DAC has been used even if a 10-bit DAC was sufficient

To demonstrate a reliable wireless link at the specified output power
levels and phase noise specifications and to prove the pre-distortion con-
cept, a FH transmitter has been realized. Two isotropic antennas placed
8 meters apart were used in a Non-Line-of-Sight (NLOS) configuration
in a normal office environment.

Fig. 14. Output power and phase noise versus bias current at 450 kHz offset.

as explained in Section 61..
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Fig. 15. Pre-distortion chain with measured DAC pre-distorted output voltage and

The transmitted power has been set to -25 dBm while the receiver
employs a ST-DFT demodulation algorithm and a super-heterodyne ar-
chitecture. The measured received power is on average -75 dBm. In
this condition, the measured raw BER is lower than 1.1% at 1 kbps data
rate and 1 khop/s hopping rate. The overall measured transmitter power
consumption is 2.4 mW (for FE2) from a 2 V power supply and 5.4 mW
(including the buffer) for FE1 from 1.8 V power supply. The baseband
and mixed signal circuitry including the DSP dissipate 0.4 mW mostly
consumed in the DACs5.

In Fig. 16 the received spectrum before demodulation is shown to-
gether with a summary of the performance of the realized front-ends.

8. Conclusions

The implementation of a “micro-Watt network”, envisioned in the AmI
concept, has a unique set of design constraints that focuses attention
on small required bandwidth, low duty cycle operation, short commu-
nication range, and the most challenging requirements in average and
peak power demand. Nevertheless, a robust wireless link is mandatory,

5The baseband power consumption can be reduced to 0.2 mW if the coarse calibration DAC is switched
off after coarse calibration is achieved.

output spectrum of TX FE2 (FE1 has an identical spectrum).
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(a) Received power spectrum (8 meters distance, NLOS condition and -25 dBm transmitted
power)

Parameter FE1 FE2(1mA) FE2(2mA) Unit
Technology SOA SOA

Active chip area 2.8 3.6 mm2

Vcc 1.8 2 V
Max. Front-end current (20 samples) 2.8 1 2 mA

Max. Front-end dissipation (20 samples) 5 2 4 mW
Baseband dissipation 0.4 mW

Total active FHSS TX dissipation 5.4 2.4 4.4 mW
Min. coarse tuning range (20 samples) 94.4 50 MHz

Min. fine tuning range (20 samples) 8.9 10 MHz
Worst case phase noise (20 samples) -109 -102 -115 dBc/Hz @ 450 kHz

Output power -25 -18 -5 dBm
Raw BER (8 meter distance, Pout=-25 dBm) < 1.1E-3

(b) RF front-ends performance summary

requiring spread spectrum techniques implemented in a low-cost tech-
nology.

Whereas increasing the data-rate will help reducing the fixed power
cost coming mainly from the synthesizer, it has been shown that when
the idle current is dominant (at duty cycle lower than 0.1%), low data-
rate is a better choice.

Fig. 16. Received spectrum and RF front-ends performance summary.
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Between the two most common SS techniques (DSSS and FHSS), an
FHSS system has been found as the most robust and simple architecture
to be implemented in a “micro-Watt node”. The possibility to use the
FSK modulation and a switching type PA, together with smaller wake-
up time and no need for an AGC system, offers an unique possibility to
lower the overall power consumption by an order of magnitude.

Problems arise due to the complexity of the hopping synthesizer in
terms of accuracy and settling time in the frequency synthesis. A new
architecture, based on the direct synthesis of frequency bins, is proposed
in this article. The proposed architecture reduces the complexity of the
hopping synthesizer, reducing by a factor 8 the power consumption with
respect to state-of-the-art hopping synthesizers. The required accuracy
in the synthesis of the frequency bins is obtained by a combination of
digital pre-distortion and offset robust demodulation techniques. In this
way, an absolute-accurate synthesizer is obtained and no feedback loop
is used.

To demonstrate the feasibility of the digital pre-distortion concept, an
FHSS transmitter has been realized in SOA technology. Two front-ends
have been realized, one based on the common combination of VCO and
divider and a second one, that reduces the RF front-end to a single block
by combining the VCO and the PA.

Measurement results showed the possibility to achieve a BER smaller
than 1.1% at -25 dBm transmitted power, NLOS condition in a com-
mon office environment with a distance between TX and RX antennas
of around 8 meters. An overall power consumption for the complete
FHSS transmitter as low as 2.4 mW at -18 dBm transmitted power has
been reported. This is 6 times less than the state-of-the-art FHSS trans-
mitters (see Table 1).

Table 1. FHSS products comparison

Company/Type Operating Voltage Frequency band Current consumption
Chipcon CC1050 2.1-3.6 V 300-1000 MHz 10 mA @ 868 MHz, -5 dBm

Analog Devices ADF7010 2.3-3.6 V 902-928 MHz 20 mA @ 0 dBm
Chipcon CC2550 1.8-3.6 V 2.4 GHz 12.8 mA @ -12 dBm

TI Dolphin 2.2-3.6 V 902-928 MHz 35 mA @ +7 dBm
Nordic nRF24E2 1.9-3.6 V 2.4 GHz 10.5 mA @ -5 dBm
Nordic nRF2402 1.9-3.6 V 2.4 GHz 10 mA @ -5 dBm

Nordic nRF24L01 1.9-3.6 V 2.4 GHz 7 mA @ -18 dBm

THIS WORK a 1.8-2.0 V 902-928 MHz
1.1 mA @ -18 dBm, 2.1

mA @ -5 dBm

aCoarse calibration DAC switched off
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